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We  Remember:  John  Dyson,  the  “Spiral-antenna  Man” 


John  Dyson,  a  University  of  Illinois,  Urbana-Champaign  faculty 
member  from  1957  to  1985,  died  on  April  28  in  Urbana  at  age  87. 
Dyson  was  a  key  member  of  the  famed  Antenna  Lab,  where 
frequency-independent  antennas  were  pioneered. 

At  the  Fifth  USAF  Antenna  Symposium  in  1955  Dyson  gave  the 
paper,  “The  equiangular- spiral  antenna”  that  was  the  first  in  a  life¬ 
long  series  of  publications  that  led  to  numerous  applications  of 

spiral  antennas. 
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Generalized  CoCo  Antennas 


Branislav  M.  Notaros,1  Miroslav  Djordjevic,2  and  Zoya  Popovic3 

'Colorado  State  University,  ECE  Department,  notaros@colostate.edu 
2University  of  Massachusetts  Dartmouth,  ECE  Department,  miroslav@ieee.org 
3University  of  Colorado  at  Boulder,  ECE  Department,  zoya@colorado.edu 


Abstract  -  This  paper  presents  recent  contributions  to  the  theory  and  design  of 
generalized  colinear  (GeCo)  transmission-line  antennas.  The  main  feature  of  these 
narrowband  antennas,  which  radiate  essentially  as  colinear  arrays  of  wire  dipoles 
driven  in  phase,  is  their  extremely  simple  feed.  They  are  excited  at  a  single  port,  but 
behave  as  if  excited  at  a  number  of  ports.  This  is  achieved  by  making  the  antenna  in 
the  form  of  series-connected  segments  of  asymmetric  two-conductor  lines,  with 
alternating  180-degree  phase  shifts  at  the  series  connections.  The  classical  coaxial 
collinear  (CoCo)  antenna,  made  of  sections  of  coaxial  cable,  is  a  special  case  of  this 
new,  much  broader,  antenna  class.  The  paper  presents  generalized  colinear 
antennas  implemented  in  a  multitude  of  forms,  and  some  designs  have  properties 
that  cannot  be  achieved  with  conventional  CoCo  antennas.  Examples  include 
antennas  made  of  different  combinations  of  asymmetric  strip  lines  and  two-wire 
lines  with  “inverse  connections”  between  the  segments,  as  well  as  printed  antenna 
arrays  based  on  the  CoCo  concept.  The  analysis  of  GeCo  antennas  is  carried  out 
using  the  method  of  moments.  Numerical  and  experimental  results  are  shown  to  be 
in  reasonable  agreement. 


1.  Introduction 

The  coaxial  colinear  (CoCo)  antenna,  introduced  in  1956  by  H.  A.  Wheeler  [1],  has  been 
used  over  the  past  few  decades  mostly  in  atmospheric  and  ionospheric  radar  applications, 
e.g.,  for  wind  profilers,  as  well  as  in  commercial  communication  applications.  The  CoCo 
antenna  is  inherently  narrowband,  and  as  such  intended  for  practically  single-frequency 
operation.  It  radiates  essentially  as  a  colinear  array  of  wire  dipoles  driven  in  phase, 
providing  a  narrow  broadside  beam  and  an  omnidirectional  pattern  in  the  plane 
perpendicular  to  the  antenna  axis.  It  is  used  both  as  an  isolated  antenna  element  and  in 
large  arrays  [2-10]. 

The  CoCo  antenna  consists  of  a  sequence  of  colinear  sections  of  a  coaxial  cable  that  are 
half-wave  long  (measured  in  terms  of  the  guided  wavelength).  The  antenna  has  a  single 
simple  feed,  but  the  driving  voltage  is  transmitted  to  the  secondary  “ports”  of  the 
assembly  (ports  between  adjacent  segments  of  the  antenna)  via  cable  segments,  which  are 
half  of  a  guided  wavelength  long.  The  inner  and  outer  conductors  of  one  segment  are 
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connected  to  the  outer  and  inner  conductors  of  the  next  segment,  respectively.  With  this, 
approximately  cophasal  current  distribution  along  the  outer  surface  of  the  coaxial-cable 
segments  (the  antenna  radiating  current)  is  obtained. 

In  1996-1998,  based  on  a  new  understanding  of  the  physical  basis  of  operation  of  the 
CoCo  antenna,  we  proposed  a  new  wide  class  of  cophasal  antenna  arrays  with  simple 
compact  feeds,  with  the  classical  CoCo  antenna  being  just  a  special  case  and  one  of  many 
realizations,  not  at  all  based  on  the  coaxial-cable  geometry  [11-13].  Since  such  antennas 
are  excited  at  a  single  port,  but  behave  as  if  excited  at  a  number  of  ports,  we  refer  to  them 
as  OPOMEX  (One-Port-Multiply-Excited)  antennas,  or  simply  as  generalized  colinear 
(GeCo)  antennas.  The  OPOMEX  antenna  concept  has  subsequently  been  used  by  other 
authors  [14,  15].  It  is  important  to  have  in  mind  that,  in  all  applications,  the  main 
advantage  of  using  both  classical  and  generalized  CoCo  antennas  for  narrowband 
operation  is  their  extremely  simple  feed.  For  example,  it  was  shown  that  an  electronically 
reconfigurable  OPOMEX  antenna  for  diversity  wireless  communications  can  exploit 
spatial  diversity  in  a  multipath  channel  using  only  a  single  simple  feed  (which  is  not  a 
lossy  dispersive  corporate  feed)  and  a  single  low-noise  amplifier  [16]. 

This  paper  presents  several  forms  of  generalized  colinear  antennas,  using  segments  of 
transmission  lines  of  several  types,  with  the  two  conductors  in  a  segment  having  different 
equivalent  electrical  radii.  Examples  include  antennas  made  of  different  combinations  of 
asymmetric  strip  lines  and  two-wire  lines  with  “inverse  connections”  between  the 
segments,  as  well  as  printed  antenna  arrays  based  on  the  CoCo  concept.  The  analysis  of 
GeCo  antennas  is  carried  out  using  the  method  of  moments  (MoM).  In  particular,  we  use 
WireZeus,  a  computer  program  for  analysis  of  wire  antennas  and  related  radiating 
structures  [17].  WireZeus  can  very  effectively  analyze  a  number  of  forms  of  OPOMEX 
antennas,  including  narrow-strip  versions,  possibly  printed  on  a  thin  dielectric  substrate. 
We  present  two  independent  techniques,  based  on  using  WireZeus,  for  the  analysis  of 
GeCo  antennas:  (i)  a  direct  numerical  method  (direct  use  of  WireZeus  to  model  GeCo 
antennas  as  wire  antennas)  and  (ii)  a  multiport-network  method  (with  a  use  of  WireZeus 
to  compute  the  admittance  matrix  of  the  antenna  multiport  network)  [13].  Numerical  and 
experimental  results  are  shown  to  be  in  reasonable  agreement  in  all  cases. 

We  show  that  GeCo  antennas  can  have  properties  that  cannot  be  achieved  with  CoCo 
antennas.  For  example,  numerical  optimum  of  sidelobe  levels  for  a  2  x  5-element  free- 
space  CoCo  antenna  appears  to  be  at  the  most  -14  dB.  A  2  x  5-element  GeCo  antenna  is 
described  in  the  paper,  obtained  by  numerical  optimization,  for  which  all  sidelobes  are  at 
a  level  of  -25dB  or  less.  As  another  example,  it  is  possible  to  design  GeCo  antennas 
having  very  high  and  approximately  real  impedance  (over  1  kQ),  which  does  not  appear 
possible  with  CoCo  antennas.  Such  high  values  of  impedances  are  of  interest  when 
feeding  several  GeCo  antennas  in  parallel  in  a  two-dimensional  aperture. 
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2.  Principle  of  Operation  of  Generalized  CoCo  Antennas 

Consider  first  the  classical  CoCo  antenna,  consisting  of  a  sequence  of  collinear  sections 
of  a  coaxial  cable  (Fig.l).  The  lengths  of  segments  are  approximately  half  a  wavelength 
along  the  line.  The  segments  are  transposed,  i.e.,  the  inner  and  outer  conductors  of  one 
segment  are  connected  to  the  outer  and  inner  conductors  of  the  next  segment, 
respectively.  We  will  refer  to  the  cable  interconnections  as  “ports”.  The  last  cable 
segment  is  short-circuited  at  a  distance  of  about  a  quarter-wavelength  (along  the  line) 
from  the  interconnection  with  the  preceding  segment.  The  last  port  along  the  collinear 
antenna  then  sees  an  open  circuit  in  that  direction.  Since  all  the  preceding  segments  are 
(approximately)  half-wave  long,  this  high  impedance  as  seen  by  the  line  towards  the  ends 
of  the  antenna  arms  will  be  transmitted  to  the  generator.  As  can  be  observed  from  Fig.l, 
all  the  ports  then  have  a  voltage  of  amplitude  and  phase  (with  respect  to  the  indicated 
reference  direction)  close  to  the  antenna  driving  voltage.  Approximately  cophasal  current 
distribution  along  the  outer  surface  of  the  coaxial  segments  (the  antenna  radiating 
current)  should  therefore  be  expected.  Of  course,  the  same  effect  can  be  obtained  if  the 
last  segment  is  half  a  wavelength  long  (along  the  line)  and  open-circuited. 
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Figure  1 .  Sketch  of  a  classical  CoCo  antenna.  The  excited  port  is  referred  to  as  the  feed 
port,  while  the  places  where  the  cable  sections  are  connected  are  referred  to  as  “ports 


In  order  to  answer  a  simple  question — why  an  antenna  made  of  a  cable  would  radiate  at 
all— we  first  realize  that  it  consists,  in  fact,  of  two  antennas,  one  within  the  other  (the 
inner  and  outer  coaxial-line  conductors),  connected  to  the  same  feed  point  and  source. 
The  currents  in  the  two  antennas  are  in  opposite  directions.  Transposition  of  the  coaxial¬ 
line  conductors  at  certain  intervals  does  not  change  the  propagation  along  the  line,  and  is 
intended  to  produce  proper  voltages  across  the  gaps  between  adjacent  line  segments.  It  is 
a  simple  matter  to  conclude  that  if  the  characteristic  impedance  of  the  coaxial-line 
sections  were  made  to  approach  zero  (i.e.,  the  radius  of  the  inner  conductor  to  approach 
that  of  the  outer  conductor),  the  CoCo  antenna  would  not  radiate  any  more.  This  indicates 
that  the  CoCo  antenna  radiates  because  the  two  parallel  antennas  which  make  it  have 
different  current  magnitudes  at  the  feed,  i.e.,  the  feed-port  currents  are  unbalanced. 

Consequently,  antennas  of  the  form  shown  in  Figs.2(a)  and  (b),  made  of  close  segments 
of  wires  of  different  radii,  will  have  properties  similar  to  those  of  a  CoCo  antenna  [13]. 
Indeed,  the  antenna  in  Fig.2(a)  can  be  considered  as  obtained  from  that  in  Fig.l  by 
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“pulling  out”  the  inner  line  conductors  and  placing  them  outside  and  parallel  to  the  outer 
conductors.  Voltages  will  therefore  appear  between  the  two  thicker  (and  two  thinner) 
conductors  at  the  ports.  The  antenna  will  behave  as  if  excited  not  only  by  the  actual 
generator,  but  also  by  concentrated  voltage  generators  at  all  the  ports. 


(b) 


Figure  2.  Two  possible  forms  of  the  GeCo  antenna.  Both  forms  (a)  and  (b)  are 
constructed  of  segments  of  two-wire  lines  with  conductors  of  different  radii  or  with  strips 
of  different  widths. 

i 
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Figure  3.  Another  possible  form  of  the  GeCo  antenna.  The  antenna  is  constructed  of  wire 
segments  of  the  same  radius.  The  planes  of  the  two  antenna  parts  (indicated  in  solid  and 
in  dashed  lines)  are  separated  by  a  small  distance. 
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This  in  turn  means  that  the  GeCo  antennas  can  be  constructed  in  a  multitude  of  forms, 
which  only  must  comply  with  the  general  philosophy  mentioned.  For  example,  another 
antenna  of  this  type,  constructed  entirely  of  the  same  wire,  is  sketched  in  Fig.3.  With  the 
GeCo  antennas  we  have  a  number  of  relatively  easily  adjustable  parameters.  For 
example,  if  the  conductors  in  Fig.2  or  Fig.3  are  wires,  there  is  a  wide  range  of  available 
wire  radii,  and  we  can  choose  the  distance  between  them  in  a  relatively  wide  range. 
Further,  the  GeCo-antenna  conductors  need  not  be  round  wires.  For  example,  one 
conductor  may  be  tubular  (of  any  cross-section,  not  necessarily  circular),  and  the  other  a 
thin  wire  running  parallel  to  the  tube,  outside  it  or  inside  it.  If  placed  inside  the  tube,  it 
need  not  run  along  the  tube  axis,  as  it  does  in  CoCo  antennas.  The  two  conductors  may 
also  be  strips  of  different  widths,  which  is  very  simple  to  obtain.  The  strips  can  be  glued 
onto  a  styrofoam  support,  on  the  same  side  or  on  the  opposite  sides  of  the  support,  with 
the  propagation  coefficient  of  the  equivalent  line  being  very  nearly  that  for  air. 
Alternatively,  they  can  be  printed  on  a  thin  dielectric  substrate,  in  which  case  the 
propagation  coefficient  may  also  be  a  parameter  for  design.  The  strips  can  be  printed  on 
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the  same  side  or  on  the  opposite  sides  of  the  substrate;  in  the  latter  case,  the  strips  need 
not  be  staggered,  but  may  be  one  above  the  other. 


3.  Modeling  and  Analysis  of  GeCo  Antennas 

In  principle,  generalized  coaxial  colinear  antennas  of  the  forms  shown  in  Figs. 2  and  3,  as 
well  as  of  some  other  suggested  forms  (including  printed  versions),  can  be  analyzed  as 
wire  structures,  using  the  method  of  moments.  However,  one  should  be  aware  of  the  fact 
that  most  wire-antenna  MoM  analysis  programs,  assume  a  uniform  current  distribution 
around  the  wire  circumference.  For  GeCo  antennas  this  is  not  a  good  assumption,  since 
the  thick  and  thin  wires  of  any  GeCo  segment  are  quite  close  (axis-to-axis  distance  on  the 
order  of  the  diameter  of  the  thick  wire).  In  addition,  we  have  interconnections  of  wires 
with  greatly  differing  radii,  which  is  difficult  to  accurately  take  into  account.  Finally,  the 
radius  of  the  short  segment  with  the  generator  influences  significantly  the  antenna 
susceptance.  Consequently,  although  techniques  for  direct  analysis  of  wire  antennas  can 
be  used  for  approximate  analysis  of  GeCo  antennas,  one  cannot  expect  very  accurate 
results,  in  particular  for  the  antenna  impedance. 

On  the  other  hand,  we  can  perform  a  modified  wire-antenna  analysis  of  GeCCo  antennas 
based  on  the  multiport-network  theory  [13].  To  this  end,  we  first  realize  that  the  thick  and 
thin  wires  (or  wide  and  narrow  strips,  etc.)  form  an  (asymmetrical)  transmission  line.  The 
principle  of  superposition  can  then  be  applied  to  decompose  the  current  in  thick  wires 
(/thick)  as  follows: 

/thick  —  — /thin  F  ^  •  0) 

The  first  component  (-/thin)  is  equal  to  the  current  in  the  adjacent  thin  wire,  but  in  the 
opposite  direction.  This  is  a  transmission-line  current,  and  since  the  line  conductors  are 
very  close,  it  practically  does  not  radiate.  The  other  component  (A I),  i.e.,  the  unbalanced 
part  of  the  total  current  in  the  thick  wires  is  the  actual  radiating  current. 

We  next  note  that  in  both  Figs.2  and  3  the  points  of  the  wire  transposition  can  be 
considered  as  additional  ports,  with  unknown  voltages.  We  also  note  that  these  voltages 
are  “connected”  (measured)  between  the  antenna  segments  (i.e.,  thick-wire  segments)  on 
one  hand  and  between  the  transmission-line  conductors  on  the  other  hand.  This  is 
sketched  in  Fig.4.  The  transmission-line  assembly  and  the  antenna  assembly  of  a  GeCo 
antenna  can  be  considered  as  two  multiport  networks  connected  in  parallel.  This  parallel 
connection  can,  in  turn,  be  considered  as  a  single  equivalent  multiport  network.  It  is 
evident  from  Fig.4  that  in  the  ports  of  the  equivalent  network  there  is  current  only  in  the 
actual  excitation  port  (labeled  1),  while  the  other  (additional)  ports  of  the  equivalent 
multiport  network  are  open-circuited. 
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Antenna 


Figure  4.  The  GeCo  antenna  represented  as  a  parallel  connection  of  two  multiport 
networks,  with  common  ports  (p.l,  p.2,  ...).  If  this  combination  is  considered  as  a  single 
equivalent  multiport  network,  all  ports  of  the  equivalent  network  except  p.l  are  open- 
circuited. 


Based  on  this  reasoning,  it  is  possible  to  develop  another  approximate  method  for  the 
analysis  of  GeCo  antennas  (which  can  also  be  used  for  the  analysis  of  CoCo  antennas). 
Briefly,  the  currents  at  the  transmission-line  multiport-network  assembly  can  be 
represented  as 

a) 

where  [Time]  is  the  transmission-line  admittance  matrix.  The  elements  of  this  matrix  can 
be  calculated  with  relative  ease  from  the  transmission-line  equations.  The  left-hand  side 
of  Eq.(2)  is  a  single-column  matrix  of  currents  at  the  transmission-line  ports,  and  [F]  is 
the  matrix  of  voltages  at  these  ports. 


The  currents  at  the  ports  of  the  antenna  multiport  network  can  likewise  be  expressed  as 


\j  antenna  Mn—IM  ■ 


(3) 


The  admittance  matrix  of  the  antenna  multiport  network,  [Fantenna],  can  be  obtained  only 
numerically,  and  requires  a  full  numerical  analysis  of  the  antenna.  The  evaluation  of 
[Fantenna]  is  therefore  incorporated  in  the  method-of-moments  analysis  (an  in-house  code 
WireZeus).  Here,  we  need  to  determine  the  antenna-assembly  equivale.nt  radius  prior  to 
the  analysis.  It  is  not  difficult  to  conclude  that,  by  decomposing  the  total  current  into  the 
transmission-line  current  and  the  antenna  current,  we  are  left  with  the  thick-wire 
assembly  as  the  antenna.  Therefore,  the  equivalent  radius  of  the  thick  wire  should  be  used 
as  the  antenna  wire  radius  [17], 

Referring  to  Fig.4,  the  total  currents  at  the  ports  of  the  equivalent  multiport  network  are 
obtained  from  the  following  matrix  equation: 
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(4) 


where  the  sum  of  two  admittance  matrices  represents  the  admittance  matrix,  [Equivalent], 
of  the  network  obtained  as  the  parallel  connection  of  the  transmission-line  and  the 
antenna  multiport  networks.  As  explained,  all  ports  except  p.l  of  the  equivalent  network 
are  open-circuited,  so  that  all  the  elements  of  the  column  matrix  [/]  are  zero  except  the 
first  one, 

[/]=[/!  0  0  -Of  ,  (5) 

and  that  is  the  total  current  in  the  generator.  We  can  assume  any  current  I\  in  port  1 ,  and 
solve  for  voltages  V\,  F),  ...,  1n+i  (N+l  is  the  total  number  of  ports).  The  GeCo-antenna 
impedance  is  then  obtained  as 

=r  •  (6) 

1\ 

Note  that  this  impedance  is,  in  fact,  the  parallel  connection  of  the  impedance  of  the 
antenna  proper  and  the  transmission-line  assembly.  This  impedance  is  observed  by  the 
generator. 

If  the  relative  port  voltages  are  known,  the  voltages  that  drive  the  antenna  proper  are 
known  as  well.  We  can  assume  any  voltage  at  the  input  antenna  port,  scale  the  other 
voltages  accordingly,  calculate  the  antenna  current  distribution,  and  hence  the  antenna 
radiation  field.  [Note  that  the  impedance  of  the  antenna  proper  calculated  in  this  manner 
is  not  the  impedance  of  the  GeCo  antenna  from  Eq.(6).] 

To  make  a  qualitative  comparison  between  the  two  presented  methods  for  the  analysis  of 
GeCo  antennas  in  terms  of  the  accuracy  of  the  simulation,  we  note  that  the  excitation 
zone  in  the  two  models  is  quite  different.  In  the  direct  method  (direct  use  of  a  numerical 
solver,  in  this  case  MoM  WireZeus  program),  a  delta-function  generator  is  connected  at 
the  starting  point  of  a  short  segment  of  the  thin  wire.  This  segment,  in  turn,  is  connected 
in  a  complex  way  to  the  adjacent  thin  and  thick  antenna  segments.  In  the  multiport- 
network  approach,  the  antenna  proper  is  excited  between  two  thick  wire  segments  by  a 
delta-function  generator.  The  excitation  mechanisms  being  so  different,  we  cannot  expect 
excellent  agreement  in  the  antenna  impedance  obtained  by  the  two  methods.  We  can 
expect,  however,  relatively  good  agreement  of  the  radiation  patterns.  We  can  also  expect 
that  both  methods  should  predict  the  antenna  operating  frequency  with  reasonable 
accuracy. 

Finally,  note  that  the  GeCo  antenna  general  philosophy  is  intuitive  and  can  easily  be 
exploited  in  different  practical  realizations  also  starting  from  the  network  model  of  a 
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standard  antenna  array  feed  shown  in  Fig.5(a).  In  this  model,  an  Alport  antenna  array  is 
excited  by  an  (/V+l)-port  feed  network  with  a  generator  at  one  port.  However,  we  can  add 
one  port  to  the  antenna  array  to  make  it  a  (N+  l)-port  network  as  indicated  in  Fig.5(b),  and 
then,  to  make  it  as  simple  as  possible,  open-circuit  all  other  ports  -  this  is  a  GeCo  or 
OPOMEX  antenna  (see  Fig.4).  So,  the  antenna  indeed  does  not  have  to  be  based  on  the 
coaxial-line  geometry,  but  on  any  other  structure  that  allows  this  type  of  network-feed 
interconnect. 


(a)  (b) 


Figure  5.  Principle  of  operation  of  generalized  coaxial  colinear  antennas  based  on  the 
network  model  of  a  standard  antenna  array  feed  with  a  generator  at  one  of  the  ports  of 
the  feed  network  (a),  which  can  be  transformed  into  a  GeCo  or  OPOMEX  antenna  by 
adding  a  generator  port  to  the  antenna  array  network  and  open-circuiting  all  other  ports 
for  simplicity  (b). 


4.  Specific  GeCo  Antenna  Designs 

4.1.  Two-Wire-Line  Colinear  Antenna 

The  first  example  of  a  GeCo  antenna  design  is  a  two-wire-line  colinear  antenna  of  the 
form  shown  in  Fig.2(b).  The  antenna  is  composed  of  2  x  5  segments,  radii  of  the  thick 
and  thin  wires  are  0.9  cm  and  0.5  mm,  respectively,  and  the  distance  between  the  wire 
axes  is  2  cm.  The  characteristic  impedance  of  the  two-wire-line  segments  is  about  255  Q, 
which  cannot  be  implemented  with  a  coaxial  cable.  The  design  objective  is  to  obtain  an 
antenna  that  operates  at  300  MHz,  matched  at  200  f 1,  and  with  a  high  gain  in  the  E-plane. 

Interactive  optimization  is  used  in  conjunction  with  each  of  the  two  methods  for  analysis 
of  GeCo  antennas  described  in  the  previous  section,  with  the  segment  lengths  (including 
that  of  the  last,  short-circuited  segment)  as  the  optimization  parameters.  The  optimal 
antennas  obtained  by  the  two  methods  are  of  somewhat  different  dimensions.  The  direct 
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method  (full- wave  analysis)  results  in  the  first  four  segment  lengths  of  48.5  cm,  the 
length  of  the  last  segment  42  cm,  and  the  length  of  the  short-circuited  segment  of  20  cm. 
With  the  indirect  method  (the  use  of  multiport-network  approach),  these  lengths  are 
45  cm,  45  cm,  and  24  cm,  respectively.  The  simulation  results  for  the  two  optimal 
antennas  are  summarized  in  Fig.6.  It  is  seen  that  the  two  antennas  have  similar  VSWR’s 
and  gains.  This  indicates  that  the  results  obtained  by  the  two  methods  are  in  a  reasonable 
agreement,  and  that,  in  general,  both  methods  should  be  used  in  the  CAD  of  GeCo 
antennas,  to  get  an  insight  into  possible  errors  in  each  of  the  methods. 


Figure  6.  Directivity  and  VSWR  (with  respect  to  200  £2)  of  the  300-MHz  optimized  GeCo 
antennas  described  in  the  text  using  the  direct  method  and  multiport-network  method, 
respectively.  Also  shown  are  directivity  and  VSWR  (with  respect  to  50  Q)  for  an 
approximately  equivalent  classical  CoCo  antenna,  made  of  commercial  coaxial-line 
segments  and  described  in  Subsection  4.2. 

Fig.7  shows  the  co-polarized  E-plane  radiation  pattern  of  the  GeCo  antenna  obtained  by 
the  direct  analysis  method.  Note  that  the  largest  sidelobe  is  about  -13  dB  below  the  main 
lobe.  The  antenna  is  bi-directional. 
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Figure  7.  Radiation  pattern  in  the  plane  containing  the  long  axis  of  the  300-MHz  GeCo 
antenna  described  in  the  text,  calculated  by  the  direct  analysis  method. 


4.2.  Comparison  of  GeCo  and  Classical  CoCo  Antennas 

It  is  of  considerable  interest  to  compare  the  results  of  the  preceding  example  with  those 
for  a  true  CoCo  antenna  (made  of  sections  of  a  realistic  coaxial  line).  Note  that  the  results 
of  the  multiport-network  method  in  the  preceding  example  correspond  to  those  for  a 
CoCo  antenna  made  of  line  segments  with  a  characteristic  impedance  Zo  =  255  Q  situated 
in  air.  This  can,  in  principle,  be  also  a  coaxial  line.  However,  such  a  high  characteristic 
impedance  is  obtained  for  the  ratio  of  radii  of  outer  and  inner  coaxial-line  conductors  of 
about  70,  which  is  not  commercially  available  and  is  quite  difficult  to  realize.  Our  goal  is 
to  design  a  CoCo  antenna  made  of  sections  of  an  available  coaxial  line.  Therefore,  the 
following  coaxial-line  parameters  are  adopted:  Zo  =  75  Q,  v/c  =  0.67,  and  the  line 
attenuation  constant  a  =  0.03  dB/m. 

Since  the  wavelength  along  this  coaxial  line  is  only  0.67  that  in  free  space  (assumed  in 
the  preceding  example),  to  obtain  approximately  the  same  gain  it  is  necessary  to  adopt 
the  length  of  the  CoCo  antenna  to  be  about  the  same  as  before,  i.e.,  about 
2  x  5  x  45  cm  =  450  cm.  Therefore  the  CoCo  antenna  is  adopted  with  2x7  segments, 
each  33.5  cm  long  (i.e.,  half  a  wavelength  along  the  line  at  300  MHz),  making  a  total 
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length  of  469  cm.  The  length  of  the  short-circuited  line  segments  is  adopted  to  be  half 
this  length  (16.7  cm). 

The  computed  VSWR  (with  respect  to  50  Q)  and  gain  of  this  antenna  are  shown  in  Fig.6 
along  with  the  results  for  the  two  optimized  GeCo  antennas  described  in  Subsection  4.1. 
It  can  be  observed  from  the  figure  that  this  approximately  equivalent  CoCo  antenna  has 
very  nearly  the  same  properties  as  the  GeCo  antennas.  This  conclusion  is  found  to  be  true 
in  many  other  cases  of  parallel  analysis  of  CoCo  and  GeCo  antennas.  However,  GeCo 
antennas  not  only  can  be  made  of  lines  having  practically  arbitrary  characteristic 
impedance,  but  this  impedance  can  also  be  varied  very  easily  between  the  segments  of  an 
antenna  if  desired.  For  example,  this  is  a  valuable  tool  for  controlling  sidelobe  levels,  as 
the  next  example  will  demonstrate. 


4.3.  GeCo  Antenna  with  Minimized  Sidelobes 

As  explained,  the  two-wire-line  colinear  antennas  in  Figs.2(a)  and  (b)  will  practically  not 
radiate  if  made  of  conductors  of  the  same  radius;  a  difference  in  radii  of  the  line 
conductors  is  essential  for  the  GeCo-antenna  operation.  One  can  expect,  therefore,  that 
the  antenna  current  component  along  the  GeCo  antenna  can  be  tapered  if  the  difference  in 
the  conductor  radii  (or  in  strip  widths)  is  decreased  towards  the  antenna  ends.  The 
following  numerical  example  will  show  theoretically  that  this  is  indeed  true.  In 
Subsection  4.5,  a  fabricated  printed  GeCo  antenna  of  this  type  will  be  described  and  it 
will  be  shown  that  the  measured  results  also  confirm  this  reasoning. 

A  printed  antenna  for  3  GHz  is  considered  using  the  direct  method,  with  the  objective  to 
design  an  antenna  with  minimized  sidelobes.  The  antenna  shown  in  Fig.2(b)  can  also  be 
considered  to  be  made  of  strips  printed  on  a  thin  dielectric  substrate.  This  type  of  GeCo 
printed  antenna  is  optimized  interactively  using  WireZeus,  in  order  to  obtain  the  best 
possible  match,  possibly  with  added  narrow-band  matching  network,  and  as  low 
sidelobes  as  possible.  The  antenna  is  assumed  to  be  printed  on  a  0.508-mm  substrate  with 
er  =  2.17,  having  2x5  sections.  The  distance  of  the  axes  of  the  printed  strips  is  adopted 
to  be  5  mm,  and  their  lengths  44  mm.  The  distance  of  the  short  circuit  from  the  last 
interconnection  is  22.2  mm,  and  the  distance  from  the  short  circuit  to  the  array  end 
24  mm.  The  width  of  all  the  narrow  strips  (including  the  ones  that  contain  the  generator) 
is  0.3  mm.  The  optimization  of  the  widths  of  the  wider  strips  results  in  widths  of  3  mm, 
2.8  mm,  2.3  mm,  1.5  mm,  and  0.5  mm,  starting  from  the  feed  point.  The  antenna 
matching  network  is  simultaneously  optimized,  with  the  objective  that  at  3  GHz  the 
antenna  is  well  matched  to  50  Q. 

The  optimized  antenna  radiation  pattern  in  the  plane  containing  the  long  antenna  axis  is 
shown  in  Fig.8.  Comparing  the  sidelobe  levels  in  Figs.7  and  8,  it  is  concluded  that  the 
sidelobes  in  Fig.8  are  more  than  -25  dB  below  the  main  beam,  while  in  Fig. 7  they  are 
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only  about  -13  dB  below  the  main  beam.  Note  that  the  latter  result  corresponds 
approximately  to  that  for  the  classical  CoCo  antenna,  where  it  is  practically  impossible  to 
suppress  the  sidelobes  by  more  than  about  -14  dB.  The  compensated  optimal  antenna 
VSWR  is  about  1.14  at  3  GHz,  and  below  2.2  in  the  frequency  range  (3.00  ±  0.02)  GHz. 


Figure  8.  Directive  gain  of  the  3-GHz  printed  GeCo  antenna  optimized  for  low  sidelobe 
levels,  calculated  by  the  direct  method. 


4.4.  Quasi-GeCo  Strip  Antenna 

As  the  next  example  and  another  check  of  the  accuracy  of  the  direct  analysis  method, 
consider  the  structure  sketched  in  Fig.9,  which  represents  a  half  of  the  antenna  in 
Fig.2(b),  mounted  above  a  ground  plane.  The  structure  is  manufactured  from  thin  wires 
and  thin  rectangular  strips.  It  is  glued  on  a  styrofoam  support,  and  the  thin-wire  conductor 
is  connected  to  the  inner  coaxial  line  conductor  protruding  through  the  ground  plane. 
Note  that  this  is  not  a  GeCo  antenna,  since  the  image  of  the  wide  conductor  in  the  ground 
plane  is  also  a  wide  (instead  of  a  narrow)  conductor,  and  the  image  of  the  thin  conductor 
is  also  a  thin  (instead  of  a  wide)  conductor.  However,  this  configuration  enables 
measurement  of  the  impedance  for  a  structure  that  is  very  similar  to  the  GeCo  antenna. 
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strip  width  1 .5  cm,  wire  diameter  0.12  cm 


Figure  9.  Sketch  of  a  half  of  the  GeCo  antenna  in  Fig.2(b)  (with  dimensions),  mounted  on 
a  ground  plane. 


Fig.  10  shows  the  theoretical  and  measured  VSWR  of  the  antenna,  with  respect  to  50  Q. 
The  theoretical  results  are  obtained  using  the  direct  method,  and  are  corrected  for  the 
estimated  difference  in  the  capacitance  between  the  generator  model  (delta-function 
generator)  and  the  actual  N-connector  used  in  measurements.  Good  agreement  between 
the  two  sets  of  results  can  be  observed. 


Figure  10.  Experimental  and  theoretical  VSWR,  with  respect  to  50  Q,  of  the  antenna  in 
Fig.  9,  versus  frequency. 
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4.5.  Printed  GeCo  Antenna 


The  last  example  is  a  printed  3-GHz  GeCo  antenna  of  the  type  shown  in  Fig.2(b),  with 
the  number  of  segments  and  their  lengths  as  described  in  Subsection  4.3.  The  antenna  is 
fabricated  on  a  substrate  of  thickness  t  =  0.508  mm  and  relative  permittivity  sr  =  2.17 
(produced  by  “Arlon”).  The  strip  widths  after  etching  differ  from  those  in  Subsection  4.3 
due  to  fabrication  limitations.  The  thin  strip  width  is  about  0.7  mm  (instead  of  0.3  mm), 
and  the  widths  of  the  wider  strips,  from  the  feeding  point  towards  the  antenna  arm  ends, 
are  4.0  mm,  3.0  mm,  2.5  mm,  and  1.0  mm  (instead  of  3.0  mm,  2.8  mm,  2.3  mm,  1.5  mm, 
and  0.5  mm),  respectively.  The  antenna  is  matched  to  the  50  Cl  feeder  by  a  200  Cl  two- 
wire  line  quarter-wave  matching  section  followed  by  a  coaxial  balun.  Note  that,  although 
the  difference  in  desired  and  actual  strip  widths  is  relatively  large,  the  strip-width 
tapering  rates  in  the  two  cases  are  almost  the  same,  which  should  imply  that  the  sidelobe 
levels  should  not  be  dramatically  different. 

Fig.  11  shows  the  normalized  measured  antenna  E-plane  copolarized  power  pattern.  The 
crosspolarization  level  for  all  angles  is  at  most  -16  dB  with  respect  to  the  main  lobe 
copolar  power.  Note  that  the  level  of  the  first  sidelobe  is  about  -21  dB,  in  spite  of  the 
relatively  crude  experimental  model  when  compared  to  the  mathematical  model, 
indicating  that  the  design  has  good  tolerance. 


Figure  1 1 .  Normalized  measured  copolarized  E-plane  power  pattern  of  the  experimental 
3-GHz  printed  GeCo  antenna  described  in  the  text.  The  H-plane  pattern  has  no  gain,  as 
the  antenna  is  a  linear  array.  The  cross-polarization  is  better  than  -1 6  dB  for  all  angles. 
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Finally,  shown  in  Fig.  12  is  the  measured  reflection  coefficient  of  the  antenna  with  its 
matching  network.  Note  an  excellent  match  of  the  antenna  to  50  Cl  at  about  2.92  GFlz 
with  a  return  loss  of  -31  dB.  Theoretically,  it  should  have  the  reflection  coefficient  of 
0.064  (i.e.,  -24  dB)  at  3.0  GHz.  The  deviation  from  the  predicted  operating  frequency  is 
less  than  3%. 


Figure  12.  Measured  reflection  coefficient  of  the  experimental  3-GHz  printed  GeCo 
antenna. 


5.  Conclusions  and  Discussion 

This  paper  has  presented  recent  contributions  to  the  theory  and  design  of  generalized 
colinear  antennas.  The  main  feature  of  these  antennas,  which  radiate  essentially  as 
colinear  arrays  of  wire  dipoles  driven  in  phase,  is  their  extremely  simple  feed.  They  are 
excited  at  a  single  port,  but  behave  as  if  excited  at  a  number  of  ports.  Effectively,  the  feed 
network  is  integrated  with  the  antenna  itself  and  requires  no  additional  real-estate.  This  is 
achieved  by  making  the  antenna  arms  in  the  form  of  segments  of  asymmetrical  two- 
conductor  lines,  with  exchanged  places  of  the  conductors  at  certain  (regular  or  irregular) 
intervals.  The  classical  CoCo  antenna  is  a  special  case  of  this  new  class  of  narrowband 
antennas. 
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The  GeCo  antennas  offer  greater  design  flexibility  than  classical  CoCo  antennas,  which 
have  been  made  only  of  segments  of  coaxial  lines.  In  contrast,  the  GeCo  antennas  can  be 
made  in  a  wide  variety  of  forms,  using  segments  of  any  two-conductor  transmission  line 
with  conductors  of  different  equivalent  electrical  radii.  For  example,  a  strip-line  with 
strips  of  different  widths,  a  two-wire  line  with  wires  of  different  radii,  and  two  strips  of 
different  widths  on  the  two  sides  of  a  dielectric  substrate  are  possible  building-blocks  for 
a  GeCo  antenna.  Finally,  the  GeCo  antenna  can  be  made  of  successive  segments  of 
different  lines,  resulting  in  a  further  possibility  to  modify  the  current  distribution  along 
the  antenna,  and  thus  the  radiation  pattern.  Specifically,  tapering  of  the  current  amplitude 
can  result  in  sidelobe  reduction. 

The  paper  presents  two  methods  for  the  analysis  of  GeCo  antennas.  According  to  the  first 
method,  the  structure  is  analyzed  as  a  wire  antenna.  The  other  method  uses  the  principle 
of  superposition  and  the  basics  of  the  multiport-network  theory,  combined  with  the 
numerical  analysis  of  wire  antennas.  We  show  results  using  an  in-house  MoM  code 
(WireZeus),  but  simple  and  fast  CAD  tools  such  as  MiniNEC  can  also  be  used. 
Numerical  and  experimental  results  are  presented  for  several  GeCo  antennas,  and  are 
shown  to  be  in  reasonable  agreement  in  all  cases. 

The  main  published  applications  of  CoCo  arrays  have  been  at  lower  MHz  frequencies  for 
meteorology  and  weather  prediction.  The  limitations  in  available  impedances  of  coaxial 
cables,  and  the  parasitic  reactance  associated  with  the  interconnection  of  the  cable 
sections  have  made  high-frequency  applications  difficult.  However,  these  antennas  may 
have  large  advantages  at  higher  frequencies,  where  a  narrow  percentage  bandwidth  is  still 
several  hundred  MHz,  and  where  feed  networks  become  lossy.  Recently,  revolutionary 
planarized  wafer-scale  fabrication  technology  advances  have  made  it  possible  to  fabricate 
air-filled  micro-coaxial  cables  with  square  and  rectangular  cross-sections  on  the  order  of 
200  pm  on  the  side  [18-20].  The  loss  of  these  quasi-planar  micro-coaxial  cables  is  below 
0.1  dB/cm  at  Ka-band,  and  the  TEM  mode  is  dominant  up  to  around  400  GHz.  In 
addition,  parasitic  reactances  associated  with  interconnections  are  greatly  reduced.  GeCo 
antennas  with  varying  characteristic  impedances  of  sections  between  20  and  120  Q  are 
possible,  thus  enabling  sidelobe  reduction.  In  addition,  several  such  linear  antennas  can 
be  fed  in  parallel  with  an  integrated  micro-coaxial  feed.  The  design  of  GeCo  antennas  in 
this  new  technology,  as  well  as  in  different  printed-circuit  technologies,  are  topics  of 
current  and  future  work. 
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Abstract:  This  work  provides  an  analytical  framework  that  is  well  suited  for 
examining  MEMS-based  perturbations  in  open  (leaky)  waveguide  structures. 
This  continues  previous  studies  of  a  trough  waveguide  antenna  using 
cantilever-type  perturbations  that  was  designed  to  provide  fixed  frequency 
beam  steering.  The  modeling  technique  utilizes  physical  symmetry 
conditions  and  the  electric/magnetic  field  structure  to  approximate  a  closed 
(guiding)  geometry,  thereby  allowing  the  fields  to  be  expressed  as  an 
expansion  of  orthogonal  modes.  Perturbation  theory  and  the  Compensation 
Theorem  are  then  used  to  analyze  the  effects  of  the  perturbations  within  the 
equivalent  guiding  structure,  providing  a  closed-form  relationship  between 
the  perturbation’s  geometry,  position,  and  orientation  and  the  resulting 
leaky-wave  power  that  is  radiated  from  the  physical  open  structure.  This 
technique  is  easily  generalized,  it  provides  a  great  deal  of  physical  insight, 
and  is  well  suited  for  other  applications  at  mm-wave  frequencies  that  use 
moving  or  other  non-static  components  in  this  fashion.  A  trough  waveguide 
antenna,  designed  for  W-Band  operation  and  fixed  frequency  beam  steering 
using  electromechanically  actuated  cantilever  perturbations,  is  analyzed 
using  this  framework  and  the  results  compared  to  commercially  available 
full-wave  solvers  and  similar  structures  (circa  1957)  obtained  in  literature. 


I.  Introduction 

This  work  develops  an  analytical  framework  based  on  variational  quantities, 
perturbational  techniques,  and  network  concepts  for  analyzing  MEMS  based 
perturbations  (specifically  the  cantilever)  in  micromachined  leaky-wave 
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structures.  The  perturbational  techniques  used  in  this  analysis  are  geared  to 
characterize  very  complex  transverse  cross-sections  and  provide  physical  insight 
into  the  operation  and  application  of  the  structures.  Many  of  the  fundamental 
concepts  in  variational  techniques,  reaction  concepts,  Fourier  expansions,  and 
perturbational  techniques  [e.g.,  1-10]  have  proven  very  effective  for  analyzing  the 
open  waveguide  structure  and  offer  many  different  approaches  and  experience  that 
can  be  drawn  from.  They  represent  the  basis  for  many  different  formulations  and 
much  can  be  said  about  these  methods  and  the  means  by  which  they  obtain  the 
solution  to  this  problem,  but  the  underlying  principles  in  all  of  these  techniques 
rely  on  accurately  interpreting  the  physical  structure.  The  procedure  in  this  paper 
also  interprets  the  physical  structure  to  assign  variational  quantities  and  use 
perturbational  techniques,  but  examines  the  radiation  (leaky-wave)  and  guidance 
(traveling-wave)  from  a  network  perspective  using  the  Compensation  Theorem 
[11-13]  and  a  complete  modal  set  based  on  the  cross-section  of  the  physical 
structure. 

The  small  aspect  ratios  and  feature  sizes  from  potential  micromachined  geometries 
(e.g.,  a  cantilever)  motivate  this  discussion  -  specifically  those  that  are  suitable  for 
mm- wave  and  THz  applications.  These  structures  can  be  periodically  (antipodal 
spacing)  actuated  to  enhance  and  utilize  the  radiation  from  leaky- wave  structures 
to  facilitate  reconfigurable  radiation  on  a  large  aperture  scale.  This  concept  -  the 
reconfigurable  radiation  line  source  antenna  -  was  first  examined  in  [14-17]  and 
resulted  in  the  electromechanically  scannable  trough  waveguide  antenna  [17].  This 
device  used  periodically  spaced  perturbations  with  a  fixed  length  a  (antipodal 
spacing  with  a  period  2a)  to  reconfigure  the  guided  wavelength  Xg  and  steer  the 
beam  direction  9  according  to  Equation  1  [14]  (fixed  frequency  beam  steering). 
The  designs  in  [16]  use  metallic  block  perturbations  that  are  mechanically  driven 
by  a  cam  and  gear  drive  to  adjust  the  heights  of  the  blocks,  which  altered  the 
guided  wavelength  and  allowed  the  beam  to  be  steered  at  a  fixed  frequency.  This 
structure  was  later  considered  in  [18-20]  for  the  application  of  electrostatically 
actuated  metallic  cantilever  perturbations  that  can  alter  both  the  periodicity  (in 
discrete  steps  based  on  the  design  of  the  cantilever)  and  the  guided  wavelength 
(based  on  the  degree  of  actuation).  The  additional  degree  of  freedom  in  the 
nominal  design  has  the  potential  to  reconfigure  the  frequency  and  maintain  fixed 
frequency  beam  steering  characteristics.  These  concepts  can  be  extended  to  other 
antenna  designs  and  novel  micromachined  radiators  -  including  those  incorporating 
the  properties  of  tunable  materials,  small  feature  sizes,  and  high  aspect  ratios  - 
whose  analysis  can  benefit  from  the  analytical  technique  presented  in  this  paper. 
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The  organization  of  this  paper  follows.  The  analytical  framework  and  methods  to 
approximate  the  leaky-wave  structure  as  a  closed  waveguide  are  covered  first, 
including  the  network  description  of  the  traveling  wave  antenna.  Following  this, 
application  of  the  Compensation  Theorem  provides  the  relationship  between  the 
actuation  of  the  cantilever  and  the  power  converted  into  the  leaky-wave  mode. 
Next,  an  analysis  of  the  trough  waveguide  antenna’s  cross-section  using  these 
methods  demonstrates  this  process,  and  includes  a  comparison  to  results  obtained 
from  a  commercially  available  full-wave  solver.  The  work  concludes  with  a 
summary  of  current  work. 

II.  Formulation 

A.  Approximating  a  Complete  Set  of  Mode  Vectors 

The  assignment  of  variational  quantities  first  requires  an  accurate  understanding 
of  the  field  structure  in  the  leaky-wave  device,  such  that  it  can  be  accurately 
represented  by  a  closed  structure  capable  of  guidance.  Approximating  the 
electric/magnetic  fields  that  are  primarily  tangential  and  at  a  maximum  value  as 
magnetic/electric  walls  and  the  use  of  symmetry  planes  or  similar  physical 
conditions  are  two  commonly  used  methods  for  achieving  this.  This  process 
remains  specific  to  the  individual  geometry  -  applicable  to  both  standing  wave 
and  traveling  wave  structures  -  for  which  numerous  examples  exist  (e.g.,  the 
cavity  model  of  the  microstrip  patch  antenna  [21]  or  the  transverse  resonance 
technique  for  the  slotted  waveguide  [e.g.,  6]).  Closing  the  geometry  allows  the 
assignment  of  a  complete  modal  set  [22]  expressed  through  the  wave  function  *¥, 
which  satisfy  the  transverse  Helmholtz  equation  (Equation  2,  assuming 
propagation  in  the  +y-direction)  for  the  cross  section  of  the  closed  structure.  This 

set  represents  the  orthogonal  mode  vectors  e  or  h  (Equation  3)  that  are 
normalized  according  to  Equation  4.  These  procedures  are  commonly  used  so 
further  discussion  can  be  found  in  literature. 
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B.  Power  Flow  and  Dissipation 

The  power  flow  (assuming  propagation  in  the  uy  direction)  and  power  dissipated 

by  radiation  into  the  upper  half-plane  (z  >  0)  are  considered  next  for  the 
(approximate)  closed  guiding  structure.  The  fields  of  this  structure  are  described 
by  variational  quantities  based  on  a  complete  set  of  orthogonal  mode  vectors. 
Equation  5  shows  the  relationship  between  the  electric  E  and  magnetic  H  fields 

to  the  mode  vectors  e  (TM)  and  h  (TE)  and  mode  voltages  V  and  currents  /. 
Using  the  relationship  in  Equation  4,  Equation  6  demonstrates  that  each  of  these 
modes  propagates  power  independently  (since  they  are  orthogonal  [22]).  Then, 
recalling  that  physical  structure  has  leaky  wave  properties,  the  power  will  then  be 
the  sum  of  the  propagating  (traveling-wave)  power  PP  and  dissipated  (leaky- 
wave)  power  PD  (Equation  7). 


E,=eV  e  =  hxu , 

_  and  _ 

Ht=hl  h  -uzXe 

ij  i 


5 
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P  =  Pp+Pd  7 

All  of  the  power  will  be  propagated  in  the  closed  structure  if  the  excitation  of  the 
waveguide  corresponds  to  the  fundamental  mode  of  the  guide,  therefore  the  ports 
associated  with  the  higher  order  modes  will  propagate  no  power  since  they  are  in 
cut-off.  Recalling  again  that  the  physical  structure  is  leaky,  and  power  in  higher- 
order  modes  is  dissipated  in  the  form  of  evanescent  radiation  (neglecting  other 
losses  from  conductivity  or  dielectric  loss  tangent),  an  expression  for  the 
dissipated  power  can  be  obtained.  Using  Equation  5  and  restating  Equation  6 
(neglecting  the  intrinsic  losses,  and  assuming  a  means  to  couple  power  into  thee 
higher  order  modes),  the  total  power  P  can  be  decomposed  into  the  sum  of  the 
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propagating  power  Pp  in  the  fundamental  mode  (denoted  with  the  subscript  i  =  1) 
and  the  radiated  power  Prad  (denoted  with  the  subscripts  i  >  1 )  which  represents 
power  coupled  into  higher-order  modes  (Equation  8). 

P=r,  +  P,»  =  rXx+'ib,£  * 

2 


C.  Network  Representation 

Within  the  closed  structure,  the  power  in  each  one  of  the  iV-modes  propagates 
independently  (Equation  6)  because  they  are  orthogonal.  Therefore,  the  guide  can 
be  viewed  as  a  TV-port  network  [22]  -  assigning  a  “port”  on  for  every  mode  vector. 
Each  of  these  ports  gets  terminated  in  its  characteristic  impedance  to  approximate 
an  infinite  extent  in  the  direction  of  propagation.  Figure  1  shows  the  multi-port 
network  representation  of  waveguide  cross-section  excited  in  its  fundamental 
mode. 


Sictira  ctf 
waveguide 


Figure  1.  Equivalent  network  representation  of  the  waveguide  (assuming  iV-ports, 

or  modes). 
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D.  Compensation 


The  JV-port  network  representation  of  the  waveguide  obtained  in  the  previous 
section  provides  an  opportunity  to  apply  the  Compensation  Theorem  [11,  12]  and 
refine  the  expression  for  the  radiated  power  (Equation  8).  As  a  preface,  the 
Compensation  Theorem  states  that  a  small  change  in  the  impedance  AZ-,  (shown 
as  Ri  in  Figure  1)  at  port  i  -  or  mode  i  for  the  waveguide  -  results  in  a 
compensating  mechanism  in  the  rest  of  the  N- 1  ports  of  the  network  to  satisfy 
conservation  of  power  arguments.  The  power  associated  with  this  compensation 
can  be  calculated  by  (1)  terminating  the  remaining  ports  in  their  characteristic 
impedance  (the  modal  impedance  in  the  case  of  a  waveguide  modes)  and  (2) 
driving  these  ports  with  a  voltage  source  equivalent  to  the  product  of  the  driving 
current  /,  at  port  i  and  the  differential  impedance  AZ,.  Assuming  the  guide 
operates  in  the  fundamental  mode  (i  =  1)  and  the  differential  impedance  and 
current  are  for  port  1  (with  no  other  losses  present),  the  evanescent  behavior  of 
the  higher  order  modes  accounts  for  the  dissipated  power.  Equation  10  shows  the 
rearranged  power  term  from  Equation  9  that  represents  the  power  dissipated  by 
radiation  (recalling  again  that  the  actual  structure  is  open  and  leaky). 


v  N  V2  „  (AH*)2 


z 


E.  Perturbations 
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Perturbing  the  fields  in  the  fundamental  mode  of  the  guiding  structure  can  be 
viewed  as  a  mechanism  for  creating  the  differential  impedance  of  the 
corresponding  port  in  the  network  description.  The  network  compensates  this 
change  in  impedance  through  the  excitation  of  higher  order  modes  that  dissipate 
this  power  in  the  form  of  radiation  from  the  open  structure.  The  perturbations 
must  not  significantly  alter  the  field  structure  to  avoid  significant  impedance 
reflections  (maintaining  the  conservation  of  power),  so  their  type  and  placement 
in  the  waveguide  must  reflect  this  constraint.  This  can  be  accomplished  by  using 
a  properly  placed  inward  metallic  perturbation  (i.e.,  a  wall  perturbation)  -  similar 
to  that  provided  by  the  cantilever  geometry.  Figure  2  depicts  an  original  and 
perturbed  guiding  structure,  where  E0,  C,  and  S  represent  the  electric  field, 

contour,  and  surface  of  the  original  guide  in  the  transverse  direction  and  E ,  AC, 
and  S’  represent  the  electric  field,  contour  resulting  from  the  perturbation,  and 
remaining  surface  of  the  perturbed  guide  in  the  transverse  direction.  Equation  10 
(and  equivalent  forms)  can  be  used  to  calculate  the  effect  of  this  perturbation. 
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Equations  1 1  and  12  from  [11,  12,  22]  translate  the  result  of  this  perturbation  into 
the  desired  change  in  the  port  (modal)  impedance  required  for  the  application  of 
the  Compensation  Theorem. 


Perturbed 


Figure  2.  Transverse  cross-section  of  the  original  and  perturbed  waveguide. 
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III.  Reconfigurable  W-Band  Trough  Waveguide  (Fixed  Frequency  Beam 
Switching) 

A.  Analysis 

The  left  side  of  Figure  3  shows  the  transverse  cross  section  of  the  trough 
waveguide  antenna  and  the  electric  field  structure  of  its  fundamental  mode. 
Physically,  the  guide  is  composed  of  an  open  rectangular  waveguide  with  a  center 
fin  that  bisects  the  bottom  of  the  guide;  the  resulting  dimensions  reflect  this  and 
the  antenna  dimensions  are  typically  comparable  to  the  size  of  a  rectangular 
waveguide  covering  the  same  frequency  range  (although  the  trough  waveguide 
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has  up  to  1.5x  the  bandwidth  of  the  equivalent  rectangular  waveguide).  Figure  3 
shows  the  guide  and  a  field  structure  similar  to  that  of  a  rectangular  waveguide 
folded  in  half  and  pivoted  along  the  symmetry  plane  of  the  electric  field  - 
assuming  propagation  in  the  fundamental  TEoi  mode.  The  electric  fields  can  be 
considered  completely  tangential  at  the  open  end  of  the  guide,  so  assuming  the 
presence  of  a  magnetic  wall  at  this  location  can  close  the  structure.  Equation  13 
provides  the  normalized  fundamental  mode  vector  of  the  simplified  structure 
shown  on  the  right  side  of  Figure  3  (the  effects  of  perturbations  are  analyzed 
using  this  transverse  cross-section).  The  mode  vector  results  from  the  electric  and 
magnetic  boundary  conditions  that  support  a  quarter-wavelength  in  the  z- 
direction.  The  discussion  in  [14-17]  provides  a  comprehensive  description  of 
both  the  design  and  operation  of  the  guiding  structure  so  further  discussion  will  be 
left  for  the  presentation. 


Figure  3.  Cross-section  of  the  trough  waveguide  (left)  and  the  simplified 
structure  used  to  analyze  the  effects  of  perturbations  (right). 
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B.  Cantilever  Perturbation 

By  asymmetrically  perturbing  the  trough  waveguide,  the  physical  structure 
becomes  asymmetric  and  the  compensating  mechanism  for  this  generates  a 
corresponding  loosely  bound  (radiating)  TEM-mode  that  is  also  asymmetric  with 
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respect  to  the  guide.  The  left  side  of  Figure  4  shows  the  radiating  TEM  mode. 
The  left  side  of  Figure  4  depicts  the  transverse  cross-section  of  the  trough 
waveguide  with  a  metallic  cantilever  perturbation  located  in  the  bottom  of  the 
right-hand  trough,  which  remains  hinged  to  the  corresponding  exterior  wall.  The 
placement  of  the  cantilever  at  the  bottom  of  the  guide  provides  a  small 
perturbation  to  the  fundamental  mode  vector  (Equation  13),  and  has  a  similar 
effect  as  the  metallic  blocks  in  [16].  The  length  of  the  cantilever  spans  the  entire 
length  b ,  has  a  thickness  A,  and  its  actuation  assumes  coverage  across  the  full 
available  range  from  0°  (no  actuation,  resting  horizontally  on  the  bottom  of  the 
guide)  to  90°  (fully  actuated  and  vertically  oriented  with  the  trough).  For  this 
work,  the  elasticity  of  the  cantilever  has  been  neglected  and  does  not  physically 
deform  (and  ideal  hinged  surface)  from  the  actuation  forces  that  would  normally 
result  in  a  nominal  degree  of  curvature.  Other  effects  can  be  easily  included  with 
information  regarding  the  specific  material  stiffness  and  elasticity  and  the 
actuation  method. 


Radiation 


Figure  4.  Transverse  cross-section  of  the  trough  waveguide  including  the  metallic 
cantilever  perturbation  (thickness  A). 


C.  Results 

This  section  demonstrates  the  analytical  technique  developed  in  this  paper 
(Compensation  Theorem  and  perturbational  techniques)  using  the  trough 
waveguide  wall  perturbation  discussed  in  the  previous  section.  The  dimensions  of 
the  trough  waveguide  in  this  example  are  the  2.686  mm,  0.861  mm,  0.05  mm,  and 
0.562  mm  for  the  height  of  the  outer  sidewalls,  center  fin  height,  center  fin 
thickness,  and  width  of  both  troughs  (Figure  3),  respectively.  Figure  5  shows  a 
plot  of  the  results  for  the  cantilever  perturbation  (thickness  A  =  0.0025  mm), 
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actuated  through  the  available  range  of  angles  at /=  93.5  GHz,  which  has  been 
normalized  by  the  free-space  wave  number  $>.  This  analysis  effectively  results  in 
a  closed  form  expression  (Equation  9)  for  the  leakage  constant  as  a  function  of  the 
actuation  angle.  Measurements  have  not  been  completed  at  the  time  of  this 
manuscript  so  the  calculated  results  are  compared  against  those  obtained  from  a 
full-wave  solver  [23],  and  are  in  excellent  agreement.  Additionally,  the 
normalized  leakage  constant  in  this  work  remains  comparable  to  the  calculated 
and  measured  results  in  [17]  (transverse-resonance  procedure)  for  the  metallic 
block  perturbations,  but  the  cantilever  provides  a  lesser  perturbation  the  cavity 
than  the  metallic  blocks  due  to  the  degree  of  visibility  (or  exposure)  that  each 
provides  in  the  guide. 


Perturbation  Angle  [degrees] 


Figure  5.  Results  obtained  in  this  work  (solid)  and  a  full-wave  solver  [23] 
(normalized  to  the  If  ee-space  wave  number  /Jo)  for  a  cantilever  perturbation  in  a 
trough  waveguide  operating  at /=  93.5  GHz  (W-band). 

Periodically  spacing  the  cantilevers  (discritized  into  sub-wavelength  dimensions 
in  both  troughs)  and  actuating  sets  of  them  (e.g.,  “one  at  time,”  “two  at  a  time,” 
and  so  on)  in  a  periodic  antipodal  fashion  to  the  same  angle  allows  the  adjustment 
of  the  argument  a  in  Equation  1  -  creating  the  reconfigurable  radiation  line  source 
antenna.  Figure  6  shows  this  type  of  arrangement.  Since  previous  work  in  [18- 
20]  has  demonstrated  the  use  of  cantilever  perturbations  in  the  trough  waveguide 
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antenna  (after  the  original  demonstration  in  [14-17]  using  fixed-length  metallic 
blocks)  the  radiation  behavior  will  be  highlighted  in  the  presentation. 


Outer  wall 
Center  fin 
Outer  wall 


Actuated  (perturbing)  cantilever 


(  Resting  (non-perturbing)  cantilever 


Figure  6.  Top- view  of  the  trough  waveguide  antenna  showing  two  periodic 
antipodal  actuation  schemes  (“one  at  a  time”  on  the  left  and  “two  at  a  time”  on  the 
right)  for  the  cantilever  geometries  used  to  achieve  fixed  frequency  beam  steering. 


IV.  Conclusions 

An  analytical  method  based  on  variation  quantities  has  been  covered  in  this  work 
to  calculate  the  effects  of  MEMS  based  perturbations  in  mm-wave  and  THz 
leaky-wave  structures.  The  process  begins  by  briefly  identifying  the  necessary 
steps  for  approximating  a  leaky-wave  device  as  a  closed  structure,  which  allows 
the  transverse  section  to  be  characterized  by  a  complete  set  of  modal  vectors. 
Power  arguments  then  provide  a  multi-port  network  description  of  the  structure, 
leading  to  an  expression  for  the  radiated  power  (assuming  the  guide  operates  in 
the  fundamental  mode)  by  using  the  Compensation  Theorem.  Perturbational 
techniques  that  are  suitable  for  analyzing  the  small  feature  size  and  potential 
material  compositions  of  micromachined  structures  are  then  used  to  calculate  the 
differential  impedance  of  the  perturbed  guide.  The  compensation  in  the  network 
for  the  change  in  impedance  equates  to  the  excitation  of  higher  order  modes  that 
dissipate  the  power  in  the  form  of  radiation.  A  brief  example  using  the  trough 
waveguide  antenna  using  cantilever  perturbations  (for  antipodal  actuation 
schemes  and  fixed  frequency  beam  steering)  demonstrates  the  potential  of  this 
method.  The  agreement  between  simulated  data  and  calculated  data  for  this 
structure  have  excellent  agreement,  and  future  work  will  aim  to  fabricate  the 
trough  waveguide  antenna  and  validate  these  results  with  experimental  data. 
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Abstract:  Losses  due  to  an  air  gap  and  lateral  misalignments  in  a  standard 
WR-28  waveguide  line  are  studied  using  finite  element  method  simulations. 
Losses  are  mainly  caused  by  the  radiation  from  the  gap,  which  behaves  like 
a  resonant  antenna.  Resonant  wavelength  of  a  narrow  gap  is  approximately 
three  times  the  average  perimeter  of  the  waveguide.  Accordingly,  for  WR- 
28  waveguide  line  the  resonant  frequency  is  about  35  GHz.  Increasing  gap 
width  widens  the  resonance  and  lowers  the  resonant  frequency.  The  gap 
width  does  not  affect  loss  at  resonance,  but  outside  the  resonance  a  wider 
gap  induces  more  radiation  loss  than  a  narrower  one.  For  example,  the  loss 
can  be  almost  1.5  dB  at  resonance,  and  below  0.1  dB  on  the  band  edges. 
Lateral  displacements  generally  increase  reflection  loss  and  may  increase  or 
decrease  radiated  power.  The  resonant  frequency  may  increase  or  decrease 
with  the  displacements. 


1.  Introduction 

Waveguide  switches  of  more  than  three  ports  are  usually  pin-diode  devices.  If  very 
low  loss  or  capability  to  handle  very  high  power  levels  is  required,  pin-diode  devices 
cannot  be  used.  Hence,  mechanical  switching  may  be  the  only  possible  solution  [1], 
Displacements,  if  large  enough,  in  the  junction  of  moving  parts  of  the  switch  may 
deteriorate  performance.  This  is  important  in  low-cost  designs  because  of  relatively 
large  manufacturing  tolerances.  However,  studies  on  the  effects  of  these  misalignments 
are  not  readily  found  in  the  literature,  but  only  some  faint  references,  e.g.  [2],  This 


272 


is  understandable  since  it  is  usually  more  or  less  trivial  to  adjust  waveguides  well 
enough.  Probably  the  only  problem  that  may  arise  in  connecting  two  waveguides  is 
the  leakage  of  power,  which  is  easily  handled  with  choke  flanges. 

In  this  paper,  the  simplest  possible  example  is  chosen  for  studying  the  phenomena 
introduced  by  an  air  gap  and  lateral  displacements  in  a  waveguide  line.  The  struc¬ 
ture  of  actual  switching  device  is  of  course  considerably  more  complicated,  but  also 
more  laborious  to  study.  Moreover,  the  fundamental  relationships  between  geometry 
parameters  and  electromagnetic  effects  are  easier  to  discover  with  a  simple  model. 


2.  Simulations 


The  case  study  consists  of  a  junction  of  two  collinear  standard  WR-28  waveguides 
having  a  longitudal  displacement  (d{)  and  lateral  displacements  (da,  <4),  see  Fig.  1. 
Scattering  parameters  of  the  transmission  line  were  simulated  with  Ansoft  HFSS  10. 
Absorbing  boundary  condition  was  used  on  the  edges  of  the  problem  region,  and 
ports  were  considered  as  perfectly  matched.  As  a  criterion  for  convergence,  maximum 
change  in  the  elements  of  the  scattering  matrix  between  successive  iterations  was  set 
to  0.002.  Frequency  response  was  calculated  on  the  Ka-band  (27  -  40  GHz)  with 
0.1  GHz  resolution. 

A  waveguide  line  with  an  air  gap  is  a  two-port  device  which  has  one  resonance  within 
its  operating  frequency  band  (higher  resonances  occur  outside  the  band).  In  order  to 
obtain  accurate  frequency  response,  adaptive  solution  has  to  be  calculated  quite  near 
the  resonant  frequency.  Hence,  simulation  is  very  time  consuming  because  locating 
the  resonance  requires  a  series  of  adaptive  solutions  at  different  frequencies.  If  the 
resonant  frequency  is  known,  built-in  frequency  sweeps  of  the  HFSS  software  can  be 
used  with  sufficient  accuracy. 
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Effects  of  the  displacements  di,  da  and  db  were  studied  by  sweeping  them  as  design 
parameters.  In  addition,  effects  of  the  waveguide  width  awg  and  height  bwg  on  the 
resonant  frequency  were  studied. 


3.  Results 

3.1  Effects  of  gap  width 


f  /  GHz 

Figure  2.  Ratio  of  radiated  power  and  total  power  of  the  waveguide  line  for  gap  widths 
di  of  0.05  mm  (thin  solid),  0.10  mm  (thin  dashed),  0.15  mm  (thin  dash-dotted),  0.20  mm 
(thick  solid)  and  0.25  mm  (thick  dotted). 

An  air  gap  in  a  waveguide  line  radiates  a  substantial  portion  of  the  total  power  fed 
in  to  the  waveguide,  as  shown  in  Fig.  2.  In  this  case,  almost  one  fourth  of  the  total 
power  is  radiated  at  the  resonance.  The  gap  also  induces  some  reflection,  which  is 
shown  in  Fig.  3.  The  highest  reflection  occurs  at  the  resonance  and  the  best  matching 
is  generally  achieved  at  frequencies  below  the  resonance. 

Figs.  2,  3  and  4  all  show  the  effect  of  gap  width.  Relative  portion  of  radiated 
power  seems  to  remain  constant  at  resonance.  Widening  the  gap  seems  to  increase 
reflection  and  thus  overall  loss  slightly,  but  the  effect  is  hardly  noticeable.  Far  from 
the  resonance  a  narrower  gap  induces  clearly  less  loss  than  a  wider  one,  because  of  a 
sharper  resonance. 

Fig.  5  shows  that  increasing  gap  width  slightly  decreases  resonant  frequency.  Similar 
frequency  shifting  occurs  if  the  width  of  a  slot  antenna  is  increased.  For  a  dipole 
antenna  (which  is  dual  to  a  slot  antenna)  and  also  for  a  loop  antenna,  resonance 
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Figure  3.  Sn  of  the  waveguide  line  for  gap  widths  di  of  0.05  mm  (thin  solid),  0.10  mm  (thin 
dashed),  0.15  mm  (thin  dash-dotted),  0.20  mm  (thick  solid)  and  0.25  mm  (thick  dotted). 


Figure  4.  S21  of  the  waveguide  line  for  gap  widths  di  of  0.05  mm  (thin  solid),  0.10  mm  (thin 
dashed),  0.15  mm  (thin  dash-dotted),  0.20  mm  (thick  solid)  and  0.25  mm  (thick  dotted). 


shifts  in  opposite  direction  as  the  diameter  is  increased  [3].  In  this  sense  the  gap  is 
dual  to  a  loop  antenna.  For  standard  WR-28  dimensions,  resonance  occurs  annoyingly 
near  the  atmospheric  window  on  the  Ka-band. 

3.2  Effects  of  lateral  displacements 

The  effects  of  lateral  displacements  on  resonant  frequency  in  both  the  E-plane  ( d6 )  and 
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Figure  5.  Resonant  frequency  of  the  waveguide  line  as  a  function  of  gap  width  di. 
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Figure  6.  Resonant  frequency  of  the  waveguide  line  as  a  function  of  displacements  da  and 
db.  The  highest  value  is  35.6  GHz  at  the  bottom  right  corner,  the  lowest  value  is  34.0  GHz 
at  the  top  right  corner  and  value  at  bottom  left  corner  is  35.1  GHz. 


the  H-plane  (da)  are  shown  in  Fig.  6.  Displacement  in  the  E-plane  decreases  resonant 
frequency  whereas  displacement  in  the  H-plane  increases  it.  If  both  displacements 
are  present  simultaneously,  resonant  frequency  may  increase  or  decrease.  Worst  case 
situation  occurs  when  both  displacements  are  large. 
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Figure  7.  S21  of  the  waveguide  line  for  lateral  displacement  da  of  0  mm  (thin  solid),  0.2  mm 
(thin  dashed),  0.4  mm  (thin  dash-dotted),  0.6  mm  (thick  solid)  and  0.8  mm  (thick  dotted). 


Figure  8.  Sn  of  the  waveguide  line  for  lateral  displacement  da  of  0  mm  (thin  solid),  0.2  mm 
(thin  dashed),  0.4  mm  (thin  dash-dotted),  0.6  mm  (thick  solid)  and  0.8  mm  (thick  dotted). 


Fig.  7  shows  transmission  characteristics  of  the  waveguide  line  with  the  H-plane 
displacement  only.  Increasing  da  increases  resonant  frequency.  Losses  due  to  both 
radiation  and  reflection  are  decreased  with  increasing  da.  As  shown  in  Fig.  8,  dis¬ 
placement  generally  reduces  reflection  at  resonance  and  above  it.  For  lower  frequencies 
reflection  is  dramatically  increased. 

Transmission  and  reflection  characteristics  of  the  waveguide  line  for  the  E-plane  dis- 
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Figure  9.  S21  of  the  waveguide  line  for  lateral  displacement  db  of  0  mm  (thin  solid),  0.2  mm 
(thin  dashed),  0.4  mm  (thin  dash-dotted),  0.6  mm  (thick  solid)  and  0.8  mm  (thick  dotted). 


Figure  10.  Sn  of  the  waveguide  line  for  lateral  displacement  db  of  0  mm  (thin  solid), 
0.2  mm  (thin  dashed),  0.4  mm  (thin  dash-dotted),  0.6  mm  (thick  solid)  and  0.8  mm  (thick 
dotted) . 


placement  are  shown  in  Figs.  9  and  10.  The  resonance  shifts  towards  the  lower  end 
of  the  band  and  also  deepens  while  db  is  increased.  Larger  displacement  causes  more 
reflection  for  all  frequencies  within  the  band. 
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3. 3  Effects  of  waveguide  dimensions 
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wg 

Figure  11.  Resonant  frequency  of  the  waveguide  line  as  a  function  of  width  awg  and  height 
bwg.  The  highest  value  is  38.2  GHz  at  bottom  left  corner;  the  lowest  value  is  32.3  GHz  at 
top  right  corner. 

The  effects  of  waveguide  width  and  height  on  resonant  frequency  are  shown  in  Fig. 
11.  It  can  be  seen  that  increase  in  both  awg  and  bwg  decrease  the  resonant  frequency 
similarly.  This  leads  to  a  thought  of  a  ’’gap  antenna”  which  perimeter  determines  its 
resonant  frequency. 
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Figure  12.  Electrical  length  of  the  ’’gap  antenna”. 
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The  electrical  length  of  the  ’’gap  antenna”  plotted  versus  the  average  of  the  perimeters 
along  inner  and  outer  surfaces  of  the  waveguide  wall  is  shown  in  Fig.  12.  The 
ratio  of  average  perimeter  and  resonant  wavelength,  denoted  by  K ,  is  about  2.97. 
Higher  resonances  can  also  be  found  but  they  appear  outside  the  frequency  band 
of  interest.  Factor  K  increases  when  the  perimeter  is  increased  while  keeping  wall 
thickness  constant,  i.e. ,  increasing  imaginary  length-to-diameter  ratio.  I  should  be 
noted  that  similar  relative  increase  in  resonant  frequency  is  obtained  if  this  length- 
to-diameter  ratio  is  increased  by  decreasing  gap  width. 


4.  Conclusions 

An  air  gap  in  a  waveguide  line  causes  additional  loss  due  to  reflection  and  radiation.  If 
narrow  band  signals  are  used,  it  is  possible  to  minimize  the  loss  by  choosing  operating 
frequency  sufficiently  far  from  resonance.  If  this  is  not  possible  or  sufficient,  resonant 
frequency  can  be  shifted  by  properly  changing  the  dimensions  of  the  waveguide.  The 
resonant  frequency  of  the  "gap  antenna"  is  determined  mainly  by  the  width  and  the 
height  of  the  waveguide.  Lateral  displacements,  gap  width  and  wall  thickness  all  have 
minor  effects  on  the  resonant  frequency.  Resonant  wavelength  seems  to  be  about  three 
times  the  average  perimeter  of  the  waveguide. 

The  absolute  loss  is  affected  by  both  the  width  of  the  gap  and  lateral  displacements. 
At  resonance,  gap  width  does  not  affect  loss.  However,  sharper  resonance  of  a  nar¬ 
rower  gap  appears  as  lower  loss  outside  the  resonance  if  compared  with  a  wider 
gap.  Lateral  displacement  in  the  E-plane  deepens  the  resonance  and  deteriorates  feed 
matching.  Displacement  in  the  H-plane  does  not  have  as  severe  effect  on  reflection, 
and  it  actually  reduces  loss  at  resonance.  Therefore,  if  lateral  displacement  cannot 
be  avoided,  it  is  better  to  occur  in  the  H-plane. 
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TIME/SPACE-PROBING  INTERFEROMETER  FOR 
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(WaveBand,  a  Business  Unit  of  Sierra  Nevada  Corporation,  15245  Alton  Pkwy,  Ste.  100, 

Irvine,  California,  92618 

*  UCLA  Basic  Plasma  Science  Facility,  1000  Veteran  Ave., 
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Rapid  progress  in  plasma  applications  requires  new  instrumentation.  Plasma 
density  distribution  is  a  key  characteristic  in  fusion  devices  and  in  applications 
related  to  plasma  processing.  The  plasma  dielectric  constant  depends  on  the  plasma 
density.  The  latter  is  subject  to  rapid  local  changes.  Millimeter-wave  (MMW) 
interferometry  can  be  used  for  measuring  such  variations.  It  is  desirable  that  the 
interferometer  be  capable  to  track  both  time  and  space  plasma  density  variations. 
The  latter  typically  requires  a  rather  long  time  for  changing  the  position  of  the 
instrument.  We  propose  a  new  device  that  provides  fast  spatial  probing.  The  new 
instrument  is  based  on  electronically  controlled  MMW  beam-formers  recently 
developed  at  WaveBand-SNC.  The  major  advantages  of  this  device  are  fast  data 
acquisition  and  holographically  flexible  beam-forming.  In  future,  an  array  of  the 
proposed  interferometers  will  be  used  as  a  key  subsystem  in  plasma  diagnostics 
tomography. 

We  have  built  a  prototype  of  the  new  interferometer,  which  is  planned  to  be 
installed  for  testing  and  for  exploring  the  capability  of  the  new  approach  at  the 
Large  Plasma  Device  (LAPD)  at  UCLA.  The  prototype  comprises  a  heterodyne 
type  reflectometer-interferometer  operating  at  76  GHz  and  two  synchronously 
operating  electronically  controlled  scanning  antennas,  one  for  transmitting  MMW 
radiation  and  the  other  for  receiving  the  radiation  reflected  back  from  a  mirror 
placed  behind  the  plasma  tube.  The  antennas  scan  beams  over  a  30°  angular  range 
and  can  switch  beam  position  within  3  ps.  Preliminary  demonstration  of  the  new 
instrument  was  performed  at  LAPD  with  a  plasma  density  of  1  -  4  x  1012  cm~ 3 . 

The  new  instrument  can  find  applications  in  plasma  diagnostics  in  scientific 
research  as  well  as  in  commercial  applications  of  plasma. 
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1.  Introduction 


Millimeter  wave  (MMW)  interferometry  is  an  established  means  for  measurements  of 
electron  density  in  plasmas  [1-3].  The  underlying  principle  is  the  phase  shift  attained  by  a 
MMW  beam  traversing  a  plasma  volume.  The  phase  shift  is  proportional  to  the  plasma 
index  of  refraction  integrated  along  the  beam  path.  The  plasma  refractive  index  according 
to  the  Drude  model  is 


(1), 

I  Me2 

where  /  =  - is  the  electron  plasma  frequency;  N  is  the  plasma  density,  e  is  the 

V  me 

elementary  charge,  and  me  is  the  electron  mass.  For  electromagnetic  waves  with 
frequencies  higher  than  the  plasma  frequency  (  and  for  “O”  mode  in  magnetized  plasmas 
with  f  »fpe)  ,  the  plasma  is  almost  transparent  and  the  effect  is  a  phase  delay  for  the 
propagating  wave.  This  makes  MMW  interferometry  applicable  for  diagnostics  of 
plasmas  with  densities  lower  than  N~(10n  -  1012)cm3. 

A  conventional  interferometer  measures  the  phase  delay  of  an  electromagnetic  wave 
passing  through  the  plasma  volume  in  a  single  direction  (single  channel),  with  respect  to 
a  wave  which  does  not.  Having  these  measurements  performed  in  different  directions 
and  applying  tomography  makes  it  possible  to  recover  2-D  or  3-D  plasma  density 
distributions.  Using  a  single  interferometer  for  tomography,  with  the  inevitable 
repositioning  of  the  instrument,  makes  the  measurement  process  slow  and  inefficient. 
Using  several  conventional  interferometers  and  parallel  data  acquisition  speeds  up  the 
process  but  makes  it  much  more  costly. 

We  propose  an  alternative  solution  to  the  problem.  Radical  improvement  in  data 
acquisition  time,  at  a  moderate  increase  in  the  instrument  cost,  can  be  achieved  by  using  a 
new  type  of  device,  a  multi-channel  interferometer  (MCI).  This  is  an  instrument  that  can 
quickly  switch  from  one  direction  of  plasma  probing  to  another  (one  measurement 
channel  to  another),  thus  eliminating  the  need  for  moving  the  entire  device  to  a  new 
position.  The  switched  multi-channel  device  makes  it  possible  to  use  an  inexpensive 
conventional  interferometer  to  probe  many  directions,  each  for  a  short  time.  In  this  paper 
we  describe  a  prototype  of  the  new  multi-channel  instrument  that  was  built  and  installed 
for  exploration  and  testing  of  the  new  approach  at  the  UCLA  Large  Plasma  Device. 

The  key  elements  of  the  new  instrument  are  fast,  operating  almost  in  real-time,  flexible 
beam-formers,  based  on  a  Electronically  Reconfigurable  Aperture  (ERA)  recently 
developed  at  WaveBand  (a  business  unit  of  Sierra  Nevada  Corporation). 
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2.  Interferometer 


The  block-diagram  of  the  interferometer  is  shown  in  Figure  1.  It  comprises  a  transmitter, 
a  receiver,  and  phase  detector.  The  receiver  is  configured  as  a  heterodyne  operating  at 
IF=19  GHz. 

-110V 


19  GHz 


Figure  1.  Block-diagram  of  the  heterodyne  interferometer. 


The  transmitter  is  based  on  a  tunable  Gunn  oscillator  with  a  central  frequency  of  75.9 
GHz  and  a  power  level  of  17  dBm.  A  magic  tee  distributes  the  source  power  between 
two  channels.  One  channel  goes  to  the  transmitting  antenna  while  the  other  one  drives 
the  harmonic  mixer  and  is  used  for  Phase  Lock  Loop  (PLL),  which  synchronizes  the 
Gunn  oscillator  with  the  reference  oscillator.  The  reference  oscillator  is  a  9.5  GHz 
dielectric  resonator  oscillator  with  an  active  frequency  multiplier.  Output  1 9  GHz  signal 
from  the  multiplier  goes  to  the  reference  input  of  the  harmonic  mixer.  IF  signal  from  the 
mixer  output  has  a  frequency  of  4x19  GHz  -  Ftr,  where  Ftr  is  the  Gunn  source  frequency. 
The  IF-signal  goes  to  PLL  circuit  where  it  is  compared  to  the  100  MHz  clock  oscillator 
signal.  The  PLL  circuit  output  signal  goes  to  varactor-biased  input  of  the  Gunn  oscillator 
and  sets  its  frequency  to  Ftr=  4x19  GHz  -  100  MHz  =  75.9  GHz.  Received  radiation  is 
collected  by  the  receiving  antenna.  A  2nd  harmonic  mixer  is  identical  to  the  mixer  used  in 
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the  transmitter.  A  coaxial  cable  is  used  to  provide  the  reference  1 9  GHz  signal  from  the 
transmitter  to  the  receiver.  Conversion  loss  in  the  harmonic  mixer  is  less  than  20  dB  so 
that  the  received  signal  is  large  enough  to  provide  the  required  signal-to-noise  ratio.  The 
quadrature  phase  detector  (QPD)  operating  at  100  MHz  is  used  to  increase  the  accuracy 
of  phase  measurement  to  a  level  of  better  than  1°.  The  IF  signal  is  amplified  by  the  IF 
Amplifier.  The  phase  detector  measures  the  phase  difference  between  the  IF  signal  and 
the  reference  signal  generated  by  the  PLL  Circuit. 


Figure  2.  Interferometer  assembly. 

Signals  from  the  Interferometer's  I  and  Q  outputs  (Ui  and  Uq  )  provide  phase  information. 
The  phase  shift  accumulated  by  the  MMW  signal  passing  through  the  plasma  is  given  by 
the  equation: 

(p  =  tan-1(Ui/UQ).  (2). 

The  prototype  interferometer  was  assembled  as  a  three  unit  system:  Interferometer  Base 
Block,  Transmitter,  and  Receiver,  and  is  shown  in  Figure  2. 

3.  Electronically  Reconfigurable  Aperture:  Simulation 

A  traditional  beamforming/beam  steering  antenna  utilizes  a  phased  array  architecture, 
and  represents  a  set  of  distributed  elementary  antenna  elements  coupled  to  phase  shifters. 
Typically,  each  antenna  element  is  individually  controlled  via  the  respective  phase 
shifter.  Phased  array  antennas  are  cumbersome,  prohibitively  expensive,  and 
unacceptably  lossy  in  the  W-band. 

We  used  an  alternative  approach  where  the  antenna  aperture  represents  a  reconfigurable 
hologram  and  electronic  control  occurs  due  to  the  injection,  and  extraction,  of  electron- 
hole  plasmas  (not  to  be  confused  with  the  gaseous  plasma  under  the  test!)  into,  and  out 
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of,  a  semiconductor  waveguiding  medium.  The  aperture  hologram  can  be  varied 
continuously  (WaveBand  has  developed  a  method  for  continuous  aperture  variations  in 
mechanically  controlled  antennas  and  in  optically  controlled  plasma  grating  antennas 
[4,5])  or  varied  digitally  in  a  pixelized  aperture.  Pixels,  in  turn,  can  be  controlled  either 
continuously  or  digitally.  The  pixelized  Electronically  Reconfigurable  Aperture  (ERA) 
with  digital  control,  combines  high  stability  and  beam-forming  flexibility.  The  ERA 
beam-forming  flexibility  is  at  the  same  level  as  the  flexibility  of  traditional  phased  array 
antennas,  however,  ERA’S  temperature  stability  is  much  better. 

For  the  plasma  interferometer  prototype  we  have  developed  a  monolithic  1 -dimensional 
(ID)  ERA.  The  development  process  included  Ansoft  HFSS  simulations.  A  typical 
simulated  far- field  beam  pattern  is  shown  in  Figure  3. 


Figure  3.  Simulated  far  field  antenna  beam  pattern  for  ID  ERA:  upper  curve  represents 
the  azimuth  beam  pattern,  lower  curve  represents  the  elevation  beam  pattern. 
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4.  ERA  Test  Results 


Two  monolithic  ERA  chips  where  fabricated  for  installation  in  the  interferometer.  Each 
chip  was  3-inchs  long,  or  approximately  19  wavelengths  at  76  GHz.  The  chips  were 
coupled  to  RF  electronics  via  dielectric  waveguides.  The  required  hologram  patterns 
were  created  by  using  a  programmable  electronic  driver-controller.  Beam  shape  in  the  H- 
plane  was  controlled  by  selecting  the  appropriate  hologram  pattern.  Beam  shape  in  V- 
plane  was  fixed  and  determined  by  the  cylindrical  lens  attached  to  the  aperture.  The 
antenna  assembly  with  the  attached  driver-controller  is  shown  in  Figure  4. 

Each  antenna  was  capable  of  creating  a  sequence  of  beams  covering  a  wide  angle  span. 
The  beam  width  at  -3  dB  level  in  the  H-plane  was  on  the  order  of  3-3.5  deg.  Samples  of 
measured  H-plane  beam  patterns  are  shown  in  Figures  5  and  6. 


Figure  4.  Antenna  assembly  at  the  near-field  antenna  measurement  test  setup. 


286 


Amplitude  (dB)  Amplitude  (dB) 


Hpeak  at: -20.33018  deg 
Directivity  =  29.662  dB, 
-3.  dB  beam  width:  3.52  deg 


Hpeak  at:  -20.78409  deg 
Directivity  =  30.170  dB, 
-3.  dB  beam  width:  3.42  deg 


Hpeak  at:  7.04725  deg 
Directivity  =  30.644  dB, 
-3.  dB  beam  width:  3.16  deg 


Hpeak  at:  7.02295  deg 
Directivity  =  31.231  dB, 
-3.  dB  beam  width:  3.09  deg 


Figure  5.  Measured  H-plane  beam  patterns  for  two  antennas 
(left  curves  and  right  curves  correspondingly) 
with  two  hologram  patterns 
(upper  and  lower  curves). 
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Figure  6.  Selected  H-plane  beam-patterns  corresponding  to  different  hologram  patterns. 


To  measure  the  time  needed  for  switching  from  one  beam  position  to  another,  we  used  a 
setup  consisting  of  the  interferometer  receiver  and  the  transmitter  radiating  toward  the 
antenna  via  a  pyramidal  horn.  The  ERA  was  programmed  to  be  positioned  toward  the 
horn  and  was  located  at  a  distance  of  1  m  from  the  horn.  Two  hologram  patterns  were 
loaded  into  the  driver  memory,  one  for  the  antenna  pointing  toward  the  horn,  the  other  for 
the  antenna  pointed  in  a  different  direction.  The  harmonic  mixer  was  connected  to  the 
antenna  output.  A  1 9  GHz  RF  signal  was  fed  into  the  reference  input  of  the  mixer.  The 
differential  frequency  from  the  mixer  output  was  amplified  and  recorded  by  oscilloscope. 
The  oscillogram  is  shown  in  Figure  7. 
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Figure  7.  Switching  time  measurements:  upper  curve  is  the  antenna  response, 
lower  curve  is  pulse  generated  by  the  antenna  driver. 

The  driving  pulse  duration  was  6.6  microseconds  (lower  curve).  The  signal  generated  by 
the  antenna  has  a  rise  time  on  the  order  of  3  microseconds  (the  upper  curve). 


5.  MCI  Assembly  and  Test  Results 


The  transmit  and  receive  antennas  were  assembled  on  a  common  mount  as  shown  in 
Figure  8.  The  overall  size  matched  the  size  of  the  LAPD  window.  The  antennas  were 
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synchronized  by  synchronization  of  their  drivers.  The  antenna  hologram  patterns  and 
their  sequences  were  identical  for  both  antennas. 


We  initially  tested  the  instrument  using  a  comer  reflector  placed  at  a  distance  of  1  m  from 
the  antennas  (Figure  8).  The  interferometer’s  I  and  Q  outputs  were  connected  to  the 
oscilloscope,  which  was  synchronized  with  the  antenna  drivers.  The  antennas  scanned  in 
the  vertical  plane.  The  beginning  of  the  scan  corresponded  to  bottom  beam  position. 
Signals  detected  by  the  antenna  appeared  with  a  time  delay  depending  on  the  vertical 
position  of  the  reflector:  the  higher  the  reflector  the  longer  the  time  delay.  This  can  be 
seen  by  comparing  the  upper  and  the  lower  photos  in  Figure  8.  Phase  shift  was 
determined  by  comparing  I  and  Q  outputs.  By  inserting  thin  dielectric  films  between  the 
antenna  and  the  reflector  we  found  that  the  phase  sensitivity  is  better  than  half  a  degree. 


Figure  8.  MCI  preliminary  test. 

Two  pictures  taken  for  different  positions  of  the  comer  reflector. 

I  and  Q  signals  recorded  on  the  oscilloscope  screen  appear  at  different  times, 
depending  on  the  position  of  the  comer  reflector. 


We  have  tested  the  instrument  with  a  real  plasma  at  the  UCLA  Large  Plasma  Device 
(LAPD).  The  interferometer  antennas  were  attached  to  the  LAPD  window  and  the 
detected  signals  are  shown  in  Figure  9.  They  are  illustrative  of  plasma  dynamics  during 
plasma  production  and  decay. 
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Figure  9.  Data  obtained  while  testing  the  interferometer  at  the  LAPD. 
Curve  1  is  a  reference  signal  from  an  independent  56  GHz  interferometer. 
Curves  2  and  3  are,  respectively,  I  and  Q  signals  from  the  interferometer. 
Curve  4  is  the  calculated  phase  shift  obtained  using  formula  (2). 


Results  presented  in  Figure  9  show  that  the  phase  dynamics  measured  by  the  MCI  are 
correlated  with  the  plasma  density  dynamics.  However,  the  data  are  affected  by  parasitic 
reflections  from  the  plasma  reactor  window.  The  accumulated  phase  shift  inserted  by 
plasma  greatly  exceeds  2n.  Without  window  reflection,  all  curves  would  have  a  vertical 
span  equal  to  2 n.  However,  reflection  from  the  reactor  window  creates  a  parallel 
reflection  channel  that  screens  the  plasma  phase  variations.  In  future  operation,  the 
window  reflection  will  be  minimized  by  optimization  of  the  window  material  and  its 
geometry. 

The  effect  of  the  window  reflection  can  be  accounted  for,  and  the  corrected  data  have 
been  used  to  estimate  plasma  density.  The  resulting  curves  are  presented  in  Figures  10 
and  1 1 . 
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Figure  10.  Plasma  density  dynamics  obtained  with  the  new  interferometer 
in  comparison  with  the  reference  device  (56  GHz). 


Channels  8,9,10 


Figure  11.  Plasma  density  dynamics  in  different  directions  obtained 
with  the  new  interferometer. 
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6.  Conclusions 


We  have  designed,  fabricated  and  preliminarily  tested  a  scanning  interferometer  for 
plasma  tomography.  The  device  utilizes  novel  beam  steering  antennas  based  on 
WaveBand’s  ERA  technology.  Preliminary  test  at  the  Large  Plasma  Device  at  UCLA 
was  successfully  completed. 
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Abstract 

This  paper  presents  a  feasibility  study  into  the  concept  of  generating  the  correct 
angle  of  arrival  for  a  simulated  radar  target  by  making  use  of  an  array  of  antennas 
in  the  near  field  of  the  radar’s  antenna.  The  target’s  range  delay  and  Doppler  shift 
is  simulated  by  means  of  a  Digital  Radio  Frequency  Memory  (DRFM)  coupled  to  the 
antenna  array.  This  architecture  will  thus  enable  the  generation  of  more  realistic 
test  flight  profiles,  which  include  target  angle,  and  not  just  “inbound”  and 
“outbound”  profiles  that  can  be  generated  by  a  DRFM. 

The  phase  and  amplitude  of  each  antenna  can  be  controlled  to  induce  a  distorted 
wave  front  over  the  aperture  of  the  radar  antenna.  This  will  have  the  effect  of 
producing  a  target  with  an  apparent  angle  of  arrival  that  is  not  aligned  with  either 
of  the  antennas  in  the  array,  but  is  somewhere  between  them.  The  possibility  also 
exists  to  generate  targets  that  are  outside  the  area  bounded  by  the  antennas. 

As  the  aim  of  this  paper  is  to  determine  the  feasibility  of  this  concept,  only 
simulation  results  will  be  presented  for  an  X-band  tracking  radar  antenna. 

1.  Problem  description 

When  testing  modem  radar  systems  it  is  desirable  to  simulate  the  environment  in  which 
the  radar  is  to  operate  as  realistically  as  possible.  The  amount  of  testing  which  can  be 
conducted  against  real  military  type  targets  during  the  development  of  a  radar  is  usually 
limited  from  a  budgetary  and  aircraft  availability  point  of  view.  This  is  especially  true  in 
developing  countries.  All  threat  aircraft  types  might  also  not  be  available.  Testing  of  the 
radar  with  hardware-in-the-loop  (HIL)  simulators  is  thus  necessary  to  reduce  cost  and  to 
ensure  thorough  testing  of  the  radar  system. 

The  radar  designers  would  like  to  simulate  at  least  the  following  aspects  of  a  target  when 
testing  the  tracking  performance  of  a  radar: 

•  Range  delay 
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•  Doppler  shift 

•  RCS  variation 

•  Angular  movement  of  the  target. 

A  popular  technique  of  simulating  the  first  three  parameters  above  is  to  make  use  of  a 
Digital  Radio  Frequency  Memory  (DRFM).  The  DRFM  system  (shown  in  Figure  1) 
down-converts  the  radio  frequency  (RF)  signal  to  an  intermediate  frequency  (IF)  with  a 
bandwidth  that  covers  the  agility  bandwidth  of  the  radar.  The  IF  signal  is  then  band- 
limited  and  sampled  at  a  high  sampling  rate  (usually  2  Gsamples/s).  The  data  samples  are 
read  into  a  fast  memory  and  can  be  accurately  time  delayed  with  high  resolution.  The 
delayed  data  is  converted  back  to  the  intermediate  frequency  and  can  be  up-converted  to 
the  original  RF  frequency.  During  the  up-conversion  process  a  programmable  Doppler 
shift  can  be  introduced,  as  well  as  pseudo  random  fluctuations  in  the  signal  level  that  can 
be  used  to  simulate  the  RCS  fluctuations  of  targets. 


Figure  1  Block  diagram  of  a  typical  DRFM  system. 

Monopulse  radars  make  use  of  the  amplitude  and/or  phase  differences  between  the 
antenna  ports  to  determine  the  angle  of  arrival  of  a  target  return.  This  technique  allows 
the  radar  to  calculate  a  single  target’s  angle  to  an  accuracy  which  is  much  higher  than  the 
beamwidth  of  the  antenna.  Figure  2  shows  a  typical  antenna  pattern  with  sum  pattern  and 
azimuth  difference  pattern.  By  taking  the  ratio  of  the  difference  channel  voltage  to  the 
sum  channel  voltage  (amplitude  comparison)  a  function  is  obtained  that  will  give  the 
angle  of  arrival  of  the  target  very  accurately.  This  function  is  depicted  in  Figure  3.  This 
shows  the  relationship  between  the  ratio  of  the  patterns  and  the  off  boresight  (OBT) 
angle. 
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Figure  2  Principal  plane  monopulse  patterns. 


Figure  3  Monopulse  error  slope. 
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If  the  antenna  can  be  removed,  the  antenna  can  be  bypassed  and  replaced  with  an  antenna 
simulator.  Such  an  antenna  simulator  will  typically  split  the  RF  returned  from  the  DRFM 
into  a  number  of  channels  equal  to  the  number  of  channels  of  the  antenna  system.  Typical 
channels  will  include  a  sum  channel,  azimuth  difference  channel,  elevation  difference 
channel  and  sidelobe  blanking  channels.  Each  of  the  channels  can  then  be  manipulated  to 
induce  an  amplitude  and  phase  change  that  is  a  function  of  angle,  so  as  to  introduce  the 
magnitude  and  phase  changes  that  would  have  been  introduced  by  the  antenna  system. 
One  of  the  necessary  conditions  for  an  antenna  simulator  to  work  is  that  the  antenna¬ 
pointing  angle  must  be  available  from  the  radar,  so  that  the  angle  between  the  target  and 
antenna  boresight  can  be  calculated  and  given  as  an  input  to  the  antenna  simulator. 
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Figure  4  Simplified  block  diagram  of  an  antenna  simulator 


If  the  antenna  cannot  easily  be  removed,  or  the  radar  does  not  supply  the  antenna¬ 
pointing  angle,  it  is  not  possible  to  use  an  antenna  simulator.  This  is  often  the  case  when 
evaluation  tests  have  to  be  performed  on  a  radar  installed  in  an  aircraft,  where  minimal 
information  is  available  about  the  detailed  radar  operation  and  configuration.  For 
example,  when  countries  acquire  a  complete  fighter  aircraft  with  integrated  radar  and  the 
operation  of  the  radar  under  different  conditions  needs  to  be  evaluated  so  as  to  improve 
the  application  of  the  fighter. 
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In  this  case  it  would  be  very  useful  to  have  an  external  simulator  that  can  simulate  the 
direction  of  arrival  (DOA)  of  the  signal  from  the  target.  There  are  several  ways  in  which 
this  can  be  achieved. 

In  the  simplest  case  use  can  be  made  of  a  single  antenna  that  is  mechanically  moved  over 
a  large  area  in  front  of  the  radar  antenna.  The  disadvantage  of  this  is  that  the  speed  and 
accelerations  that  the  antenna  must  be  moved  for  highly  manoeuvrable  targets  can 
become  excessive.  Such  a  system  will  either  be  very  expensive  or  will  be  limited  in  the 
dynamics  of  the  target  profiles  which  it  can  generate.  Another  problem  is  that  flexible 
cables  must  be  used  between  the  antenna  and  the  rest  of  the  HIL  system,  which  will  add 
to  the  cost  of  the  system  as  well  as  introducing  signal  distortion  during  movement.  To 
move  the  HIL  system  with  the  antenna  is  not  really  an  option  because  of  the  size  and 
weight  that  must  be  moved,  as  well  as  the  necessity  of  supplying  power  to  the  system  still 
means  a  form  of  cable,  even  if  the  control  can  be  done  via  wireless  link. 

A  second  approach  would  be  to  make  use  of  a  large  number  of  fixed  antennas,  and  the  RF 
is  switched  from  the  HIL  system  to  a  specific  antenna.  By  using  fast  switches  this  can  be 
done  at  high  rates.  The  number  of  antennas,  and  thus  switches  needed  for  this  makes  this 
solution  impractical. 

The  solution  suggested  in  this  paper  utilizes  a  very  sparse  array  of  antennas  to  illuminate 
the  radar  antenna  under  test.  By  varying  the  relative  amplitude  and  phase  of  the  antennas 
in  the  array,  the  apparent  direction  of  arrival  (DOA)  of  the  simulator  can  be  changed. 
From  a  cost  perspective  it  is  important  to  minimize  the  number  of  antenna  elements  as 
this  determines  the  cost.  Ideally  only  four  elements  should  be  used  at  any  one  time.  If  it  is 
necessary  to  simulate  large  angles,  more  elements  can  be  used,  and  the  four  appropriate 
elements  selected.  If  this  is  done  using  switches  after  the  amplitude  and  phase  selection, 
care  will  have  to  be  taken  to  ensure  that  the  amplitude  and  phase  selected  is  preserved. 
This  should  be  possible  with  careful  calibration. 

2.  Simulation  scenario 

To  prove  the  concept  a  specific  scenario  was  selected  for  the  simulation  study.  The  radar 
antenna  chosen  is  a  1.2  m  monopulse  antenna  operating  at  9.5  GHz.  The  antenna  was 
simulated  as  a  square  array  consisting  of  omnidirectional  elements  and  element  spacing 
such  that  the  antenna  can  have  a  scan  angle  up  to  90°.  A  cos2  aperture  taper  was  applied 
to  the  array  for  the  sum  pattern.  An  extra  cos  type  correction  was  applied  for  the 
difference  patterns  in  the  middle  of  the  aperture  so  as  not  to  have  the  abrupt  change  in 
magnitude  that  would  other  wise  happen.  This  setup  was  chosen  to  give  results  that  are 
close  to  what  could  be  expected  with  a  multi-mode  monopulse  horn  feed.  Figure  5, 
Figure  6  and  Figure  7  gives  the  aperture  distribution  for  the  sum,  azimuth  difference  and 
elevation  difference  patterns  respectively.  Figure  8,  Figure  9  and  Figure  10  shows  the 
close  in  antenna  patterns  of  the  simulated  antenna.  Figure  11  and  Figure  12  show  the 
error  function  of  the  simulated  antenna  for  the  azimuth  and  elevation  channels 
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respectively.  Figure  13,  Figure  14  and  Figure  15  show  the  antenna  patterns  over  a  wider 
angular  range. 

The  simulator  array  is  a  set  of  four  horn  antennas  (similar  to  the  AEL  type  pinwall 
wideband  (2-18  GHz)  horns)  mounted  at  the  four  comers  of  a  square,  orthogonal  to  the 
radiation  direction  of  the  monopulse  antenna.  The  array  is  at  distance  of  30  m  from  the 
radar  antenna.  For  this  scenario  where  the  radar  antenna  and  simulation  array  are 
symmetrical,  the  weights  chosen  for  the  simulation  array  antennas  were  chosen  as  real 
weights  (no  phase  control)  and  with  the  weights  selected  by  two  independent  variables 
Wx  and  Wy.  Each  weight  is  allowed  to  vary  between  0  and  1.  The  actual  weights  of  the 
four  horns  are  then  combination  of  the  product  of  Wx,  Wy,  (1-  Wx)  and  (1-  Wy).  Figure  16 
shows  the  geometry  and  the  amplitude  weights  of  each  hom. 

The  simulations  were  conducted  for  different  element  spacings  so  as  to  determine  the 
maximum  practical  spacing  could  be  obtained  while  still  produce  good  results. 


Figure  5  Aperture  distribution  used  for  the  Sum  pattern. 
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Figure  9  Azimuth  difference  pattern  of  simulated  antenna. 
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Figure  11  Error  slope  in  the  azimuth  principle  plane. 
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Azimuth  difference  pattern  of  simulated  antenna 


Figure  14  Azimuth  difference  pattern  of  simulated  antenna  (central  20°). 


Elevation  difference  pattern  of  simulated  antenna 
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Figure  15  Elevation  difference  pattern  of  simulated  antenna  (central  20°). 


Figure  16  Geometry  of  the  problem. 


Simulation  results 

Figure  17  and  Figure  18  show  the  perceived  angle  of  arrivals  as  a  function  of  the 
amplitude  weights  of  the  antennas  for  an  antenna  spacing  of  2m.  Figure  19,  Figure  20 
and  Figure  21  show  the  magnitude  of  the  received  signal  in  the  three  antenna  ports  as  a 
function  of  the  simulated  angles.  It  can  be  seen  that  this  resembles  the  antenna  patterns  of 
the  antenna  as  seen  in  Figure  8,  Figure  9  and  Figure  10.  One  difference  is  that  there  is  no 
amplitude  variation  in  the  main  beam  for  the  sum  direction.  Because  this  variation  is 
missing  in  all  the  antenna  ports,  this  introduces  no  error  in  the  direction  of  arrival. 

Figure  22  and  Figure  23  show  the  perceived  angle  of  arrivals  as  a  function  of  the 
amplitude  weights  of  the  antennas  for  an  antenna  spacing  of  4m.  Figure  24,  Figure  25 
and  Figure  26  show  the  magnitude  of  the  received  signal  in  the  three  antenna  ports  as  a 
function  of  the  simulated  angles.  Again  a  good  resemblance  to  the  antenna  patterns  is 
seen.  The  magnitude  variations  on  the  antennas  are  now  smaller  for  coverage  of  the  full 
main  beam  of  the  antenna  under  test. 

Figure  27  and  Figure  28  show  the  perceived  angle  of  arrivals  as  a  function  of  the 
amplitude  weights  of  the  antennas  for  an  antenna  spacing  of  6m.  From  the  plots  it  can  be 
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seen  that  only  a  very  small  portion  of  the  main  beam  is  covered  and  the  technique  fails 
for  this  spacing. 

A  spacing  of  4m  for  this  antenna  size  means  that  only  a  limited  number  of  antennas  are 
needed  to  cover  an  area  large  enough  for  experiments. 


Figure  19  Sum  channel  magnitude  seen  by  the  radar  as  a  function  of  simulated  angles  for  an  element 

spacing  of  2m. 
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Figure  20  Azimuth  difference  channel  magnitude  seen  by  the  radar  as  a  function  of  simulated  angles 

for  an  element  spacing  of  2m. 


Figure  21  Elevation  difference  channel  magnitude  seen  by  the  radar  as  a  function  of  simulated  angles 

for  an  element  spacing  of  2m. 
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Figure  25  Azimuth  difference  channel  magnitude  seen  by  the  radar  as  a  function  of  simulated  angles 

for  an  element  spacing  of  4m. 
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Figure  26  Elevation  difference  channel  magnitude  seen  by  the  radar  as  a  function  of  simulated  angles 

for  an  element  spacing  of  4m. 


Figure  27  Theta  angle  seen  by  the  radar  as  a  function  of  the  element  weights  for  an  element  spacing 

of  6m. 
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Phi  seen  by  antenna  as  a  function  of  magnitudes 


Figure  28  Phi  angle  seen  by  the  radar  as  a  function  of  the  element  weights  for  an  element  spacing  of 

6m. 


4.  Conclusions 

Using  only  these  four  antennas  spaced  four  meters  apart,  the  complete  tracking  volume  of 
the  monopulse  antenna  was  covered  This  means  that  about  48  by  24  antennas  are  needed 
for  a  full  spherical  coverage  around  the  antenna. 

This  technique  appears  to  have  merits  and  further  investigation  is  planned. 
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Abstract:  A  wideband  folded  horn  antenna  (FHA)  array,  which  can  handle  a  20  kV 
impulse  input  signal,  is  proposed.  To  reduce  the  overall  dimension  of  a  conventional 
TEM  horn  antenna,  the  radiating  element  of  the  proposed  antenna  is  folded  twice 
parallel  to  the  direction  of  the  electric  field.  The  proposed  antenna  can  operate  as  a 
combination  three  TEM  horn  antennas  of  different  lengths.  Folding  the  radiator 
twice  to  effectively  cover  the  wide  frequency  band,  the  proposed  antenna  gives  one 
main  horn  and  six  sub-horn  elements  (four  smaller  horns  and  two  larger  horns).  A 
20kV  impulse  input  signal  is  divided  into  the  1x4  FHA  elements.  The  divider  has  a 
stripline  structure  and  is  designed  as  the  transformer.  The  proposed  folded  horn 
antenna  array  consists  of  a  radiator  with  folded  horn  structure  and  a  stripline 
structure  power  divider,  and  air  breakdown  is  also  considered.  Overall  size  is  1790 
mm  x  1050  mm  x  360  mm  and  its  impedance  bandwidth  (VSWR<3)  is  1349  MHz 
(131  ~  1480  MHz). 

1.  Introduction 


Recently,  as  the  technology  of  electronic  communication  grows,  the  effect  and  precaution 
of  high  power  electromagnetic  waves  on  communication  devices  have  been  studied.  Also, 
generating  the  strong  electromagnetic  wave  using  the  high  power  microwave  (HPM) 
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system  and  then  testing  its  effect  on  the  targeted  devices  has  been  performed  and  studied. 
In  the  HPM  system,  the  high  power  signal  is  required  to  transmit  the  desired  signal  level 
to  the  targets.  The  power  capacity  of  the  HPM  system  can  be  limited  by  a  breakdown.  If  a 
breakdown  occurs  by  the  high  power,  an  efficiency  of  the  power  transmission  is 
decreased.  Also  the  high  power  signal  can  be  reflected  to  its  source  due  to  a  short,  and 
then  it  may  break  the  source.  A  breakdown  has  been  studied  with  various  materials,  but 
in  this  paper  it  is  only  considered  in  the  air.  In  general,  it  is  well-known  that  air 
breakdown  occurs  at  30  kV/cm  [1].  To  prevent  a  breakdown  in  a  HPM  system,  the 
antenna  array  and  the  power  divider  are  also  designed  carefully  since  an  air  breakdown 
may  occur  at  both  the  radiating  elements  and  the  divider.  For  a  HPM  system  which  uses  a 
high  power  short  impulse  as  its  input  signal,  in  general,  an  antenna  must  operate  at  the 
ultra  wide  band  (UWB)  in  the  frequency  domain.  Although  the  TEM  horn  antennas  have 
been  widely  used  to  radiate  impulse  signals  [2],  in  this  paper,  a  FHA  is  proposed  to 
reduce  the  dimension  of  the  conventional  TEM  horn  antenna,  and  it  can  be  used  for  the 
HPM  system  which  uses  20kV  of  impulse  with  500ps  of  rising  time  as  the  input  signal. 


2.  Design  of  the  Folded  Horn  Array  Elements 

A  conventional  TEM  horn  antenna  is  very  useful  to  transmit  the  pulse  signal  since  it 
transmits  a  TEM  wave,  but  it  also  has  a  disadvantage  of  large  size  in  the  low  frequency 
band,  that  is,  its  size  goes  up  as  the  frequency  becomes  lower  [3].  The  proposed  FHA  can 
reduce  the  size  of  a  conventional  TEM  horn  antenna  by  still  maintaining  the  structural 
and  electrical  advantages  of  a  TEM  horn  antenna.  The  performance  of  a  conventional 
TEM  horn  antenna  is  determined  by  the  antenna  length,  the  conducting  plate  spacing,  and 
the  angle  between  the  antenna  radiators  [4].  Figure  1  shows  a  conventional  TEM  horn 
antenna  and  the  proposed  FHA  which  is  a  TEM  horn  antenna  folded  once.  For  a 
conventional  TEM  horn  antenna,  one  can  easily  see  the  relation  among  the  antenna 
length,  the  conducting  plate  spacing,  and  the  angle  between  radiators: 

tan(#/2)  =  A/2/  (1) 

where  d  is  the  angle  between  two  radiating  plates  of  the  TEM  horn  antenna,  l  is  the 
antenna  length,  and  A  indicates  the  conducting  plate  spacing.  The  conducting  plate 
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spacing  (A)  at  the  “mouth”  should  be  at  least  half  wavelength  ( Xf2 )  long.  The  FHA  is 
W-shape  shown  as  the  solid  line  along  the  segment  g-b-e-c-i  in  Figure  1.  The  segment  g- 
a-i  displays  a  conventional  structure  of  the  TEM  horn  antenna.  For  higher  mode  mutual 
suppression  of  the  FHA,  the  length  C  is  optimized  [5].  Then,  at  the  half  length  (Po  level) 
of  B,  the  antenna  is  folded  once  parallel  to  the  direction  of  electric  field.  Now,  a  FHA 
consists  of  three  horn  antennas:  two  smaller  horns  and  one  larger  horn.  Two  small  horn 

antennas  (two  ©s)  include  the  segments  d-b-e  and  e-c-f,  and  one  main  horn  antenna  (©) 

is  formed  along  the  segment  g-b-e-c-i.  Repeating  the  same  procedure,  the  numbers  (N)  of 
horn  antennas  and  the  level  of  the  antenna  aperture  (Pm)  to  be  needed  for  the  FHA  can  be 
easily  calculated  by 

N  =  2m-l.  (2) 

Figure  2  shows  the  FHA  which  is  folded  twice  (on  the  axis  of  Pi ,  Po)  parallel  to  the 
direction  of  the  electric  field.  Now,  the  proposed  FHA  has  the  1  x  4  elements  of  an  array, 
and  the  length  of  the  TEM  hom  antenna  is  reduced  by  folding  it  twice.  Figure  3  shows 
the  structure  of  the  proposed  antenna  used  for  EM  simulation  of  CST  [6],  The  antenna  is 
designed  by  three  levels  of  Pi,P2,  and  P3.  The  largest  hom  antenna  ((3))  operates  at  the 
lowest  frequency  band.  Two  hom  antennas  ((2))  and  four  hom  antennas  (©)  operate  at 
the  middle  frequency  and  at  the  highest  frequency  band,  respectively.  In  other  words,  the 
proposed  antenna  consists  of  three  different  sizes  of  the  TEM  hom  antennas.  Figure  4  and 
5  show  the  dimension  of  the  proposed  antenna  in  x-y  plane  and  y-z  plane,  respectively. 
The  distance  of  the  gap  (gapa,  gapb,  gapc,  and  gapd)  between  the  conducting  plates  as 
shown  in  Figure  5  is  maintained  by  18.5  mm,  in  this  work,  to  avoid  the  air  breakdown  for 
a  20  kV  impulse. 

3.  Design  of  the  Power  Divider 

The  proposed  antenna  consists  of  four  TEM  hom  antennas  between  Po  and  Pi  levels. 
Then,  the  4  way  power  divider  is  required  to  feed  each  radiating  element.  In  the  HPM 
system,  the  waveguide  structure  is  widely  used  to  transmit  the  high  power  energy  to  the 
antenna.  However,  it  is  limited  to  use  the  waveguide  for  the  UWB  HPM  system  since 
each  waveguide  has  the  cut-off  frequency.  In  this  paper,  a  high  power  ultra  wide  band 
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power  divider,  which  has  a  strip  structure,  is  designed  to  simultaneously  feed  four  small 
horn  antennas  as  shown  in  Figure  5.  Figure  6  shows  the  detailed  drawing  of  the  designed 
power  divider.  The  input  impedance  of  the  power  divider  is  50  ohms,  and  a  strip  structure 
using  transformer  is  constructed  to  obtain  wide  bandwidth.  The  impedance  at  each  term 
of  the  power  divider  is  150  ohms,  and  they  are  constructed  as  the  four  way  structure  so 
that  they  excite  four  horn  antennas  (0)  with  the  uniform  amplitude  and  the  phase 
between  the  Poand  Pi  level  as  shown  in  Figure  3.  Also,  to  avoid  the  air  breakdown  at  the 
power  divider,  the  distance  between  the  stripline  and  ground  plane  in  the  strip  structure  is 
maintained  at  9.5mm.  The  size  of  the  power  divider  is  1350  mm  x  150  mm  x  24  mm. 

4.  Proposed  Folded  Horn  Antenna  Array 

Figure  7  shows  the  photograph  of  the  proposed  FHA  array.  The  antenna  mainly  consists 
of  the  folded  horn  structure  radiators  and  the  stripline  power  divider.  The  ground  of  the 
power  divider  is  formed  by  Duralumin  (thickness=2  mm),  and  a  copper  (thickness=l 
mm)  is  used  for  the  stripline.  At  the  input  port  of  the  power  divider,  50  ohms  of  the  DIN 
type-connector  is  used.  Maintaining  the  uniform  height  between  the  stripline  and  the 
ground  of  the  stripline  type  of  the  power  divider  by  the  Polyethylene  ( e r  =  2.25 ) 
supporters  and  the  screw  bolts,  the  performance  variation  of  the  power  divider  is 
minimized.  Also,  the  firm  electrical  contact  between  the  power  divider  and  the  radiator 
maintained  by  the  support-3  (Polyethylene:  er  =  2.25).  The  support-3  not  only  keeps  the 
good  electrical  contact  but  also  aids  in  avoiding  the  air  breakdown  between  the  stripline 
feed  and  the  radiating  element.  The  support-4  (Polyethylene:  £r  =  2.25)  maintains  good 
electrical  contact  between  the  DIN  type-connector  and  the  input  part  of  4  way  power 
divider,  and  it  also  aids  in  preventing  the  air  breakdown.  Figure  8  shows  the  proposed 
FHA  which  is  set  up  for  the  radiation  pattern  measurement  in  an  anechoic  chamber.  The 
Duralumin  (thickness=2  mm)  is  used  for  the  radiating  elements  since  it  is  very  light  and 
has  high  conductivity.  To  maintain  the  antenna  elements  firmly,  the  support- 1  (Poly 
carbonate:  er  =3.1)  and  support-2  (Acrylic:  er  =  2.5)  are  also  used. 

5.  Simulation  and  Experimental  Results 

Figure  9  shows  the  simulated  dB  magnitude  of  Sn  of  the  proposed  antenna.  The  solid 
line  indicates  the  results  of  the  antenna  structure  without  the  dielectric  supporters  as 
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shown  in  Figure  3,  and  the  dashed  line  shows  the  result  with  the  various  dielectric 
supports  (support- 1,  2,  3  and  4).  It  is  noticed  that  the  proposed  antenna  has  a  wide 
bandwidth  (about  200  to  1200  MHz  except  the  frequency  band  “a”  between  470  and 
560MHz)  when  VSWR  <  3.  Figure  10  shows  the  measured  dB  magnitude  of  Sn  of  the 
proposed  FHA.  The  measured  antenna  bandwidth  is  1349  MHz  (131-1480  MHz, 
VSWR<3).  It  is  noticed  that  there  is  a  small  difference  between  the  measured  and 
simulated  result.  Figure  1 1  shows  the  simulated  and  measured  radiation  patterns  in  the  y- 
z  plane.  Table  1  shows  the  simulated  and  measured  gains  and  HPBWs  of  the  proposed 
FHA  from  400  MHz  to  1 100  MHz. 

6.  Conclusion 

The  FHA  array  which  has  a  folded  TEM  horn  radiating  elements  and  the  power  divider  is 
proposed  to  reduce  the  length  of  the  conventional  TEM  horn  antenna.  The  proposed  FHA 
array  has  a  wide  bandwidth  (131-1480  MHz,  VSWR<3),  and  its  length  is  reduced  up  to 
about  73%  of  the  length  of  a  conventional  TEM  hom  antenna  in  the  same  frequency  band. 
The  proposed  antenna  is  designed  to  resist  against  20kV  impulse  in  the  air.  In  the  future, 
the  proposed  antenna  will  be  studied  and  improved  for  broader  band  operation,  higher 
gain,  and  higher  power  application  up  to  lOOkV  impulse. 
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Figure  1 .  Folded  horn  antenna  structure  folded  once  parallel  to  the  direction  of  electric 
field 


Figure  2.  Folded  horn  antenna  structure  folded  twice  parallel  to  the  direction  of  electric 
field 
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Radiator 


Power  Divider 


Figure  3.  Antenna  structure  for  simulation  by  CST  (unit:  mm) 


Figure  4.  Dimension  of  the  antenna  in  the  x-y  plane  (unit:  mm) 


Figure  5.  Dimension  of  the  antenna  in  the  y-z  plane  (unit:  mm) 
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Figure  6.  Impedance  at  each  port  of  the  power  divider  for  simulation 


Strip  fine 

Figure  7.  Structure  of  the  proposed  antenna  in  the  y-z  plane 


Figure  8.  Photograph  of  the  proposed  antenna 
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Figure  10.  Measured  dB  magnitude  of  Sn  of  the  proposed  antenna 
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Figure  11.  Simulated  and  measured  radiation  patterns  at  z-x  plane 


Table  1  Compared  result  of  measured  and  simulation 


Simulation 

Measurement 

y-z  plane 

y-z  plane 

Frequency 

Gmax 

HPBW 

' 

Gmax 

HPBW 

(MHz) 

(dBi) 

( Degree) 

(dBi) 

( Degree) 

400 

8.8 

20.5 

8.6 

500 

10.0 

17.4 

8.9 

17.9 

600 

10.3 

14.4 

11.0 

17.4 

700 

11.2 

12.3 

12.4 

13.5 

800 

11.8 

13.0 

14.1 

900 

12.6 

11.3 

12.4 

11.1 

1000 

13.8 

10.3 

10.6 

1100 

14.0 

9.4 

13.7 

9.7 
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ABSTRACT 

Conformal  antenna  materials  technology  is  being  developed  that  enables  new 
designs  using  “painted-on”  robotic  manufacturing  methods.  This  research  [1]  is 
addressing  the  need  for  new  and  novel  antenna  manufacturing  techniques  for  future 
aerospace  applications.  Antenna  arrays  on  composite  aircraft  structures  are  usually 
flush-mounted  to  provide  size  and  weight  reductions  to  the  extent  possible  without 
affecting  aerodynamic  performance.  Unfortunately,  conventional  design  methods 
are  difficult  to  apply  to  complex  geometries  such  as  high  performance  aircraft  i.e. 
UCAV’s  and  advanced  Sensorcraft  designs.  These  design  methods  are  typically  used 
on  singly  curved  surfaces  with  large  radii  of  curvature  but  difficult  to  apply  when 
surfaces  with  small  radii  of  curvature,  doubly  curved  objects,  or  multi-layer 
configurations  are  encountered.  Therefore,  new  technologies  are  being  developed 
that  will  enable  robotic  applications  of  polymer  dielectric  layers  and  conductive 
coatings  to  form  radiating  antenna  arrays  with  feed  manifolds  directly  onto  complex 
structures.  This  paper  describes  the  progress  of  materials  research  with 
experimental  results  on  characteristics  of  newly  developed  unique  and  patented 
dielectric  and  conductive  coatings. 

1.  Introduction 

New  innovative  concepts  are  needed  for  designing  conformal  antennas  for  a  full  spectrum 
of  military,  aerospace,  and  civilian  applications.  Conventional  conformal  antennas  are 
designed  to  be  ‘flush-mounted’  to  the  shape  of  the  aircraft,  spacecraft  or  ground  vehicles. 
Design  considerations  for  conformal  antennas  include  requirements  such  as:  reduce 
aerodynamic  drag  and  heating  effects,  provide  specific  radiation  pattern  characteristics, 
achieve  stealth  capabilities,  achieve  improved  mobility,  and  security  communication 
requirements.  In  the  past,  designing  antennas  to  ‘conform’  to  complex  shapes  and 
geometries  as  depicted  in  Figure  1,  as  well  as  to  thin  film  membrane  materials  and  fabrics 
is  indeed  challenging.  Therefore,  the  purpose  of  this  research  proposal  is  to  address  this 
opportunity  and  to  provide  a  class  of  new  conformal  antenna  materials  (and  designs)  for 
military  and  aerospace  applications.  On  August  31,  2004,  Applied  EM,  Inc.  (AEM)  was 
awarded  a  Phase  II  SBIR  to  continue  the  research  and  to  apply  this  technology  to  design 
an  end-fire  phased  array  antenna  for  an  aircraft  wing  configuratioa 
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Conformal  Antenna  Materials  Technology 


Figure  1  -  Conformal  Antenna  Materials  Technology  research  program  goals  and 
potential  applications  of  the  technology. 


During  Phase  I,  AEM  teamed  with  Unitech,  LLC  to  develop  the  basic  elements  of 
conformal  antenna  materials,  and  these  accomplishments  provided  the  foundation  for  the 
Phase  II  research  activities.  Major  accomplishments  during  Phase  I  are  listed  below: 


•  Developed  several  polymer-based  dielectric  coatings  that  are  compatible  with 
robotic  spray  applications  and  achieved  layer  thickness  capability  from  0.020  - 
0.100  inches  which  are  suitable  for  building  multiple  layers. 

•  Developed  polymer-based  dielectric  coatings  that  exhibit  dielectric  constants  from 
2.1  to  3.0  with  loss  tangent  in  the  range  of  0.04-0.08  at  X-Band. 

•  Developed  methodology  for  using  laser-cut,  pressure  sensitive  adhesive  templates 
for  applying  “paint-on”  circuits  of  microstrip  antennas  and  microstrip 
transmission  lines. 

•  Applied  EM  software  analysis  tools  were  demonstrated  (and  verified  with 
measurements)  for  various  microstrip  element  configurations. 

•  Developed  EM  properties  characterizations  of  dielectric  and  conductive  material 
coatings  using  NASA  Langley’s  Electromagnetic  Properties  Measurement 
Laboratory  (EPML). 

•  Developed  antenna  experiments  to  demonstrate  and  verify  the  concept  for  “paint- 
on”  conformal  antenna  designs. 

•  Formulated  an  experimental  concept  for  integrated  wing  array  design 
experiments. 

•  Developed  “spray-on”  techniques  that  enable  manufacturing  methods  for  “paint- 
on”  conformal  antenna  designs. 
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Investigated  (and  tested)  EM  compatible  coatings  for  sand/rain  erosion  protection 
for  the  conformal  antenna  designs. 


During  Phase  II,  AEM  added  Composite  Optics-ATK  and  Pratt  and  Whitney  to  the  team 
to  expand  and  develop  the  experimental  wing  phased  array  that  simulates  the  application 
of  “paint-on”  antennas  to  a  specific  aircraft  structure.  The  details  regarding  the  phased 
array  wing  design  and  development  are  presented  in  reference  [2]  and  will  not  be 
discussed  in  this  paper.  The  basic  goals  of  the  Phase  II  program  are  to  expand  the 
development  of  the  technology  and,  as  depicted  in  Figure  2,  investigate  robotic 


manufacturing  methods  for  “paint-on”  conformal  antenna  designs. 


Conformal  Antenna  Materials  Technology 

Technical  Emphasis  for  Phase  II  with  Enhancement  Funding 


Phase  II  Task  Emphasis 
Wing  Array  Development 


1 

Enhancement  Task  .Emphasis 
Faint-On  Antenna  Manufacturing  Methods 
Multi-Layer  Conformal  Antennas 


*  Evaluate  manufacturing  methods  (robotic  spraying, 
laser  printing,  conductive  ink,  etc.) 

1  EM  simulation  and  modeling  of  antenna  test  models 

*  Develop  antenna  experimental  models  “manufactured 
using  selected  manufacturing  methods 

*  Develop  multi-layer  conformal  antenna  elements 

■  Apply  selected  manufacturing  methods  for  multi-layerj 
element  designs 

■  EM  simulation  and  modeling  of  manufactured 
multi-layer  element  antennas 


Figure  2  -  Technical  emphasis  for  Phase  II  with  the  Enhancement  funding  award. 


The  research  goals  for  the  Enhancement  Award  activities  have  been  integrated  with  the 
existing  Phase  II  tasks  to  demonstrate  manufacturing  methods  for  conformal  “paint-on” 
antenna  technology. 


2.  Research  Requirements 

Research  requirements  were  established  early  in  the  program  in  polymer  materials, 
antenna  designs,  EM  analysis,  and  experimental  array  designs.  The  Air  Force  Research 
Laboratory  (AFRL)  personnel  suggested  a  possible  demonstration  of  the  technology  by 
designing  an  end-fire  phased  array  antenna  that  could  be  integrated  with  a  scaled  wing 
profile  of  a  high  performance  aircraft.  This  ‘focused  design’  application  provided  a  clear 
direction  for  the  Conformal  Antenna  Materials  technology  program  and  a  means  to 
evaluate  the  readiness  level  of  this  technology.  A  “focus  mission”  concept  has  not  only 
provided  an  operational  goal  for  the  SBIR,  it  defined  many  of  the  tasks  for  the  Phase  II 
work  plan. 
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Classification  of  Material  Coatings:  New  polymer-based  dielectric  materials  were 
required  that  exhibited  the  rheology  to  produce  relatively  thick  coatings  with  low 
dielectric  constants  and  with  low  loss  tangents.  Therefore,  several  developmental 
categories  were  identified  for  Unitech’s  material  coatings  which  includes  Unishield®  [3] 
and  these  are  listed  below.  Category  (1)  was  the  emphasis  for  this  SBIR  whereas 
categories  (2)  and  (3)  are  considered  to  be  “spin-off’  technologies  that  could  be  pursued 
through  possible  commercialization  efforts  after  the  completion  of  the  SBIR  research. 

(1)  “Paint-On”  Antenna  Designs 

(a)  Dielectric  Layers:  Epoxy-based  dielectrics  to  include  quartz  filler  and  no- 
filler  resin  designs  along  with  casting  and  spraying  application  methods. 
Estimated  Range  of  Dielectric  Constant:  8  =  2.0  to  4.0;  will  determine 
tolerance  variations  of  dielectric  constant.  The  epoxy-based  coatings 
enable  thicker  substrate  layers  and  compounding  to  produce  lower  losses. 
Layer  Thickness:  The  range  of  substrate  thickness  shall  be  0.0625-0.100 
inches. 

(b)  Unishield  Conductive  Layer;  Weight  -  0.0217  lbs./sq.  ft.;  with  high 
ranges  of  conductivities. 

(c)  Unishield  Layer  Thickness:  2-3  mils  of  dry  film  thickness  (DFT)  (  3  mils 
per  layer). 

(2)  “Flex”  Substrate  Designs 

(a)  Dielectric  Substrates: 

Urethane  Foam  material 
-  Urethane  Elastomer  material 

Moldable  dielectric  (Refractory  Sheet) 

Layer  Thickness:  0. 1 58,  0. 1 33-inches. 

Dielectric  Constant:  (Range  of  dielectric  constants  to  be  determined) 

(b)  Conductive  Layer:  ‘Super’  Flex  Unishield  with  high  range  of 
conductivity. 

(3)  Laminated  Antenna  Designs 

(a)  Quartz-Honeycomb  core  materials 

(b)  RP-46  Composite  Resin  (Dielectric) 

Dielectric  Constant:  s  =  2.9;  s11  =  0.001  @  10  GHz. 

(c)  Conductive  Unishield/RP-50  coating  resin  (600°  F  Curing  Temp.) 

Film  Thickness  Control  Methods:  Film  thickness  control  methods  are  required  for  all 
spray-on  coatings  using  polymer-based  materials.  Initially,  water-based  emulsion  type 
systems  were  desired  to  achieve  the  dielectric  film  build  layer.  Emulsion  systems  do  not 
provide  the  film-build  capabilities  that  are  necessary  to  achieve  the  range  of  layer 
thicknesses  for  conformal  antennas.  Even  though  various  fillers  can  be  used  with  these 
emulsion  polymers,  it  is  still  difficult  to  achieve  high  film  build  and  thick  substrate  layers 
using  these  formulations.  So,  initially,  the  development  of  polymer  epoxy-based  coatings 
were  selected  so  that  higher  film  builds  could  be  achieved. 


333 


Dielectric  and  conductive  coatings  were  sprayed  to  determine  and  repeatable  film 
thickness  and  then  evaluated  for  accuracy.  Based  on  the  results  of  the  various  trial  runs,  a 
final  film  thickness  control  procedure  was  selected. 

Selection  of  EM  Analysis  Methods :  AEM  uses  commercially  available  EM  software 
such  as  FEKO  [4],  Specifically,  FEKO  software  code  was  used  to  predict  EM 
performance  of  two  classes  of  microstrip  antennas;  (1)  monopole  pattern  configuration 
and  (2)  slot  radiation  pattern-configuration.  The  impedance,  bandwidth  and  radiation 
patterns  of  the  microstrip  antennas  were  predicted  and  compared  with  the  painted-on 
antenna  experiments  with  good  agreement.  These  results  are  discussed  later  in  this  paper. 

Test  Requirements  for  EM  Properties  of  Material  Specimen:  Test  requirements  were 
established  for  precision  network  analyzers  to  measure  the  EM  properties  of  all  material 
specimens  that  were  developed.  A  plan  for  all  of  the  SBIR  material  property  EM  tests 
emphasized  C-Band  and  X-Band  frequencies. 

Conformal  Antenna  Design  Requirements  -  “Focused  Mission  Array  Design”:  The 

overall  goal  of  this  research  project  is  to  demonstrate  the  design  capability  for  “paint-on” 
conformal  antennas  and  to  focus  this  research  to  enable  potential  applications  of  the 
technology.  Therefore,  the  “Focused  Mission”  concept  established  the  technology 
requirements  for  the  Phase-II  task  activities.  The  technical  results  could,  possibly, 
provide  contributions  to  on-going  flight  programs  such  as  the  SensorCraft  Technology 
Program,  Uninhabited  Airborne  Vehicle  (UAV),  or,  possibly,  the  Joined- Wing  Air  Force 
Project.  Related  to  these  missions  are  performance  specifications  that  could  be  useful  to 
determine  the  integration  and  environmental  requirements  for  conformal  antennas 
required  for  these  missions.  A  phased  end-fire  antenna  array  concept  was  selected  that 
will  be  integrated  with  wing  cross  sections  shown  in  Figure  3.  The  wing  cross-section 
data  was  provided  by  Air  Force  Research  Laboratory  personnel. 


Figure  3  -  Wing  configuration  selected  for  the  end-fire  phased  array  antenna  design. 


Also,  AFRL  personnel  emphasized  wide  bandwidth  (5-10%)  designs,  but  it  is  important 
that  the  basic  capabilities  for  “paint-on”  antenna  technology  be  developed  first  and  then 
wider  bandwidth  designs  can  be  developed.  If  the  initial  emphasis  was  placed  on 
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achieving  wide  bandwidths  (say  10%  or  greater),  then  the  basic  technology  for  “paint-on” 
antennas  could  have  been  reduced.  For  reference  purposes,  the  data  from  [5]  Bailey  and 
Parks  and  Bailey  and  Desphande  [6]  provides  basic  relationships  for  square  and  circular 
microstrip  patch  antennas. 

An  intermediate  bandwidth  goal  of  (5-7%)  was  established  and  the  basic  square  patch 
microstrip  element  design  was  selected  using  parameters  for  that  purpose.  In  addition,  the 
selection  of  square  patch  element  designs  will  be  compatible  with  subsequent  array 
designs  for  end-fire  aircraft  (Sensorcraft)  wing  configurations.  Since  numerous 
microstrip  elements  designs  for  wide  band  operation  are  available  in  the  literature,  these 
designs  will  be  studied  later  using  the  technology  that  has  been  developed. 

3.  Development  of  Polymer-Based  Material  Coatings  for  Conformal 
Antenna  Design  Applications 

In  the  development  of  the  dielectric  materials  for  conformal  antennas,  three  parameters 
were  of  particular  interest:  1)  polymer  film  thickness,  2)  low  dielectric  constant  and  3) 
low  loss  tangent.  Since  most  standard  commercial  substrate  materials  include  a  basic 
thickness  of  0.062,”  this  thickness  was  selected  as  the  initial  goal  for  the  spray-on 
polymer-based  materials.  This  was  accomplished  by  using  a  controlled  amount  of 
material,  fixed  spray  pressure  and  flow  rate.  Once  the  thickness  of  each  spray  application 
was  determined,  we  were  able  to  achieve  our  goal  thickness  by  layering.  This  procedure 
was  repeated  over  three  different  applications  and  achieved  the  same  results. 

The  next  goal  was  to  develop  material  coatings  that  exhibit  low  dielectric  constants  and 
low  RF  losses.  Several  additional  polymer  options  were  considered  initially  which 
affects  the  electrical  properties  (dielectric  constant  and  dissipation  factor)  as  polymers 
react  with  the  epoxy.  An  Amidopolyamine  was  initially  used  as  a  crosslinker  and  the  EM 
test  results  for  these  samples  are  discussed  later  in  this  report.  In  considering  other 
polymers  for  example,  a  Triethylenetetramine  exhibits  a  dielectric  constant  of  3.2  at  1 
MHz  and  a  dissipation  factor  of  0.031.  For  this  material,  as  the  frequency  increases,  the 
dielectric  constant  tends  to  decrease  but  the  dissipation  factor  increases.  Another 
possibility  that  was  considered  was  Nadic  Methyl  Anhydride  that  has  a  dielectric  constant 
of  3. 1  @  1  MHZ  and  a  dissipation  factor  of  .015. 

A  database  on  polymer-based  dielectric  formulations  was  reviewed  and  compared  with 
preliminary  selections  and  then  final  material  selections  were  prepared  for  EM  tests.  The 
physical  characteristics  of  these  materials  were  investigated  as  well.  After  an  ‘optimum’ 
list  of  materials  was  selected,  formulations  were  fabricated  on  substrates  (60-80  mil  film 
thicknes).  Various  epoxy  base  polymers  were  prepared  using  a  variety  of  cross  linking 
agents.  Also,  Urethane  polymers  were  formulated  with  various  cross  linking  agents 
applicable  for  urethane  cross-linked  dielectric  materials.  Cyanate  Ester  polymers  were 
also  considered  as  a  coating  and  as  a  dielectric  matrix.  But,  initial  investigations  found 
that  most  of  the  commercially  available  Cyanate  Ester  polymers  are  engineered  for 
composite  manufacturing  and  would  not  be  compatible  with  the  antenna  coatings 
developments.  Essentially,  these  systems  are  characterized  by  long  cure  cycles  at 
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elevated  temperatures,  usually  greater  than  175°  C  or  347°  F.  and  the  use  of  pressure  to 
form  a  laminate.  Investigation  were  not  continued  regarding  a  suitable  Cyanate  Ester 
system  because  lower  temperature  cure  coating  system  are  required. 

Formulations  were  developed  for  the  epoxy  /polyamidoamine,  polysilazane,  silane 
modified  polyglycidyl  ether  /  cycloaliphatic  amine,  and  a  polyester  /  urethane.  In 
addition,  the  following  filler  formulations  were  developed;  epoxy  /polyamidoamine  with 
ceramic  filler,  glass  filler  and  boron  nitride  filler;  polysilazane  with  ceramic  filler;  silane 
modified  polyglycidyl  ether  /cycloaliphatic  amine  with  ceramic  filler  and  glass  fill.  The 
plan  for  materials  development  is  presented  in  Figure  4. 


mum 


20  to  30  Projected  sarrples  for  Dielectric  Constant  and  Loss  Tangent  screening 
5  to  10  Projected  sarrples  for  EM  measurements  at  NASA  Langley  EEB 


Figure  4  -  Flow  diagram  for  materials  and  process  development. 


Using  this  plan,  candidate  materials  were  formulated  and  prepared  for  EM  tests  and 
characterizations.  A  preliminary  list  of  these  materials  is  provided  in  table  I  showing  the 
code  number  designation  for  each  formula  and  the  composition. 


Formula  Code 

Polvmer  Base 

Filler  Material 

LB-064 

Epoxy  /  Polyamidoamine 

Fumed  Silica 

LB-065 

Epoxy  /  Polyamidoamine 

Ceramic 

LB-066 

Polysilazane 

None 
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LB-067 

Polysilazane 

Ceramic 

LB-068 

Epoxy  /  Polyamidoamine 

Glass 

LB-069 

Silane  /  Polyglycidyl  Ether 

None 

LB-070 

Silane  /  Polyglycidyl  Ether 

Ceramic 

LB-071 

Silane  /  Polyglycidyl  Ether 

Glass 

LB-072 

Epoxy  /  Polyamidoamine 

Boron  Nitride 

LB-073 

Epoxy  /  Polyamidoamine 

Polyester  / 

None 

LB-074 

Urethane 

None 

Table  I  -  Current  listing  of  developed  material  formulations  ready  for  EM  screening  tests. 

Dielectric  substrates  were  fabricated  for  each  of  these  formulations  and  they  consisted  of 
filled  and  unfilled  systems.  Several  sheets  (approximately  8xl2-inches,  0.0625-inch 
layer  thickness)  were  fabricated  by  spraying  the  polymer  based  dielectrics  onto  a  metallic 
ground  plane.  Individual  coupons  were  machined  from  the  dielectric  sheets  for 
waveguide  (EM)  testing  and  the  remainder  of  the  sheet  was  used  for  transmission  line 
assembly  testing.  In  addition,  experimental  trials  with  various  application  methods  were 
performed  to  determine  the  most  accurate  method  and  equipment  for  the  application  of 
the  selected  materials  to  curved  surface  (such  as  the  leading  edge  of  the  wing  geometry). 

Polymer  Dielectric  Testing; 

EM  tests  and  evaluations  were  conducted  in  accordance  with  the  plan  shown  in  Figure  5 
and  screening  tests  were  conducted  on  the  material  samples  using  the  precision  airline 
method  and  later,  samples  were  prepared  for  X-Band  waveguide  measurements.  This 
setup  provided  measurements  up  to  6  GHz.  Reproducibility  of  dielectric  materials  is  very 
important  and  was  addressed  as  selected  formulations  were  repeated  and  measured  during 
the  EM  coaxial  screening  measurements.  The  EM  measurement  procedures  outlined 
were  implemented  with  promising  results  as  variations  in  dielectric  constant  and  loss 
tangent  properties  for  the  various  polymer-based  coatings  were  obtained. 

EM  Measurements  of  Material  Properties 

Airline  test  specimens  were  prepared  for  each  formulations  listed  in  Table  I  and  EM  tests 
conducted  to  determine  the  dielectric  constant  and  loss  tangent.  Two  approaches  were 
investigated  initially  to  prepare  the  doughnut  samples  which  included  a  die  punch  to  form 
the  airline  “doughnut”  and  actual  machining  of  the  doughnut.  The  punch  set  was 
fabricated  to  fit  into  the  airline  tube.  But,  it  was  found  that  some  of  the  polymers  systems 
were  too  hard  for  the  punch  set  and  required  machining.  So,  machining  the  doughnut 
samples  from  a  “sheet”  of  coating  material  was  the  approach  implemented  for  the  EM 
measurements. 
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Figure  5  -  Development  and  Test  plan  for  polymer-based  dielectric  materials  for 
conformal  antenna  designs. 


Precision  airline  procedures  were  developed  to  test  the  material  samples  and  the  array  of 
instruments  used  to  measure  the  dielectric  specimens  are  presented  in  Figure  6.  Agilent 
software  was  used  to  calculate  the  dielectric  constant  and  loss  tangent  for  the  individual 
dielectric  “doughnuts”  and  MATLAB  was  used  for  plotting  the  final  results.  Material 
measurements  were  repeated  so  that  systematic  measurement  errors  can  be  determined. 
It  is  very  important  that  we  determine  the  variations  in  material  properties  due  to:  (1) 
variations  in  the  material  formulations,  (2)  variations  in  sample  thickness,  and  (3) 
variations  in  the  EM  properties  measurements.  Preliminary  results  indicated  slightly 
different  values  for  dielectric  constant  for  samples  of  different  thickness  of  the  same 
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Figure  6  -  Some  of  the  instruments  associated  with  the  coaxial  precision  airline  EM 
testing  of  dielectric  materials.  The  instruments  labeled  are:  (a)  calibration  kit,  (b)  sample 


338 


for  testing,  (c)  coaxial  cable  with  APC  connectors,  (d)  7  mm,  50  ohm  Airline,  (e) 
Network  Analyzer,  (f)  material  sample  extractor/inserter,  (g)  center  conductor  for  the 
Airline,  and  (h)  precision  measuring  calipers  for  material  thickness  measurements. 


The  setup  for  calibrating  and  material  measurements  and  the  components  used  are  shown 
in  Figure  7.  It  was  determined  that  approximately  100  dB  of  dynamic  range  is  required 
for  accurate  and  repeatable  measurements. 


Figure  7  -  Procedures  for  calibrating  the  network  analyzer  and  photograph  of  the  fill 
setup  for  dielectric  material  sample  measurements. 


The  lot  numbers  selected  for  re-measurements  are  LB-069,  070,  and  082.  These  selected 
examples  are  for  the  Epoxy  and  Silane/Polyglycidyle  Ether  polymer-based  systems  and 
associated  filler  materials  as  listed  in  Table  II.  These  systems  have  varying  physical 
characteristics  and  these  features  along  with  the  EM  properties  were  evaluated. 


|  For.  Code 

?®[y:nni@r  Bass 

Filler  Material 

LB-069 

Silane  /  Polyglycidyl  Ether 

None 

LB-070 

Silane  /  Polyglycidyl  Ether 

Ceramic 

LB-082 

Silane  /  Polyglycidyl  Ether 

Boron  Nitride 

Table  II  -  Preliminary  “down-selection”  of  polymer  dielectric  materials  having  favorable 
EM  characteristics. 


Typical  measurement  results  exhibited  by  these  samples  are  presented  in  Figures  9  for  the 
LB-070  formulation  and  similar  trends  were  obtained  for  LB-069  and  LB-082  but  are  not 
presented  in  this  report.  In  Figure  8,  it  can  be  seen  that  the  dielectric  constant  decreases 
with  frequency  as  it  should  but  effects  due  to  specimen  thickness  were,  also  observed. 
These  effects  were  determined  to  be  measurement  errors  going  from  one  setup  to  another 
and  slight  variations  in  material  formulations.  Since  the  wing  antenna  array  will  be 
designed  to  operate  at  5.5  GHz,  that  frequency  range  was  of  particular  interest  as  the  data 
on  dielectric  constant  and  loss  tangent  were  reviewed.  For  the  LB-069,  material  samples 
were  measured  and  re-measured  and  the  results  indicated  dielectric  constant  of  3.6  and 
3.43.  Also,  the  loss  tangent  was  measured  to  be  0.055  and  0.054  for  the  two 
measurements. 
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Figure  8  -  Dielectric  and  loss  tangent  measurement  results  for  LB-070  material. 


The  results  for  the  LB-070  indicated  less  variation  in  loss  tangent  but  noticeable 
variations  in  dielectric  constant  due  to  sample  thickness.  For  instance,  the  0.241 -cm 
sample  had  a  dielectric  constant  of  3.12  and  3.20  for  the  0.23 1-cm  sample.  These 
variations  indicated  that  the  consistency  in  the  formulations  had  to  be  improved  so  that 
the  use  of  the  material  properties  could  be  confidently  used  to  design  antennas. 

EM  measurements  were  conducted  on  all  the  samples  and  selected  samples  were  re¬ 
measured  to  determine  repeatability.  These  systems  have  varying  physical  characteristics 
and  these  features  along  with  the  EM  properties  were  evaluated  and  a  down-selection 
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process  was  initiated.  Previous  test  results  for  the  LB-070  indicated  less  variation  in  loss 
tangent  but  noticeable  variations  in  dielectric  constant  due  to  sample  thickness.  For 
instance,  the  0.241 -cm  sample  had  a  dielectric  constant  of  3.12  and  3.20  for  the  0.231 -cm 
sample.  These  variations  are  not  necessarily  bad  for  the  antenna  design  but  consistency 
is  required  in  all  material  formulations  for  antenna  design  applications 

Of  the  three  materials  down  selected,  LB069,  LB070  and  LB082,  they  each  had  certain 
attributes.  The  LB069  had  the  lowest  overall  dielectric  constant  at  an  average  of  2.765, 
but  the  loss  tangent  was  averaged  at  0.049.  The  LB082  had  a  good  dielectric  constant, 
average  of  2.985  and  a  loss  tangent  average  of  0.039 1 .  The  LB070  had  a  slightly  higher 
dielectric  constant,  averaging  3.049,  but  the  loss  tangent  averaged  0.0351.  All  three  of 
these  materials  were  made  from  the  same  Polyglycidyl  Ether  polymer.  The  differences 
found  in  the  dielectric  constant  and  loss  tangent  were  due  to  the  filler  effects.  Since  all 
three  materials  were  from  the  same  polymer  base,  only  slight  differences  in  performance 
were  expected  with  the  three  materials  chosen.  The  final  selection  of  the  baseline  material 
(LB -070)  was  then  based  on  RE  properties.  Figure  9  shows  the  spread  between  the 
“down  selected”  formulations  for  the  L-Band  /C-Band  (doughnut)  airline  measurements 
and  the  X-Band  waveguide  measurements.  .  The  LB070  was  chosen  based  on  the  lower 


Figure  9  -  Loss  tangent  versus  dielectric  constant  data  for  the  three  down  selected 
formulations  (LB-069,  LB-082,  and  LB-070). 

In  addition  to  the  development  and  testing  of  dielectric  coatings  was  the  need  to  develop 
highly  conductive  coatings  for  antenna  designs.  This  development  is  discussed  next. 

Advanced  Conductive  Coating  Development  (LB-088) 

Based  on  earlier  test  results,  the  RF  characteristics  of  baseline  Unishield  conductive 
coating  was  found  to  be  inadequate  for  antenna  feed  circuits  due  to  the  high  insertion  loss 
characteristics.  As  a  result,  a  new  and  improved  conductive  coating  (LB-088)  was 
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developed  and  preliminary  RF  tests  (shown  in  Figure  10)  indicated  good  results  for 
antenna  design  applications.  Additional  tests  were  conducted  to  evaluate  the  quality  of 
spray  applications.  In  each  test,  the  dry  film  thickness  and  resistance  of  the  sprayed 
coatings  were  measured. 

The  results  of  test  (#1)  indicated  a  dry  film  thickness  of  1.4-1. 6  mils  and  conductivity 
(resistance)  of  0.0 1 8  ohms  per  square.  Results  of  the  second  test  trial  indicated  a  dry  film 
thickness  of  1.1  to  1.2  mils  and  better  (resistance)  conductivity  of  0.009  ohms  per  square 
were  achieved.  LB-088  was  selected  for  all  subsequent  antenna  designs. _ 

Development  of  Advanced  Conductive  Coatings  for  Conformal  Antenna  Designs 


New  Conductive  Coating 
LB-088  - 

_  Approx. 

J.  i . . . | . . j .  !  1 .9  dB 

^  1  d-s  1  :  @6 

GHz 


1  GHz 


'se&.isimQm 


IdB/div. 


Standard  Patented  Unishield 
Conductive  Coating 


J  Approx.  || 

8.2  dB  L, 

|  @6  |§K 

I  GHz  S 


“r 


2  dB/div. 


6  GHz  II  1  GHz 


6  GHz 


igure  10  -  Comparison  of  loss  characteristics  of  the  new  conductive  coating  (LB-088) 
with  standard  Unishield  coating. 


During  preliminary  antenna  tests,  problems  were  encountered  (during  Phase  I)  when 
conductive  coatings  (not  LB-088)  were  applied  to  graphite  composite  materials. 
Essentially,  the  antenna  performance  such  as  the  resonant  frequency  and  radiation  pattern 
gain  levels  were  affected  by  the  poor  conductivity  with  the  ground  plane  coating.  In 
Phase  II,  this  problem  was  encountered  again  when  conductive  coatings  on  composite 
materials  were  measured.  The  problem  was  further  analyzed  by  inspecting  the  condition 
of  graphite  composite  materials  before  coating  and  when  the  resistance  of  the  composite 
materials  was  measured.  Initially,  it  appeared  that  the  continuity  of  an  antenna  ground 
plane  (using  conductive  coatings  on  the  graphite  composite  structure)  was  degraded  due 
to  coating  interactions.  Since  the  composite  materials  used  on  the  wing  model  will  be 
coated  with  the  painted-on  array,  this  problem  had  to  be  solved.  The  resistance  of  the 
(uncoated)  wing  surface  varied  greatly  depending  on  where  the  meter  probes  were  placed 
and  what  pressure  was  applied.  Also,  differences  were  observed  whether  the  composite 
surface  was  smooth  or  rough  -  which  means  resin  “rich”  or  resin  “starved.” 
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This  problem  became  more  evident  when  several  types  of  conductive  coatings  with  and 
without  sealant  coatings  were  applied  to  GFE  materials.  NASA  measurement  test  results 
produced  varying  shielding  effectiveness  levels  and  were  thereby  inconclusive  as  to  the 
effects  of  the  conductive  coatings  on  the  graphite  mateials.  As  a  minimum,  these  tests 
indicated  that  a  pre-coated  surface  (before  applying  Unishield  or  LB-088  conductive 
coating)  would  not  degrade  the  conductivity  of  the  ground  plane  for  the  array.  But  this 
did  not  solve  the  problem.  In  the  final  analysis,  a  decision  had  to  be  made  regarding  the 
composite  wing  section  and  how  to  achieve  a  good  conductive  ground  plane  for  the  array. 

As  this  problem  was  researched  further,  and  especially  in  the  design  of  low  observable 
composite  materials,  it  was  determined  that  graphite  composite  surfaces  had  to  be  lightly 
“sanded”  before  applying  the  conductive  ground  plane  coating.  Sanding  the  composite 
surface  removes  the  top  resin  coating  and  exposes  graphite  fibers  and  thereby  produces 
better  contact  with  the  conductive  coating.  Subsequent  tests  on  small  coated  samples  of 
composite  materials  resulted  in  drastically  improved  conductivities.  Therefore,  that 
procedure  was  adopted  and  implemented  to  prepare  the  wing  for  painting  the  array.  A 
sealer  coat  will  not  be  applied  to  the  wing  surface  prior  to  applying  the  LB-088 
conductive  ground  plane. 

4.  Conformal  Material  Paint  Parameter  Tolerance  Study 

In  order  to  better  understand  the  RF  performances  of  “painted-on”  antenna  elements,  a 
paint  parameter  tolerance  study  was  conducted  by  McNaul  [7]  and  highlights  of  that 
study  are  presented  in  this  paper.  The  materials  tolerance  study  is  used  to  determine  the 
allowable  variations  in  various  paint  formulations  that  will  affect  painted-on  antenna 
performance.  So,  the  objective  of  this  study  was  to  identify  and  quantify  cause  and  effect 
relationships  between  special  paint  material  characteristics  and  RF  antenna  performance. 
McNaul’s  approach  was  to  use  a  “simple”  3-D  model  in  HFSS  for  a  generic  planar 
microstrip  antenna  element.  The  antenna  element  that  was  modeled  is  shown  in  Figure 
1 1 .  The  initial  parametric  analysis  task  has  been  completed  and  will  be  updated  once  the 
final  array  has  been  developed  and  tested.  A  single  element  parametric  model  provides 
the  capability  to  “dial-in”  strategic  parameters  and  observe  RF  performance  changes  in 
tuning,  impedance,  pattern,  gain,  and  bandwidth. 

Key  paint  tolerances  were  identified  such  as  registry,  slump,  undercut,  dielectric  constant, 
loss  tangent,  conductivity,  thickness,  etc.  The  model  will  be  useful  to  run  parametric 
simulations  and  feeder  lines  can  be  added  during  the  next  phase  of  the  task.  The  first  list 
of  parameters  include  variations  in  dielectric  thickness,  dimensional  accuracies  of  the 
patch  antenna,  EM  properties  as  measured  of  the  dielectric  and  conductive  coatings,  feed 
positions,  type  of  ground  plane  and  variations  in  conductivity  of  ground  plane  (metal  and 
composite). 
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Antenna  Type  for  Modeling 


Model: 

Simple  coax-fed  patch 
Infinite  ground  plane 
Adjustable  parameters 
Model  input  variables: 
Bulk  conductivity 
Dielectric  constant 
Loss  tangent 
Paint  thickness 
Dimensions  (constant) 
External  Approximations: 
Skin  depth 
Paint  roughness 
Prediction  outputs: 

Tuning  (impedance) 
Efficiency  (gain  patterns) 
Bandwidth  (Q) 


The  rationale  for  choosing  this  antenna  is 
that  it  is  a  typical  candidate  for  the 
painted  antenna  approach.  Also  it  is 
simple  and  especially  sensitive  to 
material  and  dimensional  perturbations. 
The  structure  is  excited  using  a 
conventional  coaxial  feed  that  remains 
constant  for  all  variations  in  the  model 
parameters. 


Figure  1 1  -  Antenna  patch  configuration  used  in  parametric  tolerance  modeling  task. 


Various  polymer-based  dielectric  material  formulations  were  developed  and  applied  to 
several  antenna  element  designs  (that  are  painted-on)  to  predict  resonant  frequency  and 
bandwidth  characteristics.  Using  the  EM  characteristics  for  these  polymer-based 
dielectric  materials,  the  resonant  frequencies  and  bandwidth  characteristics  were 
predicted.  It  is  important  to  understand  the  variations  in  the  EM  characteristics  (dielectric 
constant  and  loss  tangent  versus  frequency)  so  that  accurate  antenna  element  designs 
could  be  developed.  The  variations  in  dielectric  constant  and  loss  tangent  are  due  to 
variations  in  the  fabrication  process  as  well  as  to  systematic  measurement  errors.  Element 
designs  were  limited  to  single  layer  dielectric  configurations  (at  this  stage  of  the 
conformal  antenna  materials  program),  and  the  bandwidth  design  goal  is  approximately 
5%  for  the  element.  Variations  in  the  material  properties  (dielectric  constant  and 
thickness)  demonstrated  in  Figure  12  shows  the  resonant  frequency  of  the  square  element 
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This  study  employed  preliminary  “back  of  the  envelope”  analysis  followed  by  a  full- 
wave  parametric  model  of  a  specific  antenna  type  that  addresses  the  most  significant 
paint  material  contributions.  The  basic  objectives  for  this  parametric  tolerance  study  are 
listed  below: 

S  Identify  paint  material  properties  most  likely  to  cause  changes  in  antenna  RF 
performance 

■S  Establish  an  expected  range  of  the  paint  material  property  values. 

S  Identify  antenna  RE  performance  parameters  that  can  be  used  as  effect  indicators. 
S  Perform  general  “back-of-envelope”  analysis  of  paint  material  properties  and  their 
RF  contributions. 

•S  Select  antenna  type  for  full-wave  parametric  modeling. 

•S  Construct  the  antenna  model  that  parameterizes  all  the  significant  material 
properties. 

>  Using  the  antenna  model  simulate  the  selected  antenna  RF  performance  while 
varying  the  paint  material  properties. 

>  Summarize  the  results  of  the  trade  study  analysis. 

The  antenna  RF  performance  parameters  are  listed  in  Table  III  along  with  the  paint 
material  properties  and  how  these  properties  could  affect  antenna  performance.  These 
performance  parameters  that  are  affected  by  the  paint  properties  are  discussed  briefly 
below. 

Pattern  -  This  is  the  shape  and  magnitude  (dBi)  of  the  radiated  field  of  the  antenna.  It  is 
directly  related  to  the  currents  flowing  on  the  antenna.  The  currents  are  effected  by  the 
conductivity  and  losses  in  the  paint. 

Resonance  -  For  very  narrow  band  antennas  such  as  the  microstrip  patch  antenna  the 
antenna  structure  will  resonate  at  a  particular  frequency.  The  location  of  the  resonance  is 
affected  by  the  electrical  length  of  the  antenna  dimensions.  The  dielectric  constant  of  the 
paint  directly  effects  electrical  length. 

Efficiency  -  Some  of  the  RF  energy  that  flows  into  the  terminals  of  an  antenna  will  be 
absorbed  in  the  losses  in  the  materials  and  not  be  radiated.  These  losses  are  dictated  by 
loss  tangent  and  bulk  resistivity  of  the  paint. 

Bandwidth  -  Losses  in  the  paint  also  alter  the  Q  of  the  resonant  antenna  thereby 
increasing  or  decreasing  the  band  width.  For  antennas  such  as  the  microstrip  patch  the 
dielectric  paint  thickness  also  affects  the  bandwidth. 
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Antenna  RF  Performance  Parameters 

Paint  Material 
Property 

Patterns 

Resonance 

Efficiency 

Bandwidth 

Dielectric  constant 

✓ 

Dielectric  Loss 

Tangent 

Bulk  Resistivity 

Thickness 

mm 

Protective  Paint  Flash 
Coating  1\ 

V 

'V 

1\  Protective  paint  variation  has  replaced  roughness  in  this  study 

Table  III  -  Antenna  performance  parameters  that  are  affected  by  paint  material 
properties. 

In  order  to  start  the  tolerance  study,  paint  material  properties  of  conductive  and  dielectric 
coatings  were  provided  and  examples  of  this  data  have  been  previously  discussed  in  this 
report.  These  data  were  used  in  parametric  studies  for  the  design  of  individual  elements 
and  this  study  will  be  updated  after  the  wing  array  is  fabricated  and  tested.  The  resulting 
tolerance  data  for  the  paint  material  properties  are  presented  in  Table  IV  and  categorized 
as  minimum,  baseline,  and  maximum  variations. 


Tolerance 

Paint  Material 
Property 

Minimum 

Baseline 

Maximum 

Dielectric  constant 

2.08 

3.04 

3.1 

Dielectric  Loss 
Tangent 

.030 

.0375 

.045 

Surface  Resistivity 
[Bulk  Conductivity] 

.02  Q/sq  \1 
[54.3x10®  Siemens/m] 

.02  Q/sq 
[54.3x10®  S/m] 

0.2  Q/sq  \1 
[.54x10®  Siemens/m] 

Conductive  Paint 

Thickness 

3  mils 

6.5  mils 

10  mils 

Dielectric  Paint 
Thickness 

.070”  [.075”] 

.080” 

.090”  [.085”] 

Protective  Paint 

Flash  Coating 

4  mil  Er  3.5 

Er”=.04 

7  mil  Er  4.2 

10  mil  Er=5.0 

Er”=.15 

Table  IV  -  Tolerances 


for  the  paint  material  properties  for  conformal  antenna  designs. 


The  range  of  conductor  thickness  selected  for  the  study  is  considered  sufficient  to  support 
five  skin  depths  required  for  proper  electrical  operations.  This  justified  the  use  of  the 
sheet  resistivity  numbers  provided  at  5.5  GHz  for  two  values  of  bulk  conductivity  (0.54  x 
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106  S/m)  and  (54  x  106  S/m).  The  corresponding  sheet  resistance  values  (for  the 
conductive  paint)  would  be  0.20  ohms/square  to  0.02  ohms/square  respectively.  These 
results  are  shown  in  Figure  13. 

Sheet  Resistivity  vs.  Bulk  Conductivity 


Bulk  Conductivity  x10B  Siemens/m 

—  0.54  min  study  limit 

—  1.5 
5.4 

—  54  maximum  study  limit 

—  53  copper 


0123456789  10 
Frequency  (GHz) 

Figure  13  -  Sheet  resistivity  versus  bulk  conductivity. 

The  skin  depth  of  the  conductive  coatings  varies  as  a  function  of  frequency  as  shown  in 
Figure  14.  Information  presented  in  this  figure  is  based  on  the  assumption  that  the 
conductor  paint  thickness  is  greater  than  five  skin  depths.  It  also  shows  that  sheet 
resistivity  can  be  deceptive  depending  on  how  it  is  measured.  This  study  assumes  that 
sheet  resistivity  is  measured  at  5.5  GHz. 


Skin  Effect  Considerations 


Skin  Depth  vs.  Frequency 


01  23456789  10 


Bulk  Conductivity  x106  Siemens/m 

—  0.54  min  study  limit 

—  1 .5  cast  iron 

•--5.4 

—  54  maximum  study  limit 

—  58  copper 


Frequency  (GHz) 


In  order  to  use  sheet  resistivity  for  this  study  it  is  necessary  to  assume  that  the 
conductor  paint  exceeds  five  skin  depths 


Figure  14  -  Skin  depth  versus  frequency  as  a  function  of  bulk  conductivity  (sheet 
resistance)  for  conductive  coatings. 
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Essentially,  the  following  relationships  are  important  to  consider  regarding  conductive 
paint  coatings: 

•  Skin  depth  is  a  function  of  bulk  resistivity  and  frequency. 

•  Conductors  require  thicknesses  of  >5  skin  depths  to  realize  99%  of  the  maximum 
conductivity  possible. 

•  Model  assumes  that  the  conductive  paint  thickness  satisfies  the  5  skin  depth 
criteria,  (i.e.  range  =  0.1  to  50  mils) 

•  Sheet  resistivity  (f2/sq)  is  a  function  of  frequency  and  skin  depth  when  the  paint  is 
>5  x  skin  depth. 

•  Simulation  must  include  resistivity  in  the  predictions. 

•  Higher  resistivity  implies  higher  loss  paint. 

For  this  study,  various  ranges  for  tolerance  values  were  established  for  RE  performance 
studies  and  examples  were  selected  from  Table  V  for  conductive  paint,  dielectric  paint, 
and  protective  paint  coatings.  The  patch  element  dimensions  were  held  constant  for  the 
examples  selected. 


Conductive  Paint 

Dielectric  Paint 

Protective  Paint 

File  name 

Bulk 

Conductivity 

Thickness/ 

Er 

loss 

tangent 

BASELINE 

PATO  H_065_80  0_304_0375_02 

B.5 

80 

3.04 

0375 

7  mils/4.2 

.023 

P  ATC  H_065 _80  G_3 04_037 5_0  0 

sir 

6.5 

3.04 

0375 

7  mils/4.2 

.023 

PATC  H_065  _80  0_304_0375_20 

1^3 

6.5 

80 

3.04 

.0375 

7  mils/4.2 

.023 

PATC  H  J330  _80  G_304_037 5_0  2 

54.3  MS/m 

3 

80 

3.04 

0375 

7  mils/4.2 

.023 

PAT C  H_  1 0  0  J30  GJ3  04_037 5  _0  2 

54.3  MS/m 

10 

80 

3.04 

0375 

7  mils/4.2 

.023 

PATCH_065_700J304_0375_02 

54.3  MS/m 

6.5 

70 

3.04 

.0375 

7  mils/4.2 

.023 

PATCH_065_900J304_0375_02 

54.3  MS/m 

6.5 

90 

.0375 

7  mils/4.2 

.023 

PATCH_065_800_208_0375_02 

54.3  MS/m 

6.5 

80 

2.08 

.0375 

7  mils/4.2 

.023 

PATC  H_065_80D_3 1 0_0375_02 

54.3  MS/m 

6.5 

80 

.0375 

7  mils/4.2 

.023 

.395  | 

PATC  H_G65  _80  0_304_030 0_02 

54.3  MS/m 

6.5 

80 

3.04 

7  mils/4.2 

.023 

[’  J 

P  ATC  H_065 J30 0_3 04_0450_0  2 

54.3  MS/m 

6.5 

80 

3.04 

.023 

PATCH_065_80  0_3Q4_037 5_02_a 

54.3  MS/m 

6.5 

80 

3.04 

0375 

£  .3 

PATC  H_06 5 _80  0_3 04_D37 5 JO  2_b 

54.3  MS/m 

6.5 

80 

3.04 

.023 

a 

PATCH  065_800_304_0375_02_c 

6.5 

BO 

3.04 

.011 

-  3 

PATC  H_065_800_304_0375_02_d 

6.5 

80 

3.04 

.030 

.535 

113 

PATC  H__065 _90 0_2  D8_Q37 5_0  2 

6.5 

90 

2.08 

7  mils/4.2 

.023 

PATCH_065_700_310_0375_02 

54.3  MS/m 

6.5 

70 

3.10 

0375 

7  mils/4.2 

.023 

Table  V  -  Range  of  to 

erance  variations  for  antenna  peri 

formance  analysis  studies. 

The  analysis  results  on  antenna  performance  due  to  tolerances  in  conductive  paint  are 
presented  in  Table  VI.  Also,  analysis  results  on  antenna  performance  due  to  tolerance 
variations  in  dielectric  paint  effects  are  presented  in  Table  VII. 
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Conductive  Paint  Effects 

Paint  Thickness  Paint  Bulk  Conductivity* 


Min. 

2.2 

MS/m 

Baseline 

54.3 

MS/m 

Max. 

22.0 

MS/m 

Resonance 
frequency  (GHz) 

5.51 

5.51 

| 

Return  loss 
©resonance  (dB) 

Bandwidth  (MHz) 

@  10  dB  return  loss 

300 

Peak  Gain  (dB) 

6.44 

Peak  Directivity  (dB) 

4.15 

Efficiency  (%) 

57.0 

59.0 

Min. 

3  mils 

Baseline 
6.5  mils 

Max. 

10  mils 

Resonance 
frequency  (GHz) 

5,59 

5.51 

5.44 

Return  loss 
@  resonance  (dB) 

-32.4 

-38.2 

-38.2 

Bandwidth  (MHz) 

@  10  dB  return  loss 

320 

310 

300 

Peak  Gain(dB) 

6.24 

6.42 

6.44 

Peak  Directivity  (dB) 

4.01 

4.02 

4.19 

Efficiency  (%) 

59.8 

57.4 

59.6 

*  Bulk  conductivities  correspond  to  DC  sheet 
resistivities  of  .2  Q/sq  (2.2  MS/m)  and  .02  O/sq  (22.0 
MS/m)  measured  on  6  mil  thickness  material. 

Table  VI  -  Conductive  paint  effects  and  tolerances  studied  for  paint  thickness  and  paint 
bulk  conductivity. 

These  results  indicate  that  the  tolerance  variations  for  the  conductive  paint  do  not 
adversely  affect  the  gain  performance  of  the  patch  element  -  assuming  the  proper  skin 
depth  and  conductivity  values  are  provided.  The  gain  is  slightly  affected  for  the 
minimum,  baseline,  and  maximum  tolerance  variations  anticipated. 


Dielectric  Paint  Effects 

Paint  Thickness  Paint  Loss  Tangent 


Min. 

.030 

Baseline 

.0375 

Max. 

.045 

Resonance 
frequency  (GHz) 

5.52 

5.51 

5.51 

Return  loss 
©resonance  (dB) 

-26.3 

-38.2 

Bandwidth  (MHz) 

©  10  dB  return  loss 

290 

310 

Peak  Gain  (dB) 

6.39 

6.42 

6.44 

Peak  Directivity  (dB) 

4.44 

4.02 

3.76 

ma 

57.4 

54.0 

Min. 

70  mils 

Baseline 

80  mils 

Max. 

90  mils 

Resonance 
frequency  (GHz) 

5.56 

5  51 

5.47 

Return  loss 
©resonance  (dB) 

-30.0 

-38.2 

-33.3 

Bandwidth  (MHz) 

@  10  dB  return  loss 

290 

310 

330 

Peak  Gain  (dB) 

6.61 

642 

6.34 

Peak  Directivity  (dB) 

3.90 

4.02 

4.31 

Efficiency  (%) 

53.6 

57.4 

62.7 

Table  VII  -  Dielectric  paint  effects  and  tolerances  studied  for  paint  thickness  and  paint 
loss  tangent  characteristics. 
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Also,  it  was  noted  that  the  paint  thickness  variations  do  not  adversely  affect  antenna 
performance  for  the  minimum,  baseline,  and  maximum  tolerance  variations. _ 

Dielectric  Paint  Effects  (continued) 

Paint  Dielectric  Constant  (Er)  Combined  Effects  (thickness/Er)* 


Min. 

2.08 

Baseline 

3,04 

Max. 

3.10 

Resonance 
frequency  (GHz) 

#.42 

5  47 

Return  loss 
@  resonance  (dB) 

-23.5 

-38.8 

Bandwidth  (MHz) 

@  10  dB  return  loss 

380 

310 

Peak  Gain  (dB) 

7.37 

6.42 

6.34 

Peak  Directivity  (dB) 

5.61 

4.02 

3.94 

m 

57.8 

Min. 

90/2.08 

Baseline 

80/3.04 

Max. 

70/3.1 

Resonance 
frequency  (GHz) 

842 

5.51 

5.52 

Return  loss 
@  resonance  (dB) 

-23.9 

-38.2 

-29.3 

Bandwidth  (MHz) 

@  10  dB  return  loss 

330 

310 

280 

Peak  Gain  (dB) 

7.37 

6.42 

6.43 

Peak  Directivity  (dB) 

5.66 

4.02 

3.80 

Efficiency  (%) 

87.4 

57.4 

54  6 

*  Typically  for  the  patch  design,  bandwidth  broadens 
with  increase  in  dielectric  thickness  and  reduction  of 
dielectric  constant. 


Table  VII  (Cont’d)  -  Dielectric  paint  effects  and  tolerances  studied  for  paint  dielectric 
constant  and  combined  effects  of  thickness  and  dielectric  constant. 

Performance  effects  calculated  for  variations  in  dielectric  constant  and  thickness  of  the 
paint  coatings  do  have  major  effects  on  antenna  performance  as  shown  in  Table  V 
(cont’d).  These  results  are  presented  in  different  formats  for  tuning  and  radiation  patterns 


Figure  15  -  Typical  tuning  and  bandwidth  simulation  results  for  patch  antenna  element 
for  minimum,  baseline,  and  maximum  parameter  variations. 
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Figure  16  -  Typical  radiation  pattern  simulation  results  for  patch  antenna  element  for 
minimum,  baseline,  and  maximum  parameter  variations. 

Protective  (rain  erosion)  type  coatings  were  also  considered  in  this  tolerance  study  but 
those  details  will  not  be  discussed  in  this  report.  It  is  anticipated  that  tolerance  variations 
in  the  paint  formulations  will  be  predominant  factors  that  will  affect  antenna 
performance.  Therefore,  strict  manufacturing  controls  will  be  required  in  the  application 
of  conformal  antenna  ‘paint-on’  antenna  fabrication  methods. 

5.  Experimental  Antenna  Designs  Using  Conformal  “Paint-On” 
Techniques 

In  order  to  fully  evaluate  antenna  designs  using  the  polymer-based  materials, 
experimental  antennas  were  developed.  A  transmission  line  test  assembly  was  also 
fabricated  using  copper  strips  and  conductive  top  coats  to  insure  proper  conductivity  to 
the  microstrip  lines.  This  was  important  to  leam  because  the  method  of  feeding  a  painted 
microstrip  antenna  had  to  be  determined  and  copper  foil  serving  as  a  transition  layer  was 
a  practical  approach.  The  overall  AEM  system  design  capability  provides  the  basis  for 
developing  functional  breadboard  antenna  models  that  were  to  be  tested  and  evaluated. 
Included  in  these  evaluations,  three  rectangular  microstrip  antennas  were  fabricated  and 
assembled  on  a  flat  metallic  ground  plane.  The  physical  geometries  and  dimensions  for 
the  L-Band,  C-Band,  and  X-Band  rectangular  elements  were  discussed  previously  (and 
shown  in  Figure  3).  As  described  by  Balanis  [8]  using  the  cavity  model  for  rectangular 
microstrip  antennas,  if  L>W>h,  the  dominant  mode  is  the  TM0io  and  the  higher  order 
mode  is  TMooi  and  if  L>L/2>W>h;  then  the  second  order  mode  is  TM020  instead  of  TM001 

As  noted  in  Figure  3,  the  dimensions  of  each  experimental  rectangular  patch  indicated 
that  L>W>h.  Therefore,  the  frequencies  for  the  prominent  resonator  modes  for  each 


351 


antenna  element  were  calculated  using  FEKO  EM  software  and  in  the  initial  calculations, 
the  dielectric  constant  for  the  NF  dielectric  measured  early  during  the  Phase  I  program 
was  used.  The  results  are  presented  in  Figure  17  for  the  L-Band  antenna  and  Figure  18 
for  the  C-Band  element.  The  calculated  frequencies  were  off  considerably  from  the 
measurements  so  we  began  to  investigate  the  reasons  for  the  disagreement.  At  that  time, 
the  dielectric  material  was  not  the  same  as  the  material  measured  months  ago  and  the 
fumed  silica  was  added  to  the  formulation  in  order  to  improve  the  rheology  of  the  final 
coating.  Therefore,  the  dielectric  constant  for  each  antenna  was  varied  in  the  calculations 
until  a  match  with  the  return  loss  measurements  was  achieved  across  the  frequency  range 
for  each  antenna. 

Rectangular  microstrip  antennas  were  fabricated  using  the  laser-cut  templates  that 
defined  the  dimensions  for  each  patch  along  with  the  feedpoint  locations.  The  “paint-on” 
methods  were  used  to  spray-on  the  polymer  -based  dielectric  layer  (0.0625-inch)  and  the 
Unishield  conductive  layers.  The  antenna  configurations  included  L-Band,  C-Band,  and 
X-Band  element  designs.  In  addition  to  the  objective  to  correlate  EM  analysis  and 
experimental  measurements,  these  tests  provide  a  method  to  determine  the  dielectric 
constant  and  loss  tangent  of  the  dielectric  layer.  The  resonant  frequencies  for  the  various 
modes  were  determined  and  after  the  measurement  results  were  obtained,  parametric 
analysis  was  conducted  to  determine  the  dielectric  constant  and  loss  tangent  of  the 
dielectric  material  necessary  to  match  the  experimental  results.  The  accuracy  of  the  EM 
analysis  capability  is  demonstrated  in  this  experimental  effort  using  the  rectangular  patch 
antennas. 


Comparison  of  Calculated  and  Measured  SX1  Return  Loss 
For  L-Band  Rectangular  Microstrip  Antenna 


! . . . . . -r-rr— 

L-Band  X-Band 

■■ 

A.:  C  Fi,„J 

C  ’ 

PI  Rectangular  Microstrip  Patch  5'iS 

:iil  Rectangular  Mlcrostrip  Patch  lllll 

— 

jCj  Antennas  -  Profile  View  1. 

- 1  2.725  GHz  H 

yyy^- 

£-i  |  1.360GHz  P  J.  Jr' 

’t  i j  t  :  '  /.l  I  2.325  GHz  | : 

- . 1  L84o  GHz 

j  2.328  GHz 

1.90  and  loss  tangent  0.033 

||  1.348  GHz  [|  1.894  GHz  [ 

‘  1«  '  •>  5  20  St  1 

EM  Simulation  Results  of  L-Band 
“Paint-on”  Mlcrostrip  Antenna 

NASA  Measurement  Results  of  L-Band 
“Paint-on”  Microstrip  Antenna 

Figure  17  -  Comparison  of  calculated  and  measured  SI  1  Return  Loss  characteristics  for 
the  L-Band  Rectangular  “Paint-on”  Microstrip  Antenna. 
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Comparison  of  Calculated  and  Measured  Sll  Return  Loss 
For  C  Band  Rectangular  Microstrip  Antenna 


Figure  18  -  Comparison  of  the  calculated  and  measured  Sll  return  loss  characteristics 
for  the  C-Band  Rectangular  “Paint-on”  Microstrip  Antenna 

The  dielectric  constant  and  the  loss  tangent  properties  of  the  dielectric  layer  were  varied 
as  indicated  and  it  was  found  that  different  values  of  dielectric  constant  for  each  antenna 
were  necessary  to  achieve  a  match.  It  was  found  that  for  the  L-Band  antenna,  a  dielectric 
constant  of  1 .90  and  a  loss  tangent  of  0.033  matched  the  measurements.  For  the  C-Band 
antenna,  the  dielectric  constant  and  loss  tangent  values  were  2.52  and  0.073  respectively 
that  were  required  to  match  the  measured  data.  Calculated  and  measured  radiation 
patterns  for  the  L-Band  antenna  at  the  prominent  resonant  modes  are  presented  in  Figure 
19. 
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Figure  19  -  Calculated  and  measured  radiation  patterns  for  the  L-Band  rectangular 
microstrip  antenna  assuming  dielectric  constant  1.90  and  loss  tangent  of  0.033. 

After  these  results  were  completed,  similar  calculations  were  made  for  the  X-Band 
antenna  element.  It  can  be  seen  that  for  both  the  L-Band  and  the  C-Band  antennas,  good 
agreement  was  achieved  between  the  calculated  and  measured  return  loss  characteristics 
not  only  in  the  resonant  frequencies  but  also  for  the  VSWR’s  for  the  respective  modes. 

In  a  similar  manner,  analysis  was  extended  to  the  X-Band  antenna  element  as  shown  in 
Figure  20  and  it  was  necessary  to  vary  the  dielectric  constant  and  loss  tangent  again  to 
match  the  measured  data.  It  can  be  seen  in  the  measurements,  the  TMoio  mode  is  distinct 
(with  a  good  VSWR)  but  the  TMooi  mode  is  mismatched  and  the  TM020  mode  is  more 
distinct  than  for  the  calculated  TM020  mode.  Also,  in  order  to  achieve  a  match  to  the 
measured  data,  the  dielectric  constant  and  loss  tangent  were  determined  to  be  3.2  and 
0.033  respectively.  Using  these  assumed  values  for  the  dielectric  constant  and  loss 
tangent,  good  agreement  resulted  in  the  calculated  dominant  mode  frequency  but 
significant  differences  were  exhibited  for  the  higher  order  modes.  Obviously,  these 
errors  will  be  studied  after  the  actual  EM  properties  for  the  dielectric  layer  have  been 
determined.  Small  specimens  of  the  dielectric  layer  were  removed  from  the  rectangular 
plate  so  that  X-Band  measurements  can  be  conducted  to  determine  the  dielectric  constant. 

To  summarize  the  results  of  the  rectangular  patch  antenna  experiments,  the  following 
Table  VIII  lists  the  resonator  frequencies  both  (measured  and  calculated)  and  the  per  cent 
errors  associated  with  these  comparisons.  It  can  be  noted  that  assuming  the  dielectric 
constants  and  loss  tangents  are  as  assumed,  the  errors  are  observed  to  increase 
significantly  above  5.46  GHz  (for  the  X-Band  antenna  element). 
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Comparison  of  Calculated  and  Measured  Sll  Return  Loss 
For  X-Band  Rectangular  Microstrip  Antenna 


|  Rectangular  Microstrip  Patch  f 
Antennas  —  Top  View 


it: 
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3.2  and  loss  tangent  0.033 
For  match  to  measurements 


V  . II 

Iy  9.39  GHz 


EM  Simulation  Results  of  X~Band 
“Paint-on”  Microstrip  Antenna 


NASA  Measurement  Results  of  X-Band 
“Paint- on”  Microstrip  Antenna 


Figure  20  -  Comparison  of  the  calculated  frequencies  for  the  prominent  resonator  modes 
for  the  X-Band  antenna  and  the  resulting  dielectric  constant  required  to  match  the 
measured  results. 

Comparing  the  measurement  results  with  the  calculated  return  loss  characteristics  for  the 
L-Band  rectangular  microstrip  patch  again  shows  the  accuracy  of  the  EM  simulation 
capability  using  FEKO.  It  can  be  seen  that  not  only  are  the  three  major  resonances 
predicted  but  the  fourth  “dip”  at  2.725  GHz  is  predicted  and  verified  in  the  measurement 
results.  In  addition,  the  measurement  results  indicate  a  higher  VSWR  for  the  second 
mode  at  1.84  GHz  but  the  calculated  performance  shows  essentially  the  same  VSWR  for 
all  three  modes. 

Table  VIII  -  Summary  of  measured  and  calculated  resonant  frequencies  for  the 
rectangular  microstrip  “paint-on”  antenna  elements. 


Dielectric 

Measured 

Measured 

Calculate  A* 

Measured 

Calculated, 

1.0  Antenna 

Constant/Loss 

TM01 

TMW 

™«01 

TM020 

TM 

Tangent 

%  Error 

%  Error 

%  Error 

L-Band 

1.90/0.033 

1.348 

1.360 

1.894 

1JB40 

2328 

2325 

05% 

2.85% 

0.12% 

C-Band 

2.52/0.073 

3.932 

3,930 

5.480 

5.440 

6928 

6930 

005% 

0.72  % 

0028% 

X-Band 

3.20/0.033 

5.460 

5.468 

7.860 

7.250 

9390 

10375 

0146% 

7.7% 

10.4% 

All  of  this  data  and  comparisons  with  theory  validated  the  performance  of  antennas 
designed  using  polymer-based  materials. 
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7.  Evaluation  of  Robotic  Manufacturing  Methods  for  Conformal 
“Paint-On”  Antenna  Design  Applications 

As  stated  in  the  goals  and  objectives  for  the  Phase  II/Enhanced  SBIR  research  project, 
one  of  the  major  objectives  is  to  investigate  the  potential  for  using  robotic  manufacturing 
methods  for  conformal  ‘paint-on’  antenna  materials  technology.  So,  in  that  regard,  a 
subcontract  was  awarded  to  Pratt  and  Whitney  Automation,  Inc.  to  evaluate  their 
capability  for  robotic  manufacturing  methods. 

Before  actual  test  antennas  could  be  fabricated,  Unitech  and  Pratt  and  Whitney  personnel 
had  to  work  with  the  polymer  coating  materials  and  establish  the  proper  robotic  spraying 
procedures  so  that  the  repeatability  and  accuracy  of  the  process  could  be  determined.  So, 
trial  runs  were  conducted  adjusting  spray  settings  and  mixtures  for  both  the  LB-070 
dielectric  coating  materials  and  the  LB-088  conductive  coating  materials.  Not  only  was 
the  LB-088  evaluated  but  the  dielectric  coating  (LB-070)  was  also  tested  and  found  to  be 
acceptable  using  P  &W  robotic  spraying  methods.  The  setup  at  P  &W  for  the  LB-088 
test  cases  and  typical  results  spraying  onto  glass  specimens  are  shown  in  Figure  21 . 


Figure  21  -  Photographs  of  robotic  spray  setup  at  Pratt  &  Whitney  along  with  sprayed 
lines  using  LB-088  conductive  coating  materials. 


The  antenna  test  circuits  (on  the  commercial  substrates)  have  been  tested  and  the  results 
are  extremely  encouraging  regarding  the  capability  to  robotically  apply  conformal 
antenna  designs  using  polymer-based  materials.  Additional  tests  are  currently  underway 
as  well  as  a  computer  simulation  modeling  of  the  robotic  manufacturing  methods  as 
applied  to  conformal  antenna  materials. 

8.  Summary 

Significant  progress  has  been  made  developing  conformal  antenna  materials  technology 
which  includes  using  “painted-on”  robotic  manufacturing  methods.  This  research 
addressed  the  need  for  new  and  novel  antenna  manufacturing  techniques  and  has  demonstrated 
several  examples  as  to  how  this  technology  can  be  applied.  One  of  these  experimental  antenna 
designs  that  has  been  described  in  a  complimentary  paper  during  this  symposium  is  the  64- 
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element  phased  array  that  was  ‘painted  onto’  a  scaled  model  of  a  composite  wing.  Steps  are 
currently  underway  to  commercialize  this  technology  for  future  aerospace  applications. 
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ABSTRACT 


A  major  element  of  the  Conformal  Antenna  Materials  Technology  research 
program  by  Applied  EM,  Inc.  is  the  design  and  development  of  an  experimental 
phased  array  on  a  simulated  Sensorcraft  wing  profile  section.  The  antenna  design 
utilized  polymer  dielectric  materials  and  conductive  coatings  that  were  developed 
during  the  SBIR  AF03-206  research  program  and  electromagnetic  test  results 
indicate  the  overall  readiness  level  of  this  technology.  This  paper  describes  the 
stages  of  the  array  design  with  performance  predictions  using  CAD/Solid  Works 
and  FEKO  electromagnetic  modeling  and  simulation  methods.  The  antenna  design 
consists  of  a  64-element  C-Band  array  that  is  phased  for  end-fire  radiation  pattern. 
The  array  is  “sprayed-on”  the  wing  using  the  polymer  dielectric  and  conductive 
coatings.  Technical  details  regarding  these  material  and  array  design  are  discussed. 
The  next  stage  for  this  research  program  is  to  develop  robotic  manufacturing 
methods  and  demonstrate  applications  for  conformal  antenna  designs. 

1.  Introduction 

There  is  a  need  for  new  innovative  concepts  for  designing  conformal  antennas  for  a  full 
spectrum  of  military,  aerospace,  and  civilian  applications.  Conventional  conformal 
antennas  are  designed  to  be  ‘flush-mounted’  to  the  shape  of  the  aircraft,  spacecraft  or 
ground  vehicles  in  order  to  reduce  aerodynamic  drag  and  heating  effects,  to  satisfy 
radiation  pattern  requirements,  to  achieve  stealth  capabilities,  to  achieve  improved 
mobility,  or  to  satisfy  security  communication  requirements.  Designing  antennas  to 
‘conform’  to  (more  than  just  being  flush-mounted)  complex  shapes  and  geometries  as 
well  as  to  a  thin  film  membrane  is  indeed  challenging.  This  research  addresses  that  need 
to  provide  design  alternatives  for  new  conformal  antennas  materials  for  military  and 
aerospace  applications. 

On  August  31,  2004,  Applied  EM,  Inc.  (AEM)  was  awarded  an  SBIR  [1]  research  project 
and  is  continuing  to  develop  conformal  antenna  “paint-on”  materials  technology,  and 
significant  accomplishments  are  being  made  to  raise  the  readiness  level  of  this 
technology.  Now,  the  current  task  is  to  demonstrate  some  of  these  accomplishments 
through  the  design  and  development  of  an  end-fire  phased  array  antenna  that  is  painted 
onto  a  composite  experimental  wing  section.  This  research  is  also  being  extended  to 
evaluate  robotic  manufacturing  methods  for  this  technology  and  there  is  the  potential  to 
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demonstrate  the  cost  effectiveness  of  this  technology.  For  not  only  can  robotic 
manufacturing  methods  be  used  to  paint  aircraft  sections,  and/or  apply  stealth  coatings,  it 
may  now  be  possible  to  add  sophisticated  antenna  designs  and  circuits  during  the 
fabrication  process  of  the  entire  structure.  Figure  1  depicts  the  application  of  this 
technology  to  a  meaningful  antenna  design  but  possible  to  robotic  manufacturing. 


end-fire  array  designs  and  to  robotic  manufacturing  methods. 

AEM’s  research  team  includes  Unitech,  LLC,  Composite  Optics-ATK,  and  Pratt  and 
Whitney  Automation  Technologies.  A  critical  element  of  this  research  is  the  development 
and  optimization  of  polymer-based  dielectric  layers  and  conductive  coatings  and  Unitech, 
LLC  has  supported  AEM  in  the  development  of  these  materials. 

Since  designing  antennas  using  this  technology  is  the  primary  goal  for  the  Air  Force 
Research  Laboratory,  the  overall  capability  and  effectiveness  of  conformal  antenna 
“paint-on”  technology  is  being  demonstrated  through  the  design  and  testing  of  a 
meaningful  phased  array  antenna  with  is  integrated  on  a  composite  experimental  wing 
section.  The  purpose  of  this  paper  is  to  describe  the  design  and  development  of  this 
phased  array.  Information  pertaining  to  the  development  of  the  materials  is  described  in 
[2]  and  presented  in  this  symposium. 

2.0  EM  Research  Requirements 

Requirements  for  an  antenna  (focused  design)  were  established  with  AFRL  personnel  and 
the  overall  design  approach  was  selected  that  would  best  demonstrate  advancements  of 
the  conformal  antenna  materials  technology  program.  An  end-fire  type  phased  array 
design  operating  at  C-Band  frequencies  was  selected  as  a  “focus  mission”  that  serves  to 
guide  the  technology  development  and  this  array  will  conform  to  the  top  surface  of  a 
scaled  section  of  a  graphite  composite  wing. 

This  experimental  antenna  design  effort  identified  the  technology  tasks  required  to 
support  this  design  and  the  resulting  EM  performance  characteristics  could  support 
AFRL’s  interest  in  digital  beam  forming  arrays  for  conceptual  Sensorcraft  platforms.  A 
rendering  of  the  experimental  wing  concept  is  shown  in  Figure  2  along  with  the  goals  and 
objectives  for  the  Phase  II/Enhanced  project  which  includes  the  additional  emphasis  to 
investigate  robotic  manufacturing  methods  for  conformal  paint-on  antenna  materials 
technology. 
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Preliminary  EM  requirements  that  were  established  included  azimuth  scan  limits, 
elevation  scan  limits,  bandwidth,  polarization,  gain,  and  environmental  requirements. 
More  details  on  the  EM  design  requirements  are  presented  later  in  this  report.  EM 
analysis  and  simulation  methods  were  developed  to  predict  the  performance  of  the  wing 
phased  array  prior  to  actual  experimental  tests  of  the  array.  This  was  considered  to  be 
critical  to  the  overall  capability  to  fully  understand  tolerance  effects  associated  with 
“paint-on”  antenna  materials  that  especially  affect  antenna  performance. 


Figure  2  -  Technical  emphasis  for  the  SBIR  Phase  II/Enhancement  Award  showing  the 
wing  array  development  and  the  emphasis  on  robotic  manufacturing  methods. 

3.0  Notional  Design  Approach  for  the  End-Fire  Phased  Array 
Antenna 

Early  in  the  research  program  AFRL  personnel  provided  the  wing  profile  for  the  array 
design  consideration;  so,  a  notional  design  was  formulated  as  shown  in  figure  3.  This 
study  was  initiated  using  computational  simulations  analysis  for  the  curved  array  and  to 
assess  the  potential  for  forming  a  beam  off  the  leading  edge  of  the  wing  profile.  The  two 
dimensional  wing  array  simulations  were  conducted  for  8-element  and  16-element  array 
configurations  and  for  positions  of  0-degree,  +  20-degree,  and  -  20-degree  scans. 
Initially,  radiation  patterns  were  calculated  for  a  single  row  of  elements  to  determine  the 
amount  of  beam  tilt  that  may  be  required  to  position  the  beam  off  the  leading  edge  of  the 
wing.  The  simulations  also  identified  the  element  excitations  for  elevation  and  azimuth 
scanning  simulations  (using  2-dimensional  wing  configurations). 

The  element  design  considered  for  these  simulations  was  a  rectangular  microstrip  patch  at 
each  of  the  locations  on  the  top  surface  of  the  wing.  All  array  radiation  pattern 
calculations  were  performed  at  5.5GHz. 
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Figure  3 -Cross-sectional  geometry  of  wing  and  array  elements  near  the  leading  edge. 

A  center-to-center  element  spacing  along  the  curved  surface  of  1.0  inch  was  determined 
to  be  reasonable  for  minimizing  grating  lobe  effects  and  allowing  sufficient  space  for 
resonant  rectangular  patches  on  the  surface.  The  array  excitation  was  selected  as  uniform 
amplitude  with  a  phase  distribution  to  compensate  for  the  array  curvature  while  also 
scanning  the  beam  in  the  desired  elevation  direction.  The  calculated  radiation  pattern  in 
the  elevation  plane  for  the  beam  pointing  off  the  leading  edge  is  shown  in  figure  4. 
Figures  5  shows  the  calculated  radiation  patterns  for  the  beam  scanned  +  20  degrees  in 
elevation. 


Figure  5  -  Elevation  pattern  for  curved  array  with  beam  scanned  20  degrees  up. 
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These  initial  array  analyses  indicated  that  a  reasonable  beam  can  be  formed  off  the 
leading  edge  and  that  some  limited  elevation  phase  scanning  can  be  achieved  by  an  array 
located  on  the  top  curved  surface  of  the  wing.  Better  beam  formation  and  elevation 
scanning  may  be  possible  by  wrapping  the  array  around  the  leading  edge  and  onto  the 
bottom  surface;  however,  this  approach  was  has  not  modeled.  The  potential  exists  for 
elevation  pattern  sidelobe  reduction  with  optimized  amplitude  excitation  distributions 
using  this  array  concept. 

4.0  Wing  Phased  Array  -  Development  of  Polymer-Based  Materials 
for  the  Array  Design 

Development  of  Dielectric  Coatings 

Based  on  the  SBIR  Phase  I  technology  results,  the  polymer-based  dielectric  and 
conductive  coatings  were  selected  for  the  array  design.  The  dielectric  constant  and  loss 
tangent  values  are  in  the  range  of  2.97  -  3.6  and  0.037  -  0.055,  respectively.  Several 
variations  of  these  materials  were  developed  to  further  improve  the  overall  EM  properties 
of  the  selected  materials.  In  the  meantime,  EM  sensitivity  analyses  are  conducted  to 
determine  variations  in  EM  performance  for  the  range  of  characteristics  for  the  polymer- 
based  dielectric  coatings  for  the  array  design.  The  ‘optimum’  formulations  were  selected 
for  further  substrate  fabrication  and  EM  tests.  Based  on  the  EM  measurements  of  the 
polymer-based  dielectric  coatings,  these  parameters  were  used  in  the  design  and 
computational  simulations  for  all  components  of  the  integrated  wing  array  -  element, 
feed  and  beam- forming  network,  and  the  complete  array. 

Material  coatings  were  applied  to  test  substrates  with  film  thicknesses  from  60-mil  to  80- 
mil  and  then  tested  at  AEM  and  NASA.  Substrates  were  machined  to  coaxial  (and 
subsequent  waveguide)  dimensions  for  analysis  and  testing.  Based  on  all  of  the 
subsequent  substrate  test  results,  dielectric  materials  were  down-selected  for  antenna 
design  tasks. 

The  following  tasks  were  accomplished: 

■  Unitech  fabricated  specimen  (“doughnuts”)  for  a  7-mm  precision  airline  which 
included  approximately  22  categories  of  polymer-based  dielectrics  with  and 
without  various  filler  materials  for  EM  measurements  and  characterizations. 

■  Applied  EM  (AEM)  conducted  EM  measurements/characterizations  (up  to  6 
GHz)  on  approximately  30  dielectric  material  specimens  of  the  22  categories  of 
polymer-based  dielectric  materials  developed  by  Unitech. 

■  AEM  developed  laboratory  measurement  procedures  for  EM  measurements 
(screening  materials  based  on  EM  properties)  and  resolved  calibration  issues 
(specimens  (“doughnuts”)  for  7-mm  precision  airline)  required  for  accurate 
material  measurements. 

Based  on  the  results  of  all  of  the  EM  material  property  measurements,  the  down  selection 
process  resulted  with  LB-070  as  the  dielectric  coating  material  for  the  wing  phased  array. 
The  resulting  dielectric  constant  and  loss  tangent  characteristics  for  the  “down-selected” 
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coatings  are  presented  in  Figure  6  and  the  resulting  dielectric  constant  and  loss  tangent 
for  LB-070  values  are  approximately  3.05  and  0.0325.  All  of  the  primary  candidate 
materials  are  polymer-based  Silane/Polyglycidyl  Ether  systems  with  ceramic  and  boron 
nitride  fillers. 


Figure  6  -  EM  measurement  results  for  the  polymer  dielectric  materials  and  selection  of 
LB-070  as  the  baseline  material. 

The  test  results  for  the  LB-070  indicated  less  variation  in  loss  tangent  and  dielectric 
constant  but  variations  did  occur  in  some  of  the  measurements  that  were  attributed  to 
measurement  error  especially  in  handling  small  specimens  with  varying  thicknesses. 

Development  of  Improved  Conductive  Coatings 

In  addition  to  the  development  and  testing  of  dielectric  coatings,  highly  conductive 
coatings  were  also  developed  to  provide  the  necessary  material  coatings  for  antenna 
designs.  Unitech,  LLC  conducted  tests  on  selected  materials  that  included;  evaluation  of 
Inter-coat  compatibility  and  adhesion  per  ASTM  D  3359,  Standard  Test  Method  for 
Measuring  Adhesion  by  Tape  Test,  and/or  ASTM  D  4541,  Standard  Test  Method  for 
Pull-Off  Strength  of  Coatings  Using  Portable  Adhesion  Tester.  Impact  resistance,  per 
ASTM  D  2794,  Standard  Test  Method  For  Resistance  of  Organic  Coatings  to  the  Effects 
of  Rapid  Deformation  (Impact).  The  results  of  these  tests  are  being  prepared  by  Unitech. 

The  RF  characteristics  of  the  baseline  Unishield  conductive  coatings  were  found  to  be 
inferior  for  antenna  feed  circuits  based  on  insertion  loss  measurements.  As  a  result,  a 
new  and  improved  conductive  coating  (LB-088)  was  developed  and  RF  tests  indicated 
low  insertion  loss  characteristics  as  compared  to  the  original  Unishield  formulations.  Two 
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tests  were  conducted  to  evaluate  the  quality  of  spray  applications  and  dry  film  thickness 
and  resistance  characteristics. 

The  results  of  test  (#1)  indicated  a  dry  film  thickness  of  1.4- 1.6  mils  and  conductivity 
(resistance)  of  0.018  ohms  per  square.  Results  of  the  second  test  trial  produced  a  dry  film 
thickness  of  1.1  to  1.2  mils  and  better  (resistance)  conductivity  of  0.009  ohms  per  square 
were  achieved.  Therefore  LB-088  was  selected  for  all  subsequent  antennas  designs  and 
steps  were  implemented  to  test  these  coatings  for  Pratt  &  Whitney’s  robotic  spraying 
applications.  These  investigations  will  be  discussed  later  in  this  report. 

Unishield  Conductive  Coatings  on  Graphite  Composite  Panels 

Antenna  design  problems  were  encountered  during  Phase  I  when  Unishield  conductive 
coatings  (not  LB-088)  were  applied  to  graphite  composite  materials  especially  the 
radiation  gain  levels.  In  Phase  II,  this  problem  was  encountered  again  and  the  problem 
was  further  analyzed  by  inspecting  the  condition  of  the  graphite  composite  materials 
before  coating  and  measuring  the  surface  resistance  of  the  composite  materials.  Initially, 
it  appeared  that  the  continuity  of  an  antenna  ground  plane  (using  conductive  coatings  on 
the  graphite  composite  structure)  was  degraded  due  to  material  interactions.  Since  the 
wing  model  for  the  array  is  graphite  composite  materials,  this  problem  had  to  be  solved. 
The  surface  resistance  of  the  (uncoated)  wing  surface  was  found  to  vary  greatly 
depending  on  where  the  meter  probes  were  placed  and  what  pressure  was  applied.  Also, 
variations  in  resistance  were  observed  whether  the  composite  surface  was  smooth  or 
rough  -  which  means  either  resin  “rich”  or  resin  “starved.” 

This  problem  became  more  evident  when  several  types  of  Unishield  conductive  coatings 
with  and  without  sealant  coatings  were  applied  to  graphite  composite  materials.  Material 
samples  were  provided  to  NASA  for  measurements  and  those  test  results  produced  even 
more  varying  shielding  effectiveness  levels;  so,  no  conclusions  could  be  made  as  to  the 
proper  coating  procedures. 

This  problem  was  researched  further  and  experiences  involved  in  the  design  of  low 
observable  materials  indicated  that  the  graphite  composite  surfaces  should  be  lightly 
“sanded”  before  applying  the  conductive  ground  plane  coating.  Sanding  the  composite 
surface  removes  the  top  resin  coating  and  exposes  graphite  fibers  and  thereby  provides 
better  conductivity  with  the  ground  plane  coating.  Subsequently,  tests  were  conducted  on 
small  GFE  coated  samples  and  found  improved  overall  conductivities.  This  procedure 
has  been  adopted  and  implemented  to  prepare  the  wing  for  painting  the  array.  Therefore, 
a  sealer  coat  will  not  be  applied  to  the  wing  surface  prior  to  applying  the  LB-088 
conductive  ground  plane. 

Thermal  cycling  during  applications  of  the  dielectric  and  conductive  coatings  is  required 
and  one  cycle  consists  of  the  following;  subjecting  the  material  layer  to  a  temperature  of  - 
65°  F  for  a  period  of  1  hour,  then  moving  the  specimen  directly  to  a  180°  F  oven  for  a 
period  of  one  hour,  then  allowing  the  specimen  to  remain  at  ambient  temperature  for  a 
period  of  one  hour.  Trial  runs  using  the  materials  selected  consisted  of  coating  on 
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composite  and  aluminum  panels  to  achieve  the  desired  film  thickness.  Then,  the  panels 
were  tested  through  a  minimum  of  20  cycles  and  evaluated  for  cracking,  loss  of  adhesion, 
and  other  possible  defects. 

5.0  Wing  Phased  Array  -  Probe-Fed  Element  Design 

Several  element  designs  were  considered  for  the  end-fire  array  and  finally,  a  probe-fed 
square  microstrip  element  was  selected  for  the  end-fire,  integrated  wing  design.  The 
probe-fed  configuration  was  selected  because  of  the  need  to  know  the  effect  of  paint 
tolerances  on  EM  performance  on  each  element  and,  subsequently,  on  the  total  array. 
Having  probe-fed  elements  will  allow  measurements  on  each  element  of  the  array  and, 
then,  differences  in  performance  could  be  attributed  to  variations  in  the  EM  properties  of 
the  paint  coatings  at  various  locations  in  the  array.  So,  probe-fed  elements  will  enable 
diagnostics  in  the  event  ‘trouble-shooting’  will  be  required  after  the  array  EM 
performance  has  been  determined. 

During  this  stage  of  the  design,  the  dielectric  layer  was  limited  to  a  single  layer  dielectric 
configuration  (at  this  stage  of  the  conformal  antenna  materials  program).  Therefore,  the 
bandwidth  anticipated  for  the  element  design  would  be  approximately  5%.  The  radiation 
patterns  were  calculated  for  representative  element  locations  to  determine  if  the  element 
design  needed  to  be  refined  depending  upon  location  on  the  curved  wing  cross  section. 
Array  element  excitations  were  calculated  to  form  a  beam  broadside  to  the  wing  leading 
edge.  The  microstrip  element  dimensional  parameters  were  determined  for  resonance  at 
the  desired  test  frequency  (5.50  GHz). 

As  the  various  polymer-based  dielectric  material  formulations  were  developed,  the 
resulting  EM  performance  of  the  square  element  was  calculated  in  regard  to  resonant 
frequency  characteristics  and  bandwidth.  It  is  important  to  understand  the  variations  in 
the  EM  characteristics  (dielectric  constant  and  loss  tangent  versus  frequency)  so  that 
accurate  antenna  element  designs  could  be  formulated.  The  variations  in  dielectric 
constant  and  loss  tangent  are  primarily  due  to  variations  in  the  fabrication  process  and 
lesser  extent  to  systematic  measurement  errors.  These  variations  were  studied  and, 
subsequently,  the  element  design  was  finalized.  In  the  meantime,  it  was  important  that 
‘trial’  designs  be  conducted  using  the  latest  EM  data  on  the  materials  to  track  the  process 
especially  in  regard  to  resonant  frequency,  bandwidth,  and  gain.  The  element  design 
configuration  of  the  element  design  is  presented  in  Figure  7 
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Figure  7  -  Element  design  configuration  along  with  predicted  bandwidth  characteristics 
using  EM  characteristics  for  dielectric  materials. 

Effects  of  Curvature  on  Conformal  Antennas 

In  addition  to  the  substrate  characteristics  that  will  affect  the  bandwidth  and  resonant 
frequency  of  the  conformal  antenna,  the  shape  of  the  substructure  will  also  affect  the 
resonant  frequency  (and  bandwidth)  of  the  antenna.  The  effects  of  curvature  on  the 
fabrication  of  conformal  antennas  are  discussed  are  discussed,  for  example  in  [3],  [4]. 
This  effect  was  analyzed  and  correlated  with  previous  results  of  experimental  tests.  It  is 
important  to  note  that  many  of  the  design  parameters  of  conformal  antennas  are  being 
considered  in  this  research  phase  and  these  results  will  be  applied  during  Phase  II  tasks  to 
demonstrate  the  design  of  phased  array  antennas  integrated  on  aircraft  wing  geometries. 

Microstrip  (square  patch)  antennas  on  finite  curved  ground  planes  were  analyzed  using 
the  Method  of  Moments  based  software  FEKO.  The  dielectric  constant  of  the  substrate 
was  assumed  to  be  2.7  and  substrate  thickness  0.090-inches.  The  geometry  of  the 
structure  and  mesh  of  the  dielectric  and  metal  regions,  used  in  FEKO  simulations,  with 
varying  radii  of  curvature  (3.75,  0.75,  0.52,  and  0.37-inches  respectively)  are  shown  in 
the  Figure  8. 
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Figure  9  -  Computed  return  loss  of  microstrip  antenna  on  curved  surface. 

Additional  experiments  were  conducted  to  determine  the  effects  of  dielectric  and 
uniformity  on  microstrip  antennas  using  a  Teflon-Ceramic  (Epsilam-10)  dielectric 
substrate  material.  This  dielectric  substrate  was  selected  for  this  investigation  since  it  can 
be  bent  to  conform  to  a  substructure.  In  this  investigation,  several  L-Band  rectangular 
microstrip  patch  antennas  were  fabricated  and  they  were  bent  around  metal  cylinders  of 
different  radii  to  determine  the  changes  in  frequency,  VSWR,  and  bandwidth  due  to 
bending.  The  results  of  these  experiments  are  as  follows: 

•  Resonant  frequency  always  increases  (approx.  1%  or  less)  with  decreasing 
radius  of  curvature  of  the  substrate  and  ground  plane. 

•  The  useable  bandwidth  tends  to  increase  with  decreasing  radius  of 
curvature. 

•  The  VSWR  increases  significantly  with  decreasing  radius  of  curvature. 
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•  The  copper  cladding  of  the  substrate  begins  to  wrinkle  as  the  radius  of 
curvature  approaches  0.50- wavelengths  in  the  dielectric. 

Element  design  analysis  was  extended  to  investigate  performance  on  the  wing  structure 
as  shown  in  Figure  10. 


Microstrip  antenna  analysis  on  the  wing 
Near  fields  of  microstrip  antenna  on  flat  substrate  imported  onto  the  wing 


Figure  10  -  Microstrip  antenna  analysis  by  analyzing  the  near  fields  of  the  individual 
elements  on  a  flat  substrate  and  imported  onto  the  wing  geometry. 

The  microstrip  analysis  of  the  element  on  the  wing  was  continued  for  the  near  fields  of 
the  element  on  a  flat  substrate  imported  onto  the  wing  required  21120  triangles  and 
31472  unknowns  at  the  design  frequency  of  5.5  GHz.  A  chart  outlining  these  steps  of  the 
analysis  is  presented  in  Figure  1 1 . _ 

Microstrip  antenna  analysis  on  the  wing 
Near  fields  of  microstrip  antenna  on  flat  substrate  imported  onto  the  wing 


Figure  1 1  -  Chart  outlining  the  number  of  triangles  and  unknowns  for  analyzing  the  near 
fields  on  individual  antenna  elements  of  the  array. 

The  near  fields  of  the  microstrip  antenna  element  designs  were  imported  onto  the  wing 
configuration.  As  indicated  above,  21,120  triangles  with  31,472  unknowns  were 
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formulated  in  the  FEKO  EM  simulations.  After  the  individual  elements  were  analyzed 
and  imported  onto  the  wing  geometry,  a  16-element  linear  array  (one  row  of  elements  of 
the  64-element  array)  was  analyzed  to  determine  the  elevation  plane  pattern.  The  first 
radiation  pattern  was  calculated  for  a  partial  wing  configuration  and  a  comparison  with 
the  full  wing  configuration  is  shown  in  Figure  12. 


Figure  12  -  Comparison  of  radiation  pattern  calculations  of  a  16-element  array  on  partial 
and  full  wing  configurations  -  elevation  plane  radiation  patterns. 


In  addition  to  the  element  configuration,  mutual  coupling  effects  were  analyzed  to 
determine  if  the  element  impedance  was  adversely  affected  by  the  adjacent  element. 
These  results  are  presented  in  Figure  13  and  it  can  be  noted  that  the  mutual  coupling  is 
approximately  22,5  dB  for  the  element  spacing  designed  for  the  array. _ 

Mutual  Coupling  between  2  probe-fed  Square  Patches  on  planar  substrate 
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Figure  13  -  Mutual  coupling  between  two  probe-fed  square  patch  elements  on  a  planar 
substrate. 


As  this  analysis  was  conducted  for  two  probe-fed  patch  elements  on  a  planar  substrate,  it 
is  anticipated  that  the  element  mutual  coupling  will  decrease  further  when  the  elements 
are  placed  on  curved  ground  planes. 

As  stated  previously,  the  use  of  probe-fed  elements  enables  the  opportunity  for  further 
comparisons  between  calculated  and  measured  element  patterns  in  the  array  for  possible 
diagnostic  purposes.  The  radiation  patterns  will  be  calculated  for  each  array  element 
location  on  the  wing  cross-section  as  well  as  the  impedance  for  each  array  element 
location  on  wing  cross-section. 

6.0  Wing  Phased  Array  -  Computational  Simulations 

EM  computational  simulations  were  developed  for  the  3-dimensional  wing  array  for  the 
64-element  array  configuration  and  these  simulations  were  used  to  predict  the 
performance  of  the  array  and  also  provide  a  means  to  correlate  the  EM  results  with  the 
tolerance  effects  studies  for  the  “paint-on”  conformal  material  coatings.  The  location  of 
the  array  on  the  wing  is  shown  in  Figure  14.  The  computational  simulations  will  also 
identify  the  need  for  adjustments  to  individual  element  design  details  to  improve  the 
radiation  pattern  characteristics  as  required. _ 


Location  of  the  64-element  Array  on  the  Composite  Wing 


Figure  14  -  Location  of  the  64-element  phased  array  on  the  composite  experimental  wing 
profile. 

The  64-element  array  is  positioned  approximately  5-inches  from  the  leading  edge  of  the 
wing  and  this  location  was  a  compromise  between  the  effect  on  the  radiation  pattern  and 
the  physical  limitations  anticipated  for  installing  the  array  and  associated  power  dividers 
and  cables  for  the  array.  This  compromise  was  necessary  in  view  of  the  fact  that  probe- 
fed  elements  compose  the  array  and  cable  connections  are  required  to  each  element.  A 
center-to-center  element  spacing  along  the  curved  surface  of  1.0  inch  was  determined  to 
be  reasonable  for  minimizing  grating  lobe  effects.  The  array  excitation  was  selected  as 
uniform  amplitude  with  a  phase  distribution  to  compensate  for  the  array  curvature  while 
also  scanning  the  beam  in  the  desired  elevation  direction.  The  64-element  array 
configuration  is  shown  in  Figure  14  and  FEKO  EM  analysis  methods  were  selected  for 
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Figure  15  -  Diagram  of  the  64-element  array  for  the  experimental  composite  wing. 


Previous  array  patterns  were  calculated  using  Physical  Optics  analysis  and  comparisons 
with  the  FEKO  results  are  presented  in  Figure  16. 


Figure  16  -  Comparison  of  FEKO  1x16  array  pattern  with  the  4x16  PO  calculations. 


These  initial  array  analyses  indicate  that  a  reasonable  beam  can  be  formed  off  the  leading 
edge  and  that  some  limited  elevation  phase  scanning  can  be  achieved  by  an  array  located 
on  the  top  curved  surface  of  the  wing.  Better  beam  formation  and  elevation  scanning 
may  be  possible  by  wrapping  the  array  around  the  leading  edge  and  onto  the  bottom 
surface;  but,  this  is  was  not  considered  necessary  for  this  experiment  demonstration. 
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Preliminary  results  using  FEKO  (shown  in  Figure  17)  indicates  the  overall  capability  of 
that  EM  software  to  provide  accurate  performance  predictions  for  the  64-element  array  as 
the  development  continues.  Eventually,  a  total  3-D  radiation  pattern  simulation  will 
include  all  of  the  constitutive  materials  of  the  array. 

CAD-FEKO  (Parametric  Analysis  Model  Development): 

The  purpose  of  this  task  was  to  develop  an  integrated  mechanical  CAD  and  EM  software 
model  of  the  experimental  wing  with  the  “paint-on”  phased  array  so  that  parametric 
studies  can  be  performed  as  well  as  performance  predictions  of  the  array  prior  to 
radiation  pattern  measurements  at  NASA  Langley.  The  capability  to  simulate  the  wing 
array  geometries  (of  all  painted  layers)  is  critical  to  the  understanding  of  the  as-measured 
characteristics  of  the  conformal  painted  array.  Therefore,  it  was  important  to  work  out  all 
of  the  issues  associated  with  the  merging  of  the  CAD  mechanical  models  with  the  FEKO 
EM  software.  The  first  step  was  to  develop  a  CAD  mechanical  model  of  the  as-built 
experimental  wing  model.  Using  a  mechanical  scanning  device,  data  was  collected  and  a 
CAD  geometry  model  of  the  experimental  wing  was  developed.  Photographs  of  the 
scanning  equipment  used  to  measure  the  experimental  wing  are  shown  in  Figure  18. 


Figure  17  -  FEKO  simulations  of  4x16  patch  array  on  the  composite  wing  geometry. 


Figure  18  -  Photographs  of  measurement  setup  to  mechanically  scan  the  surface  of 
AEM’s  experimental  wing. 


Preliminary  surface  measurements  indicated  surface  accuracy  deformations  as  much  as 
0.030-inches  existed  on  the  wing  surface,  and  in  the  area  where  the  array  will  be  located, 
surface  undulations  on  the  order  of  0.010-inches  were  measured.  Based  on  these  results, 
it  appears  these  deformations  could  be  due  to  the  tooling  used  to  fabricate  the  wing.  In 
regard  to  the  surface  errors  (0.010-in.)  in  the  area  of  the  array,  the  effect  of  these  errors 
on  electrical  performance  can  be  determined  since  these  errors  can  be  located  and 
characterized  (in  respect  to  specific  antenna  locations). 

The  CAD  geometry  information  was  integrated  with  the  CAD-FEKO  model  of  the  wing 
phased  array  and  dimensions  provided  for  substrate  dielectric  layer  thickness,  conductive 
coating,  microstrip  element  dimensions,  and  RF  connector  and  offset  dimensions. 
Essentially,  two  CAD  models  were  developed  for  the  phased  array  on  the  wing.  One 
mechanical  model  has  the  necessary  detail  that  shows  the  entire  array  component  layers, 
and  RF  connector  locations.  The  second  CAD  model  provides  mechanical  detail 
information  that  is  needed  to  “union”  the  array  geometry  with  the  CAD-FEKO  EM 
software.  The  CAD-FEKO  model  is  used  by  AEM  personnel  to  conduct  various  EM 
simulations  of  the  wing  array  and  to  provide  EM  performance  predictions  prior  to 
radiation  pattern  tests  at  NASA  Langley. 

Experimental  tests  will  measure  element  impedances  and  coupling  levels  for  the  sub¬ 
array.  Mutual  coupling  effects  will  be  considered  which  normally  cause  (1)  a  distortion 
of  the  radiation  pattern,  (2)  an  element-driving  impedance  that  varies  as  the  array  is 
phased  to  point  the  beam  in  different  directions,  and  (3)  a  polarization  variation  with  scan 
angle  in  an  array  with  elements  that  can  support  more  than  one  sense  of  polarization.  The 
degree  to  which  the  mutual  coupling  affects  the  performance  of  the  array  will  depend 
upon  the  element  type,  the  polarization  and  excitation  of  each  element,  the  geometry  of 
the  array,  and  the  surrounding  environment.  To  accurately  model  the  effects  of  mutual 
coupling  in  the  design  of  array  antenna,  the  analysis  must  include  all  these  factors. 

The  microstrip  elements  of  the  array  are  designed  for  a  center  frequency  of  5.5  GHz.  The 
development  plan  for  testing  and  evaluating  the  antenna  element  designs  for  the  wing 
phased  array  has  been  discussed  in  previous  reports  and  will  not  be  repeated  herein. 
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Development  of  the  mechanical  CAD  models  enabled  AEM  to  develop  a  FEKO  model  of 
the  wing  array  which  is  constructed  using  Parasolid  format.  The  element  dimensions 
(0.564-inch  square)  and  probe-fed  pin  location  (0.1 10-inch)  from  center  of  the  patch  were 
provided  to  EATI  for  modeling. 

Preliminary  EM  simulations  have  been  conducted  using  a  flat  plate  64-element 
configuration  and  the  CAD-FEKO  model  (for  this  configuration)  used  for  simulations  is 
presented  in  Figure  19  (a).  A  center-to-center  element  spacing  along  the  curved  surface  of 
1.0  inch  was  acceptable  to  minimize  grating  lobe  effects.  The  array  excitation  was 
selected  as  uniform  amplitude  with  a  phase  distribution  to  compensate  for  the  array 
curvature  while  also  scanning  the  beam  in  the  desired  elevation  direction.  The  results 
(shown  in  Figure  19(b))  show  computational  simulations  for  the  elevation  plane.  These 
results  signify  that  progress  has  been  made  to  develop  the  capability  for  EM  simulations 
that  will  be  important  to  fully  understand  the  parametric  effects  for  “painted”  antenna 
designs.  The  FEKO  simulation  software  will  be  used  on  the  actual  wing  geometry  to 
provide  accurate  performance  predictions  for  the  64-element  array. 


Figure  19-64  element  FEKO  model  constructed  using  Parasolid  format  -  planar  case. 
Elevation  pattern  shown  for  information  purposes. 

Further  modifications  were  made  in  the  CAD  mechanical  model  of  the  curved  wing 
configuration  to  improve  ‘merging’  with  FEKO  and,  soon,  radiation  patterns  will  be 
calculated  for  the  actual  curved  wing  array  configuration.  Since  the  array  is  probe-fed, 
individual  element  characteristics  will  be  calculated  as  well  as  array  patterns  as  a  function 
of  frequency.  The  results  of  these  simulations  will  be  compared  with  experimental  test 
results  obtained  by  NASA  Langley.  Hence,  the  technology  of  the  Conformal  “Paint-On” 
Antenna  Materials  research  will  be  evaluated  based  on  the  overall  EM  performance  of  the 
antenna  design  applications  —  ranging  from  individual  elements  to  the  radiation  pattern 
performance  of  the  64-element  phased  array. 

7.0  Wing  Phased  Array  -  Design  of  Phase  Distribution  Circuit  for 
End-Fire  Radiation 
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The  beam-forming  network  provides  the  phase  distribution  circuit  for  progressive  phase 
shifts  to  achieve  end-fire  radiation  and  the  circuit  schematic  is  shown  in  Figure  20. 


Figure  20  -  Phase  distribution  circuit  proposed  for  the  End-Fire  Phased  Array  Antenna. 

Phase  distributions  will  be  required  to  scan  the  beam  toward  the  horizon  by  compensating 
for  the  curvature  of  the  wing  and  the  necessary  phase  to  scan  the  beam.  Based  on  the 
results  of  these  simulations,  the  phase  distribution  circuit  for  the  array  has  been 
developed  using  relatively  low  loss  coaxial  cables,  (16)  1  x  4  way  power  dividers,  and  (1) 
16x1  power  divider.  Adjustable  phase  shifters  are  also  used  in  each  line  to  compensate 
as  required  for  slight  variations  in  the  phase  delay  associated  with  each  cable. 

Table  I  lists  the  design  and  measured  values  for  the  array  excitation  distribution  network. 
The  excitation  phase  delay  is  given  in  degrees  with  respect  to  the  trailing  element.  The 
first  column  is  the  calculated  design  values  for  the  composite  wing  array.  The  second 
column  is  the  difference  or  phase  delay  with  respect  to  the  previous  element.  The  third 
column  is  the  the  measured  phase.  Phase  adjustable  SMA  adapters  were  employed  to 
improve  the  resulting  measured  phase  distribution.  The  final  column  lists  the  error 
between  the  design  and  measured  phase  distributions.  The  worse  case  error  is  about  6.8 
electrical  degrees  for  PD_03.  The  overall  phase  characteristics  for  the  circuit  are 
acceptable  for  testing  the  wing  phase  array. 
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Table  I  -  Array  Phase  Distribution  for  forward-looking  Beam. 

The  current  tuned  phase  distribution  circuit  has  an  average  element  error  of  less  than  two 
percent.  PD03  and  PD_04  may  require  further  refinement  before  the  standard  deviation 
of  the  element  errors  can  be  reduced  ( a E  »  1 .87  ). 

8.0  Wing  Phased  Array  -  Development  of  Array  Elements  (using 
polymer-based  dielectric  materials) 

Single  layer  substrate  elements  (square  patch)  were  developed  using  the  selected  (LB-070 
and  LB-088)  polymer-based  dielectric  materials.  A  13-element  microstrip  patch 
configuration,  shown  in  Figure  22,  was  fabricated  which  represented  different  locations 
in  the  array  environment  in  the  wing  geometry.  The  purpose  for  this  test  was  to  verify 
the  precise  element  dimensions  and  the  location  of  the  feedpoint  of  the  element,  the  input 
impedance,  and  the  mutual  coupling  effects  for  the  64-element  array.  This  microstrip 
patch  assembly  included  a  3x3  sub-array  of  square  elements  in  the  center  of  the  plate  and 
this  test  configuration  was  extremely  useful  in  determining  mutual  coupling  effects  and 
verifying  element  RF  performance  before  fabrication  had  begun  on  the  wing  array.  The 
composite  ground  plane  was  fabricated  and  the  surface  was  prepared  (as  previously 
discussed)  by  lightly  “sanding”  the  graphite  composite  material  surfaces  before  applying 
the  conductive  coating. 

There  has  always  been  a  design  issue  regarding  how  to  provide  a  good  RF  ground 
connection  when  antennas  are  “painted  onto”  non-metallic  structures;  so,  it  was  necessary 
to  modify  SMA  connectors  by  soldering  a  copper  sleeve  to  the  connector  flange  and  then 
spreading  the  copper  sleeve  into  a  “flower”  shaped  leaves  on  top  of  the  painted  ground 
plane  (after  the  connector  is  inserted  through  the  clearance  hole).  EM  tests  were 
conducted  on  all  of  the  element  positions  on  the  composite  (13-element)  assembly  and 
evaluations  were  made  as  to  the  individual  element  performance  (resonant  frequency, 
pattern  and  gain  characteristics).  These  connector  installations  are  shown  in  Figure  21 . 
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Figure  21  -  13-element  board  assembly  on  a  graphite  composite  board  showing 
application  of  LB-088  conductive  ground  plane  coating. 


After  the  LB-088  conductive  ground  plane  is  applied  to  the  graphite  composite  board, 
LB-070  dielectric  coating  is  sprayed  onto  the  top  surface  (as  shown  in  Figure  22)  and  the 
board  in  preparation  of  the  antenna  elements  are  painted  next. _ 


Figure  22  -  Photographs  of  the  13-element  graphite  composite  board  after  the  LB-070 
dielectric  coating  has  been  applied. 


Tests  Using  Commercial  (Dielectric)  Substrate 

Using  a  similar  13 -element  template,  a  commercial  laminate  was  assembled  with  similar 
microstrip  patch  antenna  elements.  The  dielectric  constant  of  the  commercial  substrates 
was  3.0  which  is  the  same  as  the  LB-070  painted  dielectric  layer.  So,  the  purpose  of  this 
test  was  to  experimentally  verify  analysis  predictions  of  resonant  frequency  and  element 
mutual  coupling  effects.  It  is  important  that  the  mutual  coupling  effects  for  the  64- 
element  array  are  experimentally  verified.  The  configuration  for  the  commercial 
substrate  boards  and  element  dimensions  were  identical  to  the  template  (shown  in  Figure 
23).  The  measurement  results  indicated  the  individual  resonant  frequencies  for  each 
element  in  the  center  9-element  cluster.  RF  connectors  were  soldered  to  the  individual 
elements  and  ground  plane  on  the  back  surface  of  the  substrates.  Several  iterations 
(installing  the  connectors)  were  required  because  any  inconsistency  in  the  symmetry  of 
the  connector  center  pin  to  the  antenna  element  affects  the  residual  feed  reactance  which 
results  in  detuned  resonant  frequency  for  the  element.  It  can  be  seen  that  each  element 
has  essentially  the  same  resonant  frequency  and  good  repetitive  procedures  have  been 
developed  for  element  RF  connections.  These  results  verified  that  the  element  design 
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will  perform  satisfactorily  in  the  wing  array  configuration  especially  in  regard  to  element 
spacing,  mutual  coupling  performance  predictions.  The  mutual  coupling  levels  between 
the  center  element  and  the  eight  adjacent  elements  were  measured  and  observed  to  be  20 
dB  which  is  as  predicted. 


Figure  23  -  Experimental  results  {Commerical  Board)  to  verify  resonant  frequencies  for 
each  patch  element  in  the  9-element  center  cluster  configuration. 


After  the  RF  tests  on  the  commercial  board  assembly  were  completed,  the  composite 
board  assembly  was  developed  and  individual  elements  (on  the  13 -element  board)  were 
tested.  This  configuration  closely  represented  the  type  of  elements  that  are  designed  for 
the  wing  phased  array.  Figure  24  shows  the  orientation  of  the  elements  on  the  composite 
board  and  the  numbering  of  each  element  location  for  testing  and  performance 
comparisons.  When  the  composite  board  assembly  was  received  at  AEM,  it  was 
observed  that  cracking  of  the  dielectric  layer  had  occurred  due  a  rapid  high  temperature 
curing  cycle  imposed  by  Unitech.  Some  of  the  antenna  elements  failed  the  EM  tests 
because  of  cracks  in  the  dielectric  layer  as  well  as  some  cracks  in  the  element.  Several 
elements  were  found  to  be  acceptable  and  RF  connectors  were  prepared  on  these 
elements  for  testing.  These  test  results  proved  to  be  a  valuable  exercise  as  the 
preparations  were  being  made  to  develop  the  wing  phased  array. 


Figure  24  -  Composite  antenna  assembly  board  showing  numbering  system  for  the 
individual  elements. 
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Return  loss  measurements  were  conducted  on  each  element  of  the  13-assembly  and  the 
effects  of  high  temperature  curing  were  very  evident.  Figure  25  shows  return  loss 
measurement  results  for  elements  3,  4,  and  5.  The  cure/heat  cycle  cracked  elements  #02 
and  #13.  Element  #01  was  fabricated  with  no  copper  shield  and  this  approach  was  found 
to  be  unacceptable  as  the  ground  connection  was  unreliable.  Elements  #3  and  #5  of  the 
second  row  fabricated  (06/15/06)  had  cracks  in  the  dielectric  and  antenna  element 


Figure  25  -  Return  Loss  Responses  for  Composite  Array  Test  Board  Elements. 

A  second  application  of  conductive  paint  was  applied  to  element  numbers  3,  4,  and  5. 
The  objective  was  to  correct  or  improve  the  contact  between  the  probe  pad  and  the 
conductive  patch.  Substantial  cracks  in  the  dielectric  exist  in  element  numbers  3  and  5. 
The  curing  process  for  the  application  of  the  dielectric  layer  has  since  been  modified  to 
reduce  the  potential  for  discontinuities  in  the  dielectric  medium.  The  repainting 
procedure  proved  to  be  counterproductive  for  element  numbers  3  and  5  as  shown  in  the 
following  figure.  Figure  26  compares  the  original  Return  Loss  responses  to  the  repainted 
patch  responses.  Element  5  was  severely  detuned.  Element  4  exhibited  no  significant 
change  in  impedance. 

One  likely  explanation  for  the  failure  of  Elements  3  and  5  would  be  conductive 
paint/material  filled  in  the  dielectric  cracks  during  the  repainting  procedure. 
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Figure  26  -  Comparison  of  patch  element  Return  Loss  responses  for  a  row  chosen  for 
Re-painting.  Substantial  curing  cycle  cracks  existed  in  Elements  3  and  5. 

Mutual  coupling  tests  were  conducted  using  the  remaining  good  elements  (#6,  #7,  and 
#8).  Element  #7  was  used  as  the  transmitting  element  and  coupling  to  elements  #6  and 
#8  was  measured.  The  coupling  levels  measured  were  approximately  20  dB  is  similar  to 
the  results  using  the  commercial  substrate  board  assembly. 

Bandwidth  Comparisons  of  Microstrip  Test  Arrays  on  Commercial  and  Composite 
Boards 

A  similar  test  array  constructed  of  commercial  microstrip  was  measured  earlier  to  refine 
fabrication  methods  and  to  establish  a  base  line  for  future  measurements.  Return  Loss 
responses  for  all  nine  elements  of  the  commercial  board  were  similar,  and  Element(l,l) 
was  chosen  for  the  following  preliminary  comparison  to  the  optimum  Return  Loss 
response  from  the  composite  board  (Element  #8).  The  characteristics  for  these  elements 
are  presented  in  Figure  27.  It  can  be  seen  that  Element  #8,  the  best  of  the  composite 
board  assembly,  exhibits  a  bandwidth  of  approximately  6.2%  and  the  resonant  frequency 
is  5.4  GHz.  The  bandwidth  is  very  close  to  the  goal  established  throughout  this  research 
program  and  is  superior  to  the  commercial  substrate  (microstrip)  antenna  probably  due  to 
the  higher  losses  in  the  painted  dielectric. 

A  summary  of  the  element  RF  tuning  characteristics  of  the  composite  board  assembly  is 
provided  in  Table  I.  It  can  be  seen  that  elements  #6,  #7,  and  #8  provide  a  trend  on 
resonant  frequency,  bandwidth,  and  impedance  match.  Therefore,  the  design  parameters 
associated  with  these  elements  (feed  soldering  method,  element  dimensions,  etc.)  were 
selected  and  is  being  fabricated  in  the  64-element  phased  array. 
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Figure  27  -  Return  Loss  and  Bandwidth  comparison  of  commercial  microstrip  array 
To  the  composite  test  array. 

Bandwidth  and  Center  frequency  data  is  enclosed  in  Table  II.  The  frequency  limits  for 


the  bandwidth  ca 

culations  were  based  on  a  RL>10dB. 
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Table  II  -  Summary  of  Measured  Bandwidth  for  Composite  Test  Array 

9.0  Wing  Phased  Array  -  Fabrication 

Fabrication  of  the  Experimental  Wing  Section 

Through  a  subcontract  with  Composite  Optics- ATK  the  experimental  wing  section  was 
designed  and  developed.  The  purpose  of  the  experimental  wing  section  was  primarily  to 
demonstrate  “paint-on”  antenna  designs  and  was  not  designed  for  any  other  structural  or 
wind  tunnel  type  tests.  The  wing  was  designed  to  readily  adapt  to  an  antenna  test  model 
tower  that  is  used  in  the  anechoic  test  chamber  at  NASA  Langley  Research  Center.  The 
airfoil  structure  (shown  in  Figure  28)  was  built  in  two  parts,  a  leading  edge  and  the 
trailing  edge  to  allow  for  easy  connection  and  checkout  of  antenna  cables.  For  each 
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section,  a  foam  core  was  machined,  or  “hot-wired,”  to  an  offset  of  the  airfoil  contour  that 
accommodates  the  composite  skin  thickness.  A  .080”  thick  carbon  epoxy  skin  was  laid  up 
on  the  foam  and  cured  in  place.  The  carbon  epoxy  material  has  similar  electrical 
conductivity  to  the  materials  used  for  military  aircraft  (such  as  IM7,  M55J,  AS4).  For  the 
trailing  edge,  a  tube  was  bonded  into  the  core  that  is  used  for  supporting  the  test  body  and 
to  provide  a  path  for  running  cables.  For  the  leading  edge,  the  foam  was  removed  from 
sections  where  connectors  are  required  for  the  antenna  elements.  Through-holes  could  be 
drilled  into  the  skin  as  required  to  connect  the  elements  to  their  cables.  The  flange  of  the 
leading  edge  was  reinforced  to  accept  shallow  countersink  fasteners.  Their  mating 
threaded  fittings  were  bonded  in  the  trailing  edge  section.  Once  the  wing  has  been 
connected  and  the  test  body  assembled,  thin  metal  tape  can  be  applied  over  the  seams  and 
fastener  heads.  The  antenna  cables  extend  out  the  hollow  of  the  rotator  adapter  for 
connection  to  the  transmitter  electronics.  Photographs  of  the  fabrication  process  are 
presented  in  Figure  33  along  with  a  photograph  of  the  completed  wing. 


Figure  28  -  Photographs  of  the  fabrication  stages  in  the  development  of  the  composite 
experimental  wing  for  the  phased  array  antenna 

“Painting”  the  Phased  Array  on  the  Wing 

Before  the  (LB-088)  conductive  coating  and  the  (LB-070)  polymer-based  dielectric  coating 
could  be  sprayed  onto  the  wing  for  the  array,  the  holes  for  the  64  RF  had  to  be  drilled  into  the 
wing  surface.  The  detailed  mechanical  (IGES)  model  was  then  used  to  interface  with  a  CNC 
machine  and  64  holes  were  drilled  in  the  graphite  composite  wing  surface  to  accommodate 
all  of  the  RF  connectors  for  the  array  elements.  Photographs  of  the  wing  after  drilling  and 
after  applying  the  conductive  coating  (LB-088)  for  ground  plane  of  the  array  are  presented  in 
Figure  29. 
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Area  of  64  holes  after  application 
Of  conductive  coating  for  ground 
Plane  of  the  array 


Figure  29  -  Photographs  of  the  wing  after  holes  drilled  for  RF  connectors,  before  and  after 


application  of  LB-088  conductive  ground  plane. 


After  the  LB-088  conductive  coating  was  sprayed  onto  the  wing  surface  and  cured,  the  (64) 
RF  connectors  were  bonded  in  place  and  the  copper  shields  were  folded  down  onto  the 
ground  plane  coating.  Then,  another  coat  of  LB-088  was  applied  to  the  areas  around  the 
connectors  to  assure  good  electrical  contact  from  the  connector  shield  to  the  antenna  element 
ground  planes.  The  results  of  this  procedure  are  shown  in  the  photographs  in  Figure  30 
which  also  shows  a  test  case  using  the  vinyl  templates  that  will  be  used  in  a  later  step  to 
spray  the  antenna  elements  onto  the  dielectric  coatings. 


Figure  30  -  Close-up  photographs  of  the  wing  connectors  after  the  copper  tabs  have  been 
attached  to  the  conductive  ground  plane  and  vinyl  templates  for  painting  the  antenna 
elements. 


Spraying  the  LB-070  dielectric  coatings  on  the  wing  requires  numerous  coats  and  curing 
cycles  to  achieve  the  design  goal  of  0.080-inch  overall  film  thickness  for  the  array.  The 
setup  for  curing  the  various  coating  applications  is  presented  in  Figure  31.  IR  lamps  are 
positioned  over  the  wing  for  curing  and  a  sensor  is  shown  hanging  down  close  to  the  wing 
surface  to  provide  accurate  temperature  control  of  the  IR  lamps.  Feedback  control  for  the  IR 
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lamps  is  necessary  to  prevent  overheating  the  wing  surface  which  could  cause  cracks  in  the 
antenna  surface. 


Figure  31  -  Setup  for  applying  and  curing  dielectric  coatings  for  the  wing  phased  array. 


After  numerous  spraying  of  the  LB-070  dielectric  coatings,  the  buildup  to  0.080-inch 
thickness  is  achieved  and  a  closer  view  of  the  application  is  shown  in  Figure  32.  After  this 
stage  of  the  fabrication  process,  flexible,  laser-cut  templates  are  used  to  provide  the 
boundaries  for  the  dielectric  layer  applications.  After  the  dielectric  layer(s)  have  cured, 
templates  for  the  antenna  circuits  are  used  for  spray  applications  of  LB-088  conductive 
coatings  to  form  the  microstrip  elements. 


Figure  32  -  Close-up  photographs  of  the  wing  during  applications  and  the  curing  cycle  for 
the  dielectric  coatings. 


10.0  Wing  Phased  Array  -  EM  Test  Results 

EM  tests  of  the  wing  phased  array  and  comparisons  with  theory  represent  a  summation  of 
over  three  years  of  research  and  technology  development  and  the  results  serve  to 
demonstrate  the  overall  readiness  of  Conformal  Antenna  Materials  Technology.  After 
the  array  was  fabricated,  the  wing  was  tested  initially  at  AEM  to  check  the  resonant 
frequencies  of  the  64-elements  and  the  overall  condition  of  the  array.  After  completing 
the  initial  checkout,  the  phase  distribution  cables  were  attached  to  the  array  elements  and 
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the  wing  was  taken  to  NASA  for  radiation  pattern  tests.  Figure  33  shows  the  wing 
installed  in  the  Low  Frequency  Anechoic  Chamber  at  NASA  Langley. 


Figure  33  -  Photograph  of  the  wing  array  in  the  antenna  test  chamber  at  NASA. 


Radiation  pattern  and  gain  tests  were  conducted  at  5.3,  5.4,  and  5.5  GHz  and  the  results 
are  presented  in  Figure  34.  It  can  be  noted  that  outstanding  agreement  is  demonstrated 
between  measured  and  calculated  radiation  patterns  for  both  elevation  and  azimuth  plane 


Figure  34  -  Comparison  of  measured  and  calculated  radiation  patterns  for  the  phased 
array  “painted”  on  a  composite  wing  section. 
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11.0  Future  Plans  -  Total  Robotic  Manufacturing 

In  accordance  with  the  goals  and  objectives  for  the  SBIR  Phase  II/Enhanced  program, 
robotic  manufacturing  methods  were  investigated  to  determine  the  potential  for 
applications  to  conformal  ‘paint-on’  antenna  technology.  Therefore,  a  subcontract  was 
established  with  Pratt  and  Whitney  (PW)  and  much  progress  was  made  to  develop  robotic 
manufacturing  methods  that  can  accommodate  Unitech’s  dielectric  and  conductive 
coatings.  P&W  successfully  demonstrated  robotically  spraying  both  LB-070  (dielectric) 
and  LB-088  (conductive)  coating  materials  for  developing  antenna  test  circuits.  P&W 
personnel  also  demonstrated  success  in  spraying  parallel  lines  on  commercial  substrates 
using  the  LB-088  as  well  as  applying  the  LB-070  for  complete  “paint-on”  antenna 
configurations.  The  accuracy  of  the  lines  was  measured,  width,  parallelism, 
characteristic  impedance  of  each  line  (and  compared  with  theory),  and  the  RF  loss  per 
length  across  wide  frequency  range.  Potentially,  a  feed  manifold  design  can  be  painted  in 
future  array  configurations  which  would  then  provide  a  single  RF  connector  for  feeding 
the  entire  array. 

These  results  indicated  that  P&W  has  the  capability  to  robotically  spray  narrow  line  feed 
manifolds  that  are  required  for  phased  array  antennas.  For  example,  a  feed  manifold  that 
has  been  designed  for  the  wing  phased  array  and  that  would  replace  all  of  the  probe- fed 
elements  would  require  0.010-inch  line  widths.  Based  on  P&W’s  test  results,  it  appears 
that  it  will  be  possible  to  spray  conducting  lines  that  accurately.  In  addition  to  the 
feasibility  studies  that  were  conducted  by  P&W,  a  computer  simulation  model  was 
developed  to  present  how  robotic  manufacturing  methods  can  be  used  to  paint-on 
antennas  on  aircraft  wing  section. 

12.  Acknowledgements 

The  outstanding  support  by  Mr.  Robert  Boyd,  Director  of  Technology  at  Unitech,  LLC,  is 
especially  recognized  for  his  expert  designs  of  polymer-based  materials  and  engineering 
support  as  well  as  to  Sheila  Bernal  (Unitech,  LLC)  and  Mr.  Mick  Hartzeim  (AEM)  for 
their  dedicated  and  committed  support  to  complete  the  fabrication  of  the  wing  phased 
array.  In  addition,  the  timely  inputs  and  engineering  support  from  Mr.  Bruce  Bailey  at 
Eagle  Aviation  Technologies,  Inc.,  is  greatly  appreciated.  Also,  the  contributions  of  Mr. 
Christian  Hearn  of  Applied  EM,  Inc.  are  acknowledged  for  his  support  designing  and 
testing  the  phase  distribution  circuits  for  the  array. 

13.  References 

[1]  Michelle  Champion,  SBIR-AF03-206,  Contract  No.  FA8718-04-C-0046  for 

Air  Force  Research  Laboratory,  HANSCOM  Air  Force  Base,  SBIR  Phase  II. 

[2]  T.  G.  Campbell,  C.  J.  Reddy,  and  Robert  Boyd,  “Development  of  Conformal 

Antenna  Materials  Technology  to  Enable  “Paint-On”  Antenna  Arrays  for  Air 


386 


Force  Aerospace  Applications,”  30th  Antenna  Applications  Symposium,  Robert 
Allerton  Park,  Illinois,  Sept.  20-22,  2006. 


[3]  W.  Thomas,  R.  C.  Hall,  and  D.  I.  Wu,  “Effect  of  Curvature  on  the  Fabrication 
of  Wraparound  Antennas,”  IEEE  APS,  Published  March,  1997. 

[4]  D.  Loffler,  E.  Gschwendtner,  and  W.  Wiesbeck,  “Design  and  Measurements 
for  Conformal  Antennas  on  Cylindrical  and  Spherical  Geometries,”  1999  IEEE  5th 
African  Conference  in  Cape  Town,  South  Africa,  Sept.  28  -  Oct.  1,  1999. 


387 


Impedance  Bandwidth  of  a  Wire  Dipole  with  the  Split-Coaxial 

Baiun 


Sergey  N.  Makarov  and  Reinhold  Ludwig 

IEEE  ECE  Dept.,  Worcester  Polytechnic  Institute,  Worcester,  MA  01609-2280  USA 

(makarov@wpi.edu/ludwig.wpi.edu). 


Abstract:  In  this  study,  a  simple  analytical  transmission  line  model  of  a  split-coaxial 
balun  is  proposed  and  tested.  It  is  based  on  the  coupled  symmetric  transmission  line 
approach.  The  model  leads  to  a  closed-form  analytical  expression  for  the  termination 
impedance/transfer  function  of  the  complete  antenna  system  that  includes  a  dipole, 
balun,  and  a  non-splitted  coaxial  line  of  certain  length.  It  accepts  the  impedance  of  a 
center-fed  dipole  as  input  parameter.  The  model  is  in  excellent  agreement  with  full 
wave  simulations  and  enables  us  to  optimize  the  impedance  bandwidth  of  the  dipole 
antenna.  The  model  predicts  a  12%  10  dB  return  loss  bandwidth  for  the  resonant 
dipole-balun  configuration  and  a  greater  than  20%  bandwidth  for  the  combined 
dipole,  balun  and  non-splitted  line  configuration.  Finally,  the  model  is  confirmed  by 
prototype  measurements. 

1.  Introduction 

A  motivation  for  this  work  was  a  necessity  to  design  a  low  cost  mast-conformal  linear 
20%-wideband  UHF  wire  dipole  (400-500  MHz)  with  the  controllable  complex  antenna 
factor  (CAF)  and  the  controllable  phase  characteristics.  Some  commercially  available 
dipole  antennas  are  either  narrowband  (cover  the  desired  band  in  steps  of  20-25MHz)  or 
have  a  sufficient  bandwidth  (300-1000  MHz  -  TV  dipoles  or  EMI  dipoles)  but  an  unknown 
phase  transfer  function.  The  most  involved  part  of  the  design  becomes  a  balun  that 
simultaneously  plays  the  role  of  a  lossless  impedance  matching  network  and  an  antenna 
support  (a  mast). 

Conventional  baluns  for  symmetric  wire  dipole  antennas  are  reviewed  in  several  scholar 
sources  -  see  for  example  [l]-[6].  Our  attention  is  concentrated  on  the  split-tube  or  split- 
coaxial  balun  (a  "split  coax"  balun  in  Fig.  5-42  of  Ref.  [4]  or  type  10a  balun  in  Fig.  43-24 
of  Ref.  [6]).  The  balun  is  to  be  connected  to  an  unfolded  straight-wire  dipole.  This  balun, 
in  contrast  to  some  other  balun  types,  has  a  very  convenient  conformal  geometry;  it  is  easy 
to  manufacture  with  commercial  off-the-shelf  tubing.  It  is  used  in  both  linear  and  circular 
polarization  (turnstile)  dipole  configurations  intended  for  communications  systems  [5], [7]. 
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The  balun  itself  is  shown  in  Fig.  1,  together  with  appropriate  dimensions.  Two  dipole 
currents  should  exactly  cancel  each  other  on  the  outer  conductor  surface  of  the  coaxial  line 
after  the  split  point,  due  to  anticipated  excitation  symmetry  [2].  On  the  other  hand,  the 
antenna  is  not  shorted  at  the  dipole  feeding  point  due  to  the  A./4  short-to-open  circuit 
transformation.  According  to  [6],  this  type  of  balun  "will  give  almost  perfect  balance  over 
a  wide  frequency  range  if  the  slot  width  is  kept  small  and  symmetry  is  maintained  at  the 
strap  end."  In  particular,  Ref.  [7]  reports  on  an  8%  bandwidth  for  the  split-coaxial  balun 
supporting  the  dipole  with  a  reflector. 

A  non-conformal  variation  of  the  split-coaxial  balun  is  known  as  the  quarter- wave  balun 
[1],  [2],  [8],  that  is  referred  to  as  a  "A./4  coaxial  balun  1:1"  in  Ref.  [1]  -  Fig.  9.25c,  and  as  a 
"folded  balun"  in  Ref.  [2]  -  Fig.  5-26.  For  the  quarter-wave  balun,  the  slots  are  missing,  but 
one  wing  of  the  dipole,  which  is  connected  to  the  inner  conductor  of  the  coaxial  line,  is 
simultaneously  connected  to  the  outer  conductor  at  the  distance  of  A./4  from  the  feed  by  a 
straight  rod.  It  is  stated  in  [2]  that  this  balun  is  "of  course,  not  broadband  because  of  the 
quarter  wavelength  involved  in  its  construction".  Ground  plane  may  be  present  [8]  or  not 
[1],  [2]  at  a  distance  of  X/4  from  the  feed.  Yet  another  variation  is  a  three-wire  balun  [6], 
[8]  that  completely  replaces  the  7JA  section  of  the  coaxial  line  by  three  wires,  two  of  which 
are  connected  to  the  ground  plane  at  A./4  and  one  -  to  the  inner  conductor  of  the  coaxial 
feed  at  the  same  distance. 

Despite  a  significant  amount  of  research  efforts  on  the  split-coaxial  balun  outlined 
above,  two  fundamental  questions  remain  unanswered.  First,  there  is  no  simple 
quantitative  estimate  of  the  impedance  bandwidth  of  the  half-wave  dipole  with  the  split- 
coaxial  balun  versus  the  bandwidth  of  the  equivalent  center-fed  dipole.  Second,  impedance 
matching  and  transfer  function  properties  of  the  split-coaxial  balun  loaded  with  the  wire 
dipole  have  not  yet  been  investigated  quantitatively.  Note  that  return  loss  improvement 
provided  by  a  matching  network  (balun)  to  the  dipole  antenna(s)  may  exceed  100-150%  of 
the  initial  bandwidth  both  in  theory  [9], [10]  and  experiment  [1 1]. 

Fig.  1  suggests  that  quantitative  theory  of  the  split-coaxial  balun  may  be  based  on  the 
three-conductor  transmission  line  model.  Such  a  model  has  been  discussed  independently 
in  two  papers  [8],  [12],  In  both  references,  three  independent  conductors  and  a  separate 
ground  have  been  considered,  which  initially  leads  to  a  six-port  transmission  line  network 
with  the  associated  static  capacitance  matrix  [8].  Though  a  general  expression  for  the 
antenna  admittance  has  been  obtained  in  both  [8]  and  [12],  it  was  not  quantified  in  terms  of 
the  parameters  of  the  balun  such  as  slot  length,  width,  and  thickness. 

The  three-conductor  transmission  line  with  no  extra  ground  may  be  also  described  in 
terms  of  two  independent  propagating  modes.  Collin  [14]  first  described  two  modes  that 
can  propagate  along  the  split-coaxial  line;  one  of  them  is  the  perturbed  TEM  fundamental 
mode  (coaxial  or  bifilar  mode  according  to  terminology  used  in  [15], [16])  and  another  is 
the  slot  mode  that  also  extends  into  the  surrounding  space  (monofilar  mode  according  to 
the  same  references).  This  analysis,  and  an  analysis  reported  in  [17],  was  performed  for 
the  infinitely  thin  coaxial  tubes  only.  On  the  other  hand,  Milligan  [4]  classified  the  two 
modes  in  the  splitted  line  as  TEM  and  TEn;  the  latter  notation  is  somewhat  questionable 
due  to  anticipated  cutoff  of  the  coaxial  TEn  mode. 
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Our  approach  to  the  split-coaxial  balun  is  based  on  separation  of  the  balun  into  two 
coupled  symmetric  transmission  lines.  Coupled  transmission  line  theory  -  see  [13],  [18]- 
[22]  -  introduces  even  and  odd  modes  of  propagation;  with  the  even  mode  being 
independent  of  the  mutual  coupling  parameters.  For  the  symmetric  case  of  a  two-line 
network,  the  transmission  equations  for  even  and  odd  modes  are  decoupled,  and  every 
mode  is  described  by  the  familiar  two-port  network  equation  and  has  its  own  characteristic 
impedance  [18],  [20]-[22],  Such  an  approach  will  lead  to  a  simple  closed-form  solution 
for  the  transformed  antenna  impedance,  which  appears  to  be  in  excellent  agreement  with 
the  full-wave  simulations  and  experiment.  The  analytical  solution  allows  us  to  rapidly 
estimate  and  optimize  dipole  performance  over  a  wide  range  of  balun  parameters. 

This  paper  is  organized  as  follows:  Section  2  describes  the  line  and  the  load  model,  and 
the  impedance  transformation  results.  Section  3  discusses  bandwidth  of  the  half-wave 
dipole  with  a  quarter-wave  split-coaxial  transformer.  Section  4  gives  a  method  of 
bandwidth  enhancement,  using  two  closely  spaced  resonances.  Section  5  presents  the 
corresponding  experimental  results  and  Section  6  concludes  the  paper. 


2.  Coupled  Transmission  Line  Model  of  the  Balun 


Separation  into  Two  Coupled  Lines 

In  Fig.  2  we  suggest  a  way  of  separating  the  splitted  coaxial  line  into  two  coupled 
symmetric  transmission  lines  TL1  and  TL2.  The  central  conductor  plays  the  role  of  ground 
common  to  both  lines.  This  designation  of  "ground"  has  no  special  relevance  beyond  the 
fact  that  it  is  a  convenient  reference  designation  for  maintaining  symmetry.  Two  coupled 
lines  are  characterized  by  static  self-capacitances  Cn  and  C22 ,  and  mutual  capacitance  C12 
schematically  shown  in  Fig.  2  -  bottom. 

The  following  assumptions  are  made  that  are  based  on  the  physical  dimensions  for  the 
manufactured  dipoles  -  see  Fig.  1 : 

i.  the  coaxial  tube  has  a  significant  thickness  c-b  so  that  the  slot  width  is  smaller 
than  or  equal  to  this  value:  d  <  c-b; 

ii.  slot  width  d  is  small  compared  to  the  inner  radius  of  coaxial  tube  b ; 

iii.  radius  of  the  inner  rod  a  is  on  the  order  of  the  inner  radius  of  the  coaxial  tube  b; 
in  other  words,  the  inner  conductor  is  considered  "thick". 

Following  these  assumptions,  the  self-capacitances  Cu  and  Q2  are  approximately  equal  to 
half  of  the  static  capacitance  of  the  non-slotted  coaxial  line  each  [13].  Mutual  capacitance 
C12  is  that  of  two  narrow  slots  (dominant  part)  plus  the  capacitance  between  two  curved 
conductors  (secondary  contribution).  Each  of  the  slots  is  modeled  by  a  parallel-plate 
capacitor.  The  same  model  is  applied  to  the  curved  conductors.  They  are  replaced  by 
parallel  plates  of  the  same  projection  area  2b,  with  an  effective  separation  distance^. 
One  thus  has 
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where  s0  is  the  dielectric  constant  of  vacuum  for  the  air-filled  line.  We  have  chosen  the 
effective  separation  distance  to  be  bef{  =  0.5 b .  It  is  evident  that  the  capacitance 

expressions  in  Eq.  (1)  represent  simple  approximations  that  can  be  replaced  by  more 
accurate  static  capacitance  expressions  if  desired.  The  implication  of  Eq.  (1)  suggests  that 
the  slot  mode  described  in  the  introduction  mostly  concentrates  within  the  slot  and  less  in 
the  surrounding  space. 

Coupled  Symmetric  Transmission  Line  Model 

Fig.  3  shows  the  coupled  TL  model  that  utilizes  the  capacitance  values  established 
above.  The  characteristic  inductances  for  the  air-filled  coupled  line  are  given  by  [21] 


All'll  ~  Mo£o>  L22C22  —  MoS0’  A 2  —  Ai 
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where  juQ  is  magnetic  permeability  of  vacuum.  The  characteristic  impedances  and 

propagation  constants  for  the  even  (equal  line  voltages)  and  odd  (opposite  line  voltages) 
modes  read  [13], [21], [22] 
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where  index  0  indicates  free-space  speed  of  light,  wave  number,  and  a  propagation 
constant.  With  reference  to  Fig.  3,  one  obtains  the  chain,  or  ABCD  matrixes,  for  the  even 
and  odd  mode  of  the  coupled  line  of  length  /  in  the  form  [18] 
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where  V1  2  3  4  are  termination  voltages  and  I12X 4  are  termination  currents.  Both  matrixes 
Ae  and  A0  are  equivalent  to  the  ABCD  matrix  for  a  single  transmission  line  with  the 
corresponding  characteristic  impedances  Ze  and  Z0,  respectively. 
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Termination 

Fig.  4a)  shows  the  termination  setup  for  the  dipole,  balun,  and  the  continued  coaxial  line. 
TL1  is  shorted  at  the  input  -  one  dipole  wing  shorts  this  line.  TL2  is  connected  to  the 
equivalent  antenna  circuit  -  an  ideal  voltage  source  in  series  with  the  dipole  (self) 
impedance  ZD .  On  the  opposite  end,  two  line  conductors  are  connected  in  shunt  at  l  (since 
the  slot  disappears)  and  form  the  outer  conductor  of  a  continued  coaxial  line.  Ground 
(center  conductor  of  the  coupled  line)  becomes  the  inner  conductor  of  the  continued 
coaxial  line. 

The  arrangement  shown  in  Fig.  4a)  allows  us  to  establish  the  S-parameters  of  the  balun 
[23],  [24]  and  the  related  complex  antenna  factor  (CAF)  [24],  or  the  reciprocal  antenna 
transfer  function.  This  step  is  necessary  when  the  phase  distortion  characteristics  of  the 
dipole  are  evaluated  as  a  function  of  frequency.  In  the  present  study,  we  are  only  interested 
in  the  impedance  transformation  of  the  split-coaxial  balun.  Therefore,  the  equivalent 
circuit  has  the  form  shown  in  Fig.  4b).  It  includes  the  dipole  with  impedance  Zn 
connected  to  a  balun  of  length  /  and  a  non-splitted  coaxial  TL  section  of  length  L.  The 
transformed  impedance  is  given  by 


where  F  is  a  voltage  source  applied  to  the  terminals  of  the  transmission  line  and  is  is  the 

computed  current.  Straightforward  calculations  of  the  transformed  antenna  termination 
impedance  are  based  on  chain  matrixes  (4)  and  (5),  and  are  given  in  the  next  subsection. 

Transformed  Antenna  Impedance 

With  reference  to  Fig.  4b),  the  chain  matrix  for  the  transmission  line  section  of  length  L 
yields 
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coax 

9  ^coax 

_7/ZcoaxsinV'  cos  k0L 

where  Zcoax  is  the  characteristic  impedance  of  the  non-splitted  line.  The  termination 
conditions  on  the  antenna  side  and  on  the  opposite  side  read 

V\=0,  V2  -  -ZDI2 ,  V3  -V4  =  -Fcoax ,  /3+  /4=/coax  (8) 

in  terms  of  termination  voltages  V1  2  3  4  and  termination  currents  1 1  2  3  4  . 

Substitution  of  Eq.  (8)  into  Eq.  (4)  for  the  even  mode  and  using  Eq.  (7)  gives 
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Substitution  of  Eq.  (8)  into  Eq.  (5)  for  the  odd  mode  allows  us  to  find  a  relation  between  /, 
and  1 2 
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Substitution  of  this  relation  into  Eq.  (9)  will  express  the  termination  current  Is  in  terms  of 
the  termination  voltage  Vs  as  follows 
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=>  (2  +  K ')mxys  -  (2  +  K)mnIs  +  ZDm2lVs  -  ZDm22Is  =0=>VS  = 


(2  K)m]2  +  ZDm22  j 
(2  +  K)mn  +  ZDm21 


Thus,  the  impedance  Zs  is  finally  given  by 
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(2  +  K)ml2  +  ZDm22 
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393 


If  the  balun  is  exactly  a  quarter  wavelength  (K  =  0 )  and  the  additional  coaxial  line  section 
of  length  L  is  absent,  the  termination  ,  impedance  becomes  that  for  the  familiar  quarter- 
wavelength  transformer  [8] 


(13) 


For  a  coaxial  line  with  Zcoax  =  50Q,  one  find  Ze  «100Q.  Therefore,  the  split-coaxial 
balun  will  indeed  behave  as  a  4:1  transformer  for  an  idealized  antenna  load  of  ZD  =  50Q  . 
Unfortunately,  the  load  is  now  not  properly  matched.  In  order  to  achieve  matching  to  a 
50Q,  the  characteristic  impedance  of  the  base  non-splitted  coaxial  line  should  be 
considerably  decreased. 

It  is  interesting  to  note  that  for  the  folded  dipole,  whose  input  impedance  is 
approximately  four  times  the  dipole  impedance,  Eq.  (13)  would  give  an  almost  ideal  match 
to  the  balun  section  of  the  coaxial  line  with  Zcoax  =  50Q .  Our  attention  is,  however, 
concentrated  on  the  unfolded  dipole. 

Comparison  with  Full-Wave  Simulations  (412  MHz  Dipole) 

In  order  to  compare  the  results  with  a  full-wave  simulation  software  (ANSOFT  HFSS  v. 
10.1)  the  following  steps  are  done:  first,  the  impedance  ZD  of  a  center-fed  dipole  of 
interest  is  found  numerically  in  ANSOFT  and  then  tabulated.  This  impedance  is  then 
substituted  in  Eqs.  (12)  and  the  termination  impedance  Zs  is  evaluated  over  a  desired 
frequency  band. 

Simultaneously,  another  ANSOFT  project  was  created  that  includes  the  complete 
antenna:  the  same  dipole,  balun  connections,  balun  itself,  and  the  additional  coaxial  line 
section  of  length  L.  The  coaxial  line  is  fed  from  the  opposite  end  using  a  lumped  port  that 
defines  the  polarized  TEM  ii-field  across  the  cross-sectional  ring  of  the  coaxial  line.  Fine 
meshes  with  about  100,000  tetrahedra  and  discrete  frequency  sweeps  are  used  to  obtain 
accurate  results. 

Table  I  gives  the  physical  parameters  of  a  UHF  dipole  and  a  balun  used  for  comparison. 
Both  the  slot  and  the  dipole  wings  have  the  length  of  170  mm,  which  approximately 
corresponds  to  the  center  frequency  of  412  MHz.  For  convenience,  here  and  in  what 
follows  we  use  standard  off-the-shelf  brass  tubing/rod  sizes  available  from  McMaster  Carr. 
The  characteristic  impedance  of  the  non  splitted  coaxial  line  is  still  chosen  to  be  as  close  as 
possible  to  Zcoax  =  5 Off .  In  that  case  Ze  is  close  to  100Q  and  the  split-coaxial  balun  is  not 

expected  to  be  matched  properly,  as  discussed  in  the  previous  subsection. 

Fig.  5  shows  the  surface  current  density  distribution  (logarithmic  scale)  for  a  dipole  with 
the  split-coaxial  balun  (left)  and  for  the  unbalanced  dipole  with  the  same  parameters  - 
right.  Parameters  for  both  dipoles  are  listed  in  Table  I.  For  the  dipole  with  the  split-coaxial 
balun,  the  current  density  on  the  outer  conductor  beyond  the  balun  is  at  least  120-140 
times  smaller  than  the  maximum  current  density  on  the  dipole  wings.  This  value  multiplied 
with  the  ratio  of  the  radii  gives  us  the  ratio  of  the  total  currents  inside  and  outside  the 
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coaxial  line  as  at  least  40.  Without  the  balun  (Fig.  5-right),  the  ratio  of  total  currents 
reduces  to  approximately  3.  Thus,  the  balun  performs  its  major  function:  the  current 
cancellation  on  the  outer  side  of  the  coaxial  line  (22  dB  or  better).  The  mode  on  the  outer 
side  of  the  conductor  for  the  unbalanced  dipole  is  a  leaky  traveling  wave  that  may 
propagate  along  a  single  metal  conductor  (Sommerfeld  wave)  -  see  [25]  and  [1],  pp.  549- 
555  -  and  may  be  reflected  from  the  terminations.  Therefore,  one  can  see  a  well-developed 
standing  wave  pattern  -  see  Fig.  5  -  right. 

Fig.  6a)  shows  impedance  of  the  center-fed  test  dipole  with  170  mm  wing  length.  Fig.  6b 
gives  the  impedance  of  the  same  dipole  but  connected  to  the  balun  and  a  continued  coaxial 
line  with  the  characteristic  impedance  of  54  Q  -  see  Table  I.  The  resistance  is  shown  by  a 
solid  curve  and  the  reactance  is  depicted  by  a  dashed  curve.  One  can  see  that  there  is  no 
impedance  matching  in  the  present  case  and  multiple  resonances  do  occur.  The 
corresponding  return  loss  is  shown  in  Fig.  6c)  and  d).  All  these  solutions  have  been  found 
using  ANSOFT  HFSS  for  the  complete  antenna  model.  The  corresponding  results  of  the 
transmission  line  theory  (Eqs.  (12))  with  the  parameters  listed  in  Table  I  are  given  by  the 
thin-lined  curves  in  Fig.  6b)  and  6d),  respectively.  The  agreement  between  the  two 
solutions  appears  nearly  excellent,  especially  in  Fig.  6b)  where  these  solutions  almost 
coincide,  despite  a  complicated  multi-resonant  behavior  of  the  present  non-matched  balun. 

3.  Resonant  Impedance  Bandwidth 

Balun  parameters 

In  order  to  match  the  split-coaxial  balun  to  the  dipole  and  to  the  50  Q  front-end 
termination  network,  the  following  steps  are  done:  First,  the  impedance  ZD  of  a  center-fed 
dipole  is  again  found  numerically  via  ANSOFT  HFSS  and  then  tabulated.  The  resonant 
frequency  and  the  resonant  dipole  wavelength  ZDks  are  found  from  the  condition 

Im(Z0)  =  0 .  The  slot  length  l  is  then  defined  as  1Dks  /  4 .  The  length  of  the  additional 
transmission  line  section  L  is  kept  at  a  minimum,  which  is  necessary  to  ensure  mechanical 
stability  of  the  antenna  -  we  choose  L  =  10mm . 

To  match  the  dipole  resonant  resistance,  the  even-mode  impedance  is  found  from  Eqs. 
(1)  and  (2).  We  have 

(14) 

CqTTSq 

At  the  same  time,  Eq.  (13)  needs  to  be  satisfied  based  on  Zs  =  50Q ,  which  gives 


-  =  exP(co  kEq  ij50ZDres ) 
a 


(15) 


where  ZDres  is  the  dipole  resistance  at  resonance.  Either  a  or  b  in  Eq.  (15)  can  be  varied  so 
as  to  achieve  impedance  matching.  We  prefer  to  vary  a  -  the  radius  of  the  inner  conductor. 
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All  other  parameters  remain  fixed  as  specified  in  the  previous  section  (Table  I);  only  the 
dipole  wing  length  is  changed  from  170  mm  to  156  mm  compared  to  the  previous  case. 
The  dipole  is  now  centered  at  about  440  MHz.  Table  II  provides  with  the  parameters  of  the 
balun  that  most  closely  satisfy  the  conditions  listed  above  for  standard  brass  tubing/rod 
sizes. 

Resonant  Antenna  Bandwidth  (440  MHz  dipole) 

Fig.  7a)  shows  the  return  loss  of  the  center-fed  dipole  with  156  mm  wing  length  and  Fig. 
7b)  gives  the  return  loss  of  the  same  dipole  with  the  balun  designed  according  to  Table  II. 
The  thick  curve  corresponds  to  the  ANSOFT  HFSS  solution  whereas  the  thin  curve  is  the 
transmission  line  model.  The  agreement  between  both  solutions  is  good. 

The  main  observation  is  that  the  bandwidth  of  the  dipole  with  the  splitted-coaxial  balun 
is  about  12%  in  Fig.  7b).  This  is  larger  than  the  bandwidth  of  the  original  center- fed  dipole 
(i.e.,  8%)  by  approximately  a  factor  of  1.4.  To  explain  this  result  we  consider  Eqs.  (12) 
with  L  equal  to  zero.  This  yields 
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An  asymptotic  expansion  with  the  following  approximations 
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results,  to  main  order  of  approximation,  in  the  expression 
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(18) 


For  the  dipole  from  Table  II,  the  reactance  term  in  the  square  brackets  in  Eq.  (18)  is 
reasonably  small  and  positive;  so  is  the  dipole  reactance  close  to  the  resonance.  One  may 
therefore  conclude  that  it  is  a  better  matching  of  Re(ZeZe  /  ZDres )  to  500  than  matching  of 

the  original  ZDres  to  500,  which  makes  the  bandwidth  wider.  In  other  words,  the 

bandwidth  increase  for  the  resonant  dipole  with  the  split-coaxial  balun  is  a  familiar  action 
of  the  quarter  wavelength  transformer  on  real  impedances. 
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Effect  of  Uncertainty  in  Slot  Width  and  Length 

An  important  question  from  the  viewpoint  of  hardware  prototyping  is  the  effect  of 
inaccuracy  in  slot  width.  Fig.  7c)  investigates  the  effect  of  varying  the  slot  width  from  1  to 
2  mm  and  its  behavior  on  the  return  loss  obtained  with  the  transmission  line  model.  Ten 
curves  that  correspond  to  different  slot  widths  between  1  and  2  mm  almost  coincide. 
Therefore,  the  inaccuracy  in  slot  cutting  has  generally  a  minor  influence  on  the  antenna 
performance.  Similar  results  have  been  obtained  with  ANSOFT  HFSS. 

Fig.  7d)  shows  the  effect  of  varying  the  slot  length  about  ADrcs  /4  by  ±10%  and  its  effect 

on  the  return  loss;  the  thick  curve  corresponds  to  XDrts  /  4  +  10%.  One  can  see  that  the 
impedance  bandwidth  slightly  increases  (up  to  15%)  with  increasing  slot  length 
above  lDres  /  4 .  Unfortunately,  Eq.  (18)  is  unable  to  describe  this  effect,  which  is  on  the 

second  order  of  magnitude  with  regard  to  the  small  parameter  8  in  Eq.  (17). 

4.  Bandwidth  Enhancement 

Two  Closely  Spaced  Resonances 

With  the  help  of  the  transmission  line  model,  it  has  been  found  that  the  bandwidth  of  the 
dipole  with  balun  can  further  be  improved  using  the  method  of  two  closely  spaced 
resonances.  One  of  them  is  the  original  dipole  resonance  at  a  lower  frequency.  Another  is  a 
resonance  of  the  system  that  consists  of  the  balun  connected  to  a  finite,  but  still  relatively 
short,  section  L  of  the  non-splitted  coaxial  line  with  the  impedance  different  from  50Q. 
This  line  always  presents  in  the  hardware  prototype  in  order  to  ensure  mechanical  stability 
-  see  Fig.  1.  It  is  therefore  advisable  to  use  this  "free"  network  element  for  bandwidth 
enhancement. 

Bandwidth  of  the  Dipole  Network  with  Two  Closely  Spaced  Resonances 

The  system  balun+non-splitted  line  operates  as  a  distributed  matching  network/filter, 
presumably  of  the  second  order.  It  may  be  properly  tuned  to  achieve  the  second  resonance 
at  a  slightly  higher  frequency.  The  dipole  wing  length  is  now  152  mm,  which  will 
correspond  to  the  center  frequency  of  the  composite  band  of  approximately  460  MHz.  This 
center  frequency  is  our  final  goal.  Fig.  8  shows  typical  analytical  tuning  results  for  the 
return  loss  of  the  complete  network  (dipole+balun+non-splitted  line).  These  results  involve 
two  parameters:  balun  length  /  that  varies  from  150  to  188mm  in  20  steps;  and  non-splitted 
line  length  L  that  attains  the  values  of  10,  25,  50,  and  75  mm.  The  development  of  the 
second  resonance  can  be  seen  while  the  non-splitted  line  length  increases.  The  largest 
impedance  bandwidth  is  thus  obtained  with  Z,=50mm  as  seen  in  Fig.  8c).  It  is  slightly 
higher  than  20%.  However,  the  return  loss  now  has  a  maximum  in  the  middle  of  the  band 
that  is  approaching  -11  dB.  The  corresponding  full  wave  simulation  is  very  close  to  this 
result  but  reduces  the  maximum  of  the  return  loss  within  the  band  to  approximately  -13 
dB. 

Effect  of  Shift  of  the  Center  Conductor 

A  slight  asymmetry  in  the  position  of  the  center  conductor  of  the  splitted  transmission 
line  may  severely  degrade  performance  of  the  matching  network  with  the  dual  resonances. 
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For  a  shift  of  0.5mm  from  the  center  position,  the  corresponding  ANSOFT  HFSS 
simulation  predicts  increase  in  the  return  from  -13  dB  to  -8  dB  in  the  center  of  the  band. 
Therefore,  in  contrast  to  the  other  dipole  parameters  tested  above,  the  position  of  the  center 
conductor  appears  to  be  critical  for  the  balun  prototyping. 

5.  Measurement  Results 
Dipole  prototypes  (460  MHz  center  frequency) 

Using  the  matching  network  with  dual  resonances,  a  series  of  UHF  dipole  prototypes 
was  custom  built  and  tested  for  the  center  frequency  of  the  band  equal  to  460  MHz.  The 
corresponding  physical  parameters  are  listed  in  Table  III.  Some  dipole  prototypes  are 
shown  in  Fig.  9.  One  outer  and  two  inner  Teflon  rings,  with  the  height  of  10mm  each, 
have  been  used  to  provide  system  stability  and  to  properly  position  the  inner  conductor  of 
the  slotted  transmission  line.  An  SMA  connector  is  soldered  to  the  non-splitted  section  of 
the  brass  transmission  line  at  the  feeding  point.  All  other  connections  are  made  in  a 
solderless  way.  The  dipole  prototypes  are  low-cost  and  are  built  with  commercial  off-the- 
shelf  brass/Teflon  tubing  and  brass  rods  -  see  Table  III.  The  prototypes  may  be  assembled 
into  an  array  of  dipoles.  All  prototypes  passed  the  "drop  off  test.  The  dipole  prototypes 
are  intended  for  the  use  in  an  indoor  geolocation  wireless  link. 

Measurement 

Measurement  results  for  the  return  loss  of  dipole  prototypes  are  obtained  with  Agilent’s 
8722ET  Network  Analyzer  and  are  given  in  Fig.  10  (thin  curves)  compared  to  the 
analytical  model  -  Eqs.  (12)  -  thick  dashed  curve.  The  agreement  in  the  impedance 
bandwidth  of  the  antenna  (frequency  band  where  return  loss  is  less  than  -10  dB)  is  nearly 
excellent  between  the  individual  dipoles  as  well  as  between  the  measured  and  predicted 
values.  The  analytical  network  model  also  agrees  well  with  the  ANSOFT  simulations,  see 
Fig.  11.  Note  that  the  ANSOFT  model  of  the  complete  antenna  takes  into  account  some 
fine  antenna  details  such  as  feed  assembly,  construction  nuts,  inner/outer  Teflon  rings,  etc. 
The  measured  impedance  bandwidth  for  individual  dipoles  ranges  from  23%  to  26%. 

However,  within  the  band,  the  measured  return  loss  of  the  individual  dipoles  indicates  a 
rather  random  behavior,  with  the  maximum  return  loss  as  high  as  -12  to  -11  dB  for  a 
couple  of  dipole  prototypes.  This  behavior  is  likely  due  to  mechanical  intolerances  of  the 
present  prototypes  such  as  a  small  error  in  the  position  of  the  center  conductor,  a  slight 
asymmetry  of  the  feed  assembly,  etc.  Another  experimental  design  (with  closer 
resonances)  may  indeed  have  a  better  return  loss  within  the  band,  but  at  the  expense  of 
decreasing  the  overall  10  dB  bandwidth. 

In  order  to  reduce  the  effect  of  manufacturing  intolerances,  each  dipole  has  been 
equipped  with  a  thin  sliding  brass  ring  that  is  seen  in  Fig.  9.  The  brass  ring  allows  us  to 
cover  a  small  portion  of  the  slots  (reduce  the  slot  length)  and  thus  change  the  balance 
between  two  resonances  in  Fig.  8.  The  latter  circumstance  allows  us  to  adjusts  (decrease) 
the  maximum  value  of  the  return  loss  within  the  band. 

A  less  important  but  still  visible  point  of  concern  is  a  disagreement  between  theoretical 
(both  the  lumped  circuit  model  and  the  full  wave  model)  and  experimental  results  in  the 


398 


lower  UHF  band  at  approximately  300  MHz  in  Fig.  10.  It  is  believed  that  the 
experimentally  observed  RF  leakage  in  Fig.  10  is  due  to  limited  bandwidth  (limited  to 
approximately  400  MHz)  of  the  absorber  material  used  in  the  present  measurements  and 
the  associated  antenna  loading. 

6.  Conclusions 

In  this  study  we  have  presented  and  validated  a  simple  closed-form  analytical  TL  model 
of  the  wire  dipole  with  the  split-coaxial  balun.  The  model  accepts  the  input  impedance  of 
the  center-fed  dipole  as  an  input  parameter  and  outputs  the  antenna  termination  impedance 
or  the  antenna  transfer  function.  The  model  indicated  a  very  good  agreement  with  the  full- 
wave  simulations  obtained  at  three  different  center  frequencies  (412,  440,  and  460  MHz) 
and  for  different  geometry  parameters  (non-matched  balun,  matched  resonant  balun,  and 
matched  balun  with  two  closely  spaced  resonances). 

The  model  predicts  the  impedance  bandwidth  of  12%  for  the  7JA  resonant  balun  and  the 
bandwidth  in  excess  of  20%  for  the  properly  tuned  complete  antenna  network 
(dipole+balun+supporting  section  of  the  non-splitted  transmission  line).  UHF  wire  dipoles 
built  in  accordance  with  this  model  are  compact  and  low-cost,  and  indicate  good 
repeatability  in  the  center  frequency  and  in  the  impedance  bandwidth;  they  exhibit  good 
agreement  with  theoretical  predictions.  The  measured  impedance  bandwidth  of  the  UHF 
dipoles  is  approximately  23-26%.  However,  the  return  loss  behavior  within  the  band  needs 
to  be  improved  and  controlled  more  precisely,  by  improving  hardware  tolerances. 

The  present  model  is  equally  applicable  to  other  dipole-like  standard  antennas  of 
interest:  a  broadband  (bowtie)  dipole,  a  droopy  dipole  intended  for  better  azimuthal 
coverage,  a  turnstile  crossed  dipole  intended  for  circular  polarization  [5],  or  to  a  quasi- 
folded  assembly  of  two  crossed  dipoles  also  intended  for  circular  polarization  [26].  For 
those  systems,  only  the  input  impedance  of  an  equivalent  center-fed  antenna  needs  to  be 
recalculated.  In  particular,  a  similar  impedance  tuning  procedure  applied  to  a  90°  bowtie 
dipole  has  reached  the  bandwidth  of  about  30%  vs.  16%  bandwidth  for  the  corresponding 
center-fed  antenna. 
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TABLE I 

Physical  parameters  of  the  dipole  and  the  balun  -  non-matched 
balun.  Characteristic  impedances  of  the  coupled  line  are 
Ze  =\08C1,  Z0  =24C1',  CHARACTERISTIC  IMPEDANCE  OF  THE  NON 


SPLITTED  COAXIAL  LINE  IS  7  =  540  . 

coax 


Component 

Outer  D 
(2  c) 

Inner  D 
(2c) 

Total  length 

(/  +  L) 

McMaster 

Carr# 

Outer  coaxial 
tube 

24" 

609.6  mm 

#8950K68 

Inner  rod 

“ 

24" 

609.6  mm 

#8953K41 

Free  length  of 
dipole  wing,  D 

KI1ISI 

6.69" 

170  mm 

Slot  length  from 
top,  / 

" 

— 

6.69" 

170  mm 

" 

Slot  width,  d 

59  mils 

1.5  mm 

— 

Dipole  offset 
from  top,  A 

0.24" 

6  mm 

TABLE  II 

PHYSICAL  PARAMETERS  OF  THE  DIPOLE  AND  THE  RESONANT  X/4  BALUN. 

Characteristic  impedances  of  the  coupled  line  are 
Ze  =  59Q,  Z0  =  22.50 ;  characteristic  impedance  of  the  non 

SPLITTED  COAXIAL  LINE  IS  7  =29  60  • 

coax 


Component 

Total  length 

(/  +  L) 

Outer  coaxial 
tube 

7/16" 
11.1  mm 

0.3075" 
7.8  mm 

7.02 ” 

178  mm 

#8950K68 

Inner  rod 

“ 

8.98" 

228  mm 

#8859K155 

Free  length  of 
dipole  wing,  D 

1/8" 

3.2  mm 

" 

6.14" 

156  mm 

#8953K41 

Slot  length  from 
top,  l 

-- 

” 

6.61" 

168  mm 

- 

Slot  width,  d 

— 

- 

40-60  mils 
1.0-1. 5  mm 

- 

Dipole  offset 
from  top,  A 

0.24" 

6  mm 

TABLE  III 

Physical  parameters  of  the  dipole  and  the  balun  optimized  for  a 

WIDER  BANDWIDTH.  CHARACTERISTIC  IMPEDANCES  OF  THE  COUPLED 
LINE  ARE  THE  SAME  AS  IN  TABLE  II. 


Component 

Outer  D 
(2c) 

Inner  D 
(2c) 

Total  length 
(l  +  L) 

McMaster 

Carr# 

Outer  coaxial 
tube 

7/16" 

11.1  mm 

0.3075" 

7.81mm 

#8950K68 

Inner  rod 

3/16" 

4,8  mm 

“ 

Free  length  of 

dipole  wing,  D 

1/8" 

3.2  mm 

— 

5.98" 

152  mm 

#8953K41 

Slot  length 
from  top,  l 

- 

7.09" 

180  mm 

" 

Slot  width,  d 

" 

" 

47  mil 
1.2mm 

- 

Dipole  offset 
from  top,  A 

— 

" 

" 

Teflon  tube- 
inner 

5/16" 

3/16” 

W,H 

#8547K24 

Teflon  tube- 

outer 

9/16" 

7/16" 

One  ring:  10 
mm  height 

#503306 
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1) 


Fig.  1 .  Split-tube  or  split-coaxial  balun  geometry  and  associated  dimensions. 


Fig.  2.  Top  -  separation  of  the  splitted  coaxial  line  into  two  symmetric  coupled  lines; 
bottom  -  static  capacitances:  self  capacitances  Cn  and  C22,  and  mutual  capacitance  C12. 
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Coupled  symmetric  TL  network 
(four-port  network) 


Fig.  3.  Coupled  symmetric  transmission  line  model  of  the  balun. 


Fig.  4.  Two  termination  schemes:  a)  -  receiving  dipole  connected  to  the  balun  and  a 
coaxial  transmission  line;  b)  -  termination  network  used  to  find  the  transformed  impedance 
Z5  =VSI I s  of  the  dipole  with  center-fed  impedance  zD  connected  to  a  balun  of  length  l 
and  a  coaxial  TL  section  of  length  L. 
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dli 


Jsurf [ft/m] 

2.  00006+001 
1.4106^+001 
f!  9. ; ’94  9.1  e +000 
7.  0i72e+000 
4.  9492e+000 
3.  49076+000 
2.  46206+000 
1.  7365e+000 

I1.2247e+000 
8.  6382e-001 
Jj  6 . 09286-001 
'>  4, 2971e~001 
3. 0308e-001 
8  2.1376e-001 

II. 5077e-001 
1.0634e-001 
7.50006-002 


Fig.  5.  Surface  current  density  distribution  (logarithmic  scale)  for  a  dipole  with  split- 
coaxial  balun  (left)  and  for  the  unbalanced  dipole  with  the  same  parameters  (Table  I)- 
right. 
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Input  impedance,  Q 


Return  loss,  dB 


300  400  500  600  300  400  500  600 

frequency,  MHz  frequency,  MHz 


Fig.  6.  a)  -  Impedance  behavior  of  the  center-fed  test  dipole  with  170  mm  wings;  b)  - 
impedance  of  the  same  dipole  connected  to  the  balun  and  a  continued  coaxial  line  with  the 
characteristic  impedance  of  54  Q  -  see  Table  I.  Resistance  -  solid  curve,  reactance  -  dashed 
curve,  c),  d)  -  Return  loss  for  the  cases  a)  and  b),  respectively.  Solutions  are  obtained 
using  ANSOFT  HFSS.  Transmission  line  theory  is  given  by  thin  curves  in  Fig.  6b)  and 
6d). 
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i . I . ! . I . I . i . J.30  ■  :  *  — i ■ — L —±~.  - 1 

300  400  500  600  300  400  5QQ  600 

frequency,  MHz  frequency,  MHz 


Fig.  7.  a)  -  Return  loss  of  the  center-fed  dipole  with  156  mm  wings;  b)  -  return  loss  of  the 
dipole  with  balun  according  to  Table  II.  Thick  curve  -  ANSOFT  HFSS  solution;  thin 
curve  -  transmission  line  model,  c)  -  effect  of  varying  slot  width  from  1  to  2  mm  on  the 
return  loss  -  transmission  line  model,  d)  -  effect  of  varying  slot  length  about  ADrss  /  4  by 

+10%  on  the  return  loss;  thick  curve  corresponds  to  ADres  /  4  +  10%  -  TL  model. 
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Return  loss,  dB  Return  loss,  dB 


300  400  500  600300  400  500  600 


frequency,  MHz 


frequency,  MHz 


Fig.  8.  Development  of  the  second  resonance  with  increasing  the  length  of  the  non-splitted 
transmission  line  section,  a)  -  L=  1 0mm;  b)-  Z=25mm;  c)  -  Z=50mm;  d)  -  L=75mm.  In 
every  plot,  a  sweep  is  made  over  the  balun  length  l  that  varies  from  150  to  188mm  in  20 
uniform  steps. 
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Fig.  9.  A  series  of  dipole  prototypes  built  according  to  data  from  Table  III. 


Return  loss,  dB 


Fig.  10.  Return  loss  measurements  for  eight  460  MHz  dipole  prototypes  (thin  curves) 
compared  to  the  corresponding  analytical  TL  solution  -  thick  dashed  curve.  The  minimum 
experimental  10  dB  bandwidth  is  23%. 


Return  loss,  dB 


Fig.  11.  Analytical  TL  solution  for  the  dipole  prototype  vs.  the  corresponding  full- wave 
ANSOFT  HFSS  simulation  for  the  complete  antenna  model. 
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Abstract:  This  paper  presents  the  status  of  our  ongoing  work  in  the  development  of  an  efficient, 
broadband,  small  disk-loaded  folded  monopole.  We  first  present  a  brief  overview  of  our  prior 
work  in  developing  a  small  wideband  antenna  having  a  2:1  VSWR  (50 Q)  over  a  2.5:1  frequency 
bandwidth.  Here,  we  present  an  improved  design  that  exhibits  a  2:1  VSWR  encompassing  a  3:1 
frequency  bandwidth.  In  addition  to  our  consideration  of  the  antenna ’s  impedance  bandwidth, 
we  describe  bandwidth  limitations  in  terms  of  the  antenna’s  radiation  pattern  characteristics. 
We  also  examine  the  relationship  between  the  antenna’s  quality  factor  ( Q)  and  matched  VSWR 
bandwidth.  We  show  that  the  Q  of  the  antenna  does  not  violate  the  lower  bound  on  Q,  often 
refereed  to  as  the  Chu  limit.  However,  we  show  that  at  some  frequencies,  the  antenna ’s  matched 
VSWR  bandwidth  is  greater  than  would  be  expected  from  the  inverse  of  Q,  illustrating  that  the 
inverse  relationship  between  bandwidth  and  Q  does  not  hold  over  the  entire  bandwidth.  As  part 
of  our  work  in  small  disk-loaded  folded  monopoles,  we  describe  interim  results  on  simulating  the 
performance  properties  of  the  Goubau  antenna.  Finally,  we  describe  improved  feed  structure 
arrangements  designed  with  the  objective  of  improving  the  antenna’s  radiation  pattern 
properties  at  the  upper  regions  of  the  operating  band. 


1.  BACKGROUND 

At  the  2004  Antenna  Applications  Symposium,  we  presented  a  discussion  of  our  initial  work 
towards  the  development  of  a  small  disk-loaded  folded  monopole  [1].  Our  work  in  this  area 
evolved  from  our  design  efforts  in  electrically  small  antennas  and  the  study  of  antenna  quality 
factor  and  bandwidth.  One  of  the  antennas  commonly  referenced  as  a  low  Q,  wideband  antenna 
is  the  multi-element  monopole  antenna  developed  by  G.  Goubau  and  F.  Schwering  [2]  -  [4]. 
The  multi-element  Goubau  antenna  is  depicted  in  Figure  1.  It  operates  with  a  maximum  2:1 
VSWR  (with  respect  to  50Q)  over  a  frequency  range  of  approximately  470  -  890  MHz,  a  1.9:1 
frequency  bandwidth. 

Our  design  objective  was,  and  remains  the  development  of  a  small  antenna  providing  a 
maximum  2:1  VSWR  (with  respect  to  50Q)  over  a  3:1  or  greater  frequency  band.  At  the  same 
time,  the  design  is  expected  to  exhibit  high  radiation  efficiency  (>  90%)  and  X/4  monopole-like 
radiation  patterns  over  the  entire  operating  band.  Our  design  approach  has  been  to  use  the  disk- 
loaded  folded  monopole  antenna  concept  [5],  which  employs  a  disk  (top-hat)  for  capacitive 
loading,  decreasing  the  operating  frequency  of  the  antenna,  and  multiple  connections  between 
the  disk  and  ground  (the  folding  implementation),  increasing  the  impedance  of  the  antenna  [6]. 
These  design  techniques  were  embodied  within  the  Goubau  antenna.  Another  objective  was  to 
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design  a  disk-loaded  folded  monopole  having  dimensions  that  do  not  exceed  those  of  the  Goubau 
antenna,  which  has  a  height  of  4.3  cm  and  an  overall  disk  diameter  of  12.3  cm. 

One  design  implementation  [1],  providing  a  2.1  VSWR  over  a  frequency  range  of  554  -  1400 
MHz  (a  2.52:1  bandwidth),  is  depicted  in  Figure  2.  The  antenna  has  a  height  of  4.3  cm  and  an 
overall  disk  diameter  of  12.3  cm.  The  feed  point  VSWR,  simulated  using  Microwave  Studio  [7] 
is  presented  in  Figure  3.  This  represents  all  of  performance  data  presented  in  the  2004  paper  [1], 


2.  ADDITIONAL  PERFORMANCE  EVALUATION  OF  EXISTING  DESIGN 

Since  the  2004  paper,  the  antenna  depicted  in  Figure  2  was  fabricated  using  thin  brass  shim- 
stock.  The  antenna  was  fabricated  at  full-scale  and  is  depicted  in  Figure  4.  The  antenna  was 
mounted  on  a  4-foot  square  ground  plane  and  its  impedance  was  measured  using  an  HP-8510 
vector  network  analyzer.  A  comparison  of  simulated  and  measured  impedance  is  presented  in 
Figure  5.  As  evident  in  Figure  5,  there  is  excellent  agreement  between  the  simulated  and 
measured  results.  No  modification  of  initial  fabrication  of  the  antenna  was  required.  The 
fabricated  antenna  exhibited  a  2:1  VSWR  over  a  frequency  range  of  539  -  1399  MHz,  a  2.59:1 
frequency  bandwidth. 

The  important  performance  characteristics  remaining  to  consider  are  the  antenna’s  radiation 
patterns  over  the  entire  operating  bandwidth.  These  radiation  patterns  were  not  presented  in  the 
2004  paper  and  were  subsequently  simulated  using  Microwave  Studio.  Given  the  fact  that  the 
antenna  structure  is  not  symmetric  about  the  feed  point,  we  expected  significant  pattern 
degradation  at  the  upper  end  of  the  operating  band.  The  simulated  radiation  patterns  at  500 
MHz,  1000  MHz  and  1400  MHz  are  presented  in  Figure  6.  The  radiation  pattern  at  500  MHz 
exhibits  a  variation  of  approximately  1.5  dB  in  azimuth  at  the  horizon.  The  substantial  pattern 
variation  (degradation)  at  the  upper  frequencies  is  evident  from  the  results  presented  in  Figure  6. 


3.  DESIGN  VARIATIONS:  BANDWIDTH  IMPROVEMENT 

Although  we  recognized  that  the  physical  design  approach  limits  the  antenna  performance  in 
terms  of  the  radiation  pattern  degradation  at  the  upper  portion  of  the  frequency  band,  we  decided 
to  proceed  with  further  design  variations  with  the  intent  of  increasing  the  operating  bandwidth. 
This  approach  was  taken  as  we  were  specifically  interested  in  understanding  the  relationship 
between  Q  and  bandwidth  for  small  wideband  antennas,  particularly  those  exhibiting  multiple 
impedance  resonances  within  their  operating  band. 

The  significant  design  variables  associated  with  this  antenna  are  depicted  in  Figure  7.  These 
design  variables  include  the  dimensions  of  the  cut-outs  in  the  feed-arm  (Cut-Out  A)  and  top-disk 
(Cut-Out  B),  [note:  the  dimensions  of  both  cut-outs  determine  the  number  and  radius  of  the 
impedance  loops  on  the  Smith  Chart  for  the  impedance  of  the  antenna]-,  the  width  of  the  bottom 
of  the  feed-arm  (w)  and  the  distance  between  the  ground  plane  and  the  bottom  of  the  feed-arm 
(d)  [note:  the  dimensions  w  and  d  determine  the  effective  parallel  matching  capacitance  at  the 
feed  point);  the  height  or  length  of  the  feed-slots,  h  [note:  the  dimension  h  the  determines  the 
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series  matching  inductance  at  the  feed  point]',  and  finally,  the  width  of  the  single  folding 
connection  to  ground  ( W)  and  the  spacing  between  the  folding  connection  and  the  feed-arm  (s). 
The  antenna’s  height  and  top-disk  diameter  are  not  considered  as  design  variables  since  the 
overall  size  of  the  antenna  is  to  remain  fixed. 

Adjusting  these  design  variables  can  significantly  affect  the  shape  of  the  impedance  curve, 
particularly  the  number  and  radius  of  the  impedance  loops  on  the  Smith  Chart.  The  number  and 
location  of  these  loops  can  be  adjusted  so  as  to  set  the  number  of  resonances  within  the  operating 
band.  In  many  instances,  these  adjustments  do  little  to  impact  the  overall  operating  bandwidth  of 
the  antenna.  The  impedance  and  return-loss  of  one  example  configuration  are  presented  in 
Figures  8  and  9,  respectively.  While  the  impedance  behavior  is  substantially  different  than  that 
presented  in  Figure  5,  the  operating  bandwidth  is  remarkably  similar.  This  configuration 
exhibits  a  2:1  VSWR  over  a  frequency  range  of  536  -  1366  MHz,  a  2.55:1  frequency  bandwidth. 

With  further  adjustment  of  these  design  variables,  a  configuration  was  developed  that  exhibits  a 
2:1  VSWR  over  an  approximate  3:1  frequency  band.  The  impedance  and  VSWR  of  this 
configuration  are  presented  in  Figures  10  and  11,  respectively.  This  configuration  exhibits  a  2:1 
VSWR  over  a  frequency  range  of  550  -  1632  MHz,  a  2.97:1  frequency  bandwidth. 


4.  QUALITY  FACTOR  AND  BANDWIDTH1 

The  study  of  the  antenna  configuration  exhibiting  an  approximate  3:1  frequency  bandwidth  led 
to  the  study  of  the  relationship  between  the  antenna’s  Q  and  matched  VSWR  bandwidth.  Much 
of  this  material  was  presented  at  the  2005  APS  Symposium  [8]-[9]  and  is  summarized  here  as  it 
is  considered  to  be  an  important  part  of  our  work  in  the  design  and  development  of  these 
antennas.  We  begin  with  a  discussion  of  Q  and  bandwidth. 


The  exact  quality  factor  of  the  tuned  antenna,  Q(co0),  is  defined  in  terms  of  the  ratio  of  internal 
energy,  W(coo),  and  accepted  power,  Pa(coo),  as  [10] 


Q(a o)  = 


pa(<° o) 


(1) 


which  has  been  shown  to  be  approximately  equal  to  [10] 


2  R(co0) 


(2) 


where 


1  Much  of  this  section  is  taken  from  work  presented  at  the  2005  IEEE  APS  Symposium  [8] -[9]  and  is  presented  here 
since  it  is  an  important  part  of  the  ongoing  work  in  the  development  and  study  of  these  antennas. 
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(3) 


4K)| 


R'(co0)2  + 


XW)  + 


1*K)P 
"0  , 


where  7?  '(co)  and  X'(co)  are  the  frequency  derivatives  of  the  untuned  antenna’s  resistance  and 
reactance,  respectively. 

In  most  practical  applications,  we  are  generally  interested  in  defining  and  characterizing  the 
antenna’s  operating  bandwidth.  For  this  reason,  we  seek  a  definition  of  bandwidth  that  is  related 
to  Q  over  a  wide  range  of  frequencies.  A  suitable  definition  of  bandwidth  for  this  purpose  is 
matched  VSWR  bandwidth,  FBWy(a>o),  where  the  VSWR  ( s )  of  the  tuned  antenna  is  determined 
under  the  condition  that  the  characteristic  impedance,  Zch,  of  the  transmission  line  connecting 
the  antenna  to  the  matched  source  is  equal  to  the  antenna’s  feed-point  resistance  at  the  tuned 
frequency:  Zch~  R(coo)-  Matched  VSWR  bandwidth  is  equal  to 


co,  -co 

FBWy(co0)  =  — - - 

<o0 


(4) 


where  co+  and  co.  are  the  frequencies  above  and  below  con,  respectively,  where  the  VSWR  is  equal 
to  s.  Matched  VSWR  bandwidth  and  Q  are  related  as  given  in  [3] 


0K)*fiBK)  = 


2^ 

FBWv(co0) 


(5) 


where 


5-1 


(6) 


One  of  the  significant  points  associated  with  antenna  Q  is  that  there  exists  a  fundamental  lower 
bound  on  Q  defined  in  terms  of  the  antenna’s  occupied  volume  and  the  operating  frequency. 
Given  that  Q  and  matched  VSWR  bandwidth  are  inversely  related,  a  lower  bound  on  Q  implies 
that  there  exists  a  corresponding  upper  bound  on  matched  VSWR  bandwidth  that  can  be  achieved 
as  a  function  of  antenna  size.  The  lower  bound  on  Q  is  given  by  [1 1] 


Qib=} 7 


1  1 


P (ka)  ka J 


(7) 


where  tj  is  the  radiation  efficiency  of  the  antenna,  k  is  the  free  space  wave  number,  2n// 1,  and  a  is 
the  radius  of  an  imaginary  sphere  circumscribing  the  maximum  dimension  of  the  antenna.  The 
relationships  in  Equations  (2)  and  (5)  were  derived  in  [10]  under  the  assumptions  that  the  Vi- 
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power  matched  VSWR  bandwidth  (s  =  5.828:1)  is  not  too  large  and  that  the  antenna  exhibits  a 
single  resonance  and  VSWR  minimum  within  its  defined  operating  band. 

If  the  electrically  small  tuned  antenna  exhibits  closely  spaced  resonances  or  multiple  VSWR 
minimums  within  its  operating  bandwidth,  the  relationships  between  Q,  Qz  and  QB  (derived  from 
the  inverse  of  exact  matched  VSWR  bandwidth)  expressed  in  Equation  (2)  and  (5)  may  not  hold 
[8]-[10]  particularly  for  values  of  s  »  1.  In  many  instances,  a  value  of  s  — >  1  in  Equation  6  can 
be  chosen  such  that  the  value  of  Qz  closely  approximates  QB.  However,  this  does  not  guarantee 
that  the  value  of  either  Qz  or  QB  closely  approximates  the  value  of  Q  given  by  Equation  1 . 

To  illustrate  some  of  these  points  here,  we  calculate  the  Q  [approximated  by  Qz,  Equation  (2)]  of 
the  antenna  configuration  having  the  impedance  presented  in  Figure  10  and  we  compare  it  to  the 
lower  bound.  This  comparison  is  presented  in  Figure  12.  While  the  Q  of  the  antenna, 
approximated  by  Qz,  closely  approaches  the  lower  bound,  there  is  no  frequency  over  the 
operating  band  where  it  is  less  than  the  lower  bound.  Next,  we  approximate  the  Q  of  the  using 
Qb,  defined  in  Equation  (5).  A  comparison  of  Qz,  QB  and  the  lower  bound  on  Q  is  presented  in 
Figure  13. 

From  Figure  13,  we  see  that  in  some  frequency  regions,  particularly  at  the  lower  end  of  the 
operating  band,  there  is  very  good  agreement  between  Qz  and  QB  for  values  of  s  close  to  1  (s  = 
1 .5  and  2).  At  the  upper  end  of  the  operating  band  the  very  good  agreement  between  Qz  and  QB 
no  longer  holds,  even  for  the  lower  values  of  s.  This  illustrates  that  the  inverse  relation  between 
Q  and  matched  VSWR  bandwidth  in  these  frequency  regions  no  longer  holds,  particularly  for 
higher  values  of  s.  What  is  of  most  interest  is  the  relationship  between  inverse  bandwidth  and 
the  lower  bound  on  Q.  If  the  inverse  relationship  between  Q  and  bandwidth  does  not  hold,  we 
are  interested  in  exploring  whether  or  not  a  bandwidth  can  be  achieved  that  exceeds  the 
bandwidth  limit  implied  from  the  lower  bound  on  Q. 


5.  MODELING  THE  GOUBAU  ANTENNA 

Another  aspect  of  our  work  in  the  development  of  small  wideband  disk-loaded  monopoles  is  our 
understanding  the  performance  and  design  variables  of  the  Goubau  antenna  better.  While  we 
have  done  some  preliminary  work  in  this  regard,  we  have  not  yet  put  substantial  effort  towards 
this  objective.  To  date,  we  have  constructed  a  preliminary  model  of  the  Goubau  antenna  in 
Microwave  Studio,  as  depicted  in  Figure  14.  Preliminary  VSWR  calculations  do  not  match  the 
published  measurements.  Preliminary  pattern  calculations,  presented  in  Figure  15,  indicate  good 
pattern  behavior  at  the  low  end  of  the  operating  band  (500  MHz)  and  some  pattern  degradation 
occurring  near  the  upper  end  of  the  operating  band  (1000  MHz).  Our  modeling  of  the  Goubau 
antenna  is  in  its  preliminary  phase  and  much  work  is  expected  in  refining  the  model,  allowing  us 
to  gain  more  confidence  in  our  simulation  results. 
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6.  DESIGN  VARIATIONS:  RADIATION  PATTERN  IMPROVEMENT 


In  conjunction  with  our  work  on  quality  factor  and  bandwidth,  and  our  modeling  of  the  Goubau 
antenna,  the  other  area  where  we  recognize  the  substantial  need  for  improvement  is  in  the 
radiation  pattern  properties  of  these  antennas  in  the  upper  regions  of  the  operating  band.  All  of 
the  antennas  designed  to  date  exhibit  pattern  degradation  at  the  upper  ends  of  the  band  due  to  the 
asymmetry  of  the  antenna  structure  relative  to  the  feed  point.  To  improve  the  radiation  pattern 
properties  of  the  antenna  we  are  in  the  process  of  re-designing  the  antenna  to  first  make  it 
symmetric,  and  then,  as  necessary  modify  the  structure  to  optimize  the  impedance  bandwidth. 
This  work  is  in  its  beginning  stage  and  we  have  only  very  preliminary  results  to  present  at  this 
time. 

An  example  of  a  symmetric  antenna  that  we  are  considering  is  depicted  in  Figure  16.  This 
antenna  is  specifically  designed  so  that  the  feed  point  is  at  the  center  of  the  antenna  structure  and 
that  all  components  within  the  antenna  design  are  implemented  symmetrically  about  the  feed 
point.  The  antenna  height  is  4.3  cm  and  the  top  disk  diameter  is  12.3  cm.  The  return-loss  for 
this  antenna  is  presented  in  Figure  17  and  radiation  patterns  are  presented  in  Figure  18.  The 
antenna  exhibits  very  reasonable  pattern  performance  over  the  entire  frequency  range  from  500 
MHz  through  1500  MHz.  The  antenna  exhibits  a  2:1  VSWR  over  a  2.18:1  frequency  bandwidth 
and  a  3:1  VSWR  over  a  2.47:1  frequency  bandwidth.  Work  is  in  underway  to  increase  the 
operating  bandwidth. 


7,  DISCUSSION 

We  have  presented  a  brief  overview  of  our  progress  in  the  development  of  a  simple  disk-loaded 
folded  monopole  antenna.  Our  physical  design  objectives  are  to  maintain  a  maximum  antenna 
height  of  4.3  cm  and  a  maximum  overall  diameter  of  12.3  cm,  matching  the  profile  of  the 
Goubau  antenna.  Our  performance  design  objective  is  to  achieve  a  2:1  VSWR  frequency 
bandwidth  of  3:1  or  greater,  an  efficiency  in  excess  of  90%  and  monopole-like  radiation  patterns 
over  the  entire  bandwidth.  Here  we  discussed  preliminary  results  in  terms  of  achieving  a  2:1 
maximum  VSWR  over  an  approximate  3:1  frequency  bandwidth.  Due  to  the  physical 
configuration  of  the  antenna,  the  radiation  patterns  suffer  sever  degradation  at  the  upper  ends  of 
the  frequency  bandwidth.  We  also  discussed  results  associated  with  our  study  on  the  relationship 
between  quality  and  bandwidth,  illustrating  that  the  inverse  relationship  between  Q  and  matched 
VSWR  bandwidth  does  not  always  hold.  Finally,  we  very  briefly  discussed  our  ongoing  work  in 
modeling  of  the  Goubau  antenna  and  the  fact  that  we  are  working  to  improve  the  radiation 
patterns  of  the  antenna  at  higher  frequencies.  Preliminary  results  were  presented  for  each  of 
these  efforts. 
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Figure  1.  Depiction  and  measured  VSWR  of  the  Goubau  multi-element  monopole  antenna  [2].  The  Goubau  antenna 
exhibits  a  2:1  VSWR  over  a  1.9:1  frequency  bandwidth.  The  antenna  has  a  height  of  0.067a  at  its  lowest  operating 
frequency. 
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Figure  2.  Depiction  of  the  disk-loaded  folded  monopole  design  presented  in  the  2004  paper  [1],  The  antenna  has  a 
height  of  4.3  cm  and  a  disk  diameter  of  12.3  cm. 


Figure  3.  Simulated  VSWR  of  the  disk-loaded  folded  monopole  design  depicted  in  Figure  2.  The  antenna  exhibits  a 
2:1  VSWR  (simulated)  over  a  frequency  range  of  554-  1400  MHz,  a  2.52:1  frequency  bandwidth. 
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Figure  6.  Simulated  radiation  patterns  of  the  disk-loaded  folded  monopole  antenna  depicted  in  Figure  2  at  500 
MHz,  1000  MHz  and  1400  MHz. 


Figure  7.  Depiction  of  the  design  variables  for  the  disk-loaded  folded  monopole  antenna. 


Figure  8.  The  impedance  of  one  configuration  shown  to  illustrate  the  difference  in  the  shape  of  the  impedance  curve 
achievable  by  adjusting  the  dimensions  of  the  design  variables.  This  impedance  plot  should  be  compared  to  the 
impedance  plot  of  Figure  5. 


S-Parameter  Magnitude  in  dB 


Figure  9.  Return  loss  for  the  impedance  data  presented  in  Figure  8.  This  configuration  exhibits  a  2:1  VSWR  over  a 
frequency  range  of  536  -  1366  MHz,  a  2.55:1  frequency  bandwidth. 


Figure  10.  The  impedance  of  the  disk-loaded  folded  monopole  configuration  exhibiting  an  approximate  3:1 
frequency  bandwidth. 
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Figure  11.  VSWR  for  the  impedance  data  presented  in  Figure  10.  This  configuration  exhibits  a  2:1  VSWR  over  a 
frequency  range  of  550  -  1632  MHz,  a  2.97:1  frequency  bandwidth. 
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Figure  12,  Comparison  of  Qz  and  the  lower  bound  on  Q  for  the  disk-loaded  folded  monopole  antenna  exhibiting  a 
frequency  bandwidth  of  approximately  3:1.  The  impedance  of  the  antenna  is  presented  in  Figure  1 0. 
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Figure  13,  Comparison  of  Qz,  Qb  and  the  lower  bound  on  Q  for  the  disk-loaded  folded  monopole  antenna  exhibiting 
a  frequency  bandwidth  of  approximately  3:1.  The  impedance  of  the  antenna  is  presented  in  Figure  10. 


Figure  14.  Depiction  of  the  (one)  Microwave  Studio  implementation  of  the  Goubau  antenna. 
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Figure  15.  Some  preliminary  pattern  predictions  for  the  Goubau  antenna  at  500  MHz  and  1000  MHz.  Further 
refinement  of  the  Microwave  Studio  model  is  required  before  we  have  sufficient  confidence  in  our  model. 
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Figure  17.  Return  loss  of  the  antenna  depicted  in  Figure  16. 
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The  Multi-Lens  Array  Architecture. 


Danh  Lira 
AFRL/SNHA 

Abstract:  As  communication  and  radar  systems  migrate  toward  wider  bandwidths, 
the  quantization  lobes  inherent  in  conventional  phased  array  systems  manifest  as 
one  of  the  foremost  challenges  for  array  designers  who  must  consider  not  only  the 
need  for  a  large  and  inexpensive  array  with  wideband  requirements  but  also 
practical  issues,  such  as  the  ease  of  transporting  and  realizing  such  an  array.  Large 
phased  arrays  based  on  conventional  subarray  architecture,  with  time  delays  at  the 
subarray  level,  exhibit  very  high  quantization  lobes  when  scanned  over  a  wide 
bandwidth.  This  paper  describes  a  multi-lens  (ML)  array  architecture  that  is 
suitable  for  very  large  arrays  with  wideband  (bandwidth  to  center  frequency  ratio 
greater  than  0.2)  scanning  requirements.  In  addition  to  having  low  quantization 
lobes,  the  ML  array  architecture  is  modular,  scalable,  and  compact  in  volume.  The 
proposed  architecture  approximates  the  ideal  gradient  time  delay  network  with  a 
combination  of  time  delays  at  the  subarray  level,  time  delays  of  Rotman  lenses,  and 
small  phase  shifts.  The  basic  idea  behind  the  ML  architecture  is  to  concatenate 
multiple  modified  Rotman  lenses  together  to  form  a  large  array  with  non-periodic 
phase  settings  across  the  large  array  to  lessen  the  accumulation  of  quantization 
lobes  at  any  specific  angle. 


1.  INTRODUCTION 

A.  Quantization  Lobes  of  Phased  Array  Systems. 

Although  wide-angle,  high  bandwidth,  electronic  scanning  arrays  are  highly  desirable, 
the  present  cost  to  build  large  arrays  with  such  capabilities  is  prohibitive,  since  a  time 
delay  unit  is  required  behind  each  element  of  an  ideal  wideband  array.  Subarraying  to 
reduce  the  number  of  time  delay  units  (and  receivers)  is  a  conventional  approach  to  cut 
cost  in  a  narrowband  system.  However,  as  we  increase  the  bandwidth,  the  performance 
of  the  conventional  subarray  architecture  degrades  catastrophically  due  to  the  rising 
quantization  (grating)  lobes  that  have  buried  themselves  beneath  the  sidelobes  in  the 
narrowband  system  but  rise  rapidly  with  increasing  bandwidth.  While  we  cannot  live 
with  these  undesirable  quantization  lobes,  we  cannot  live  without  them  since  they  are 
natural  companions  of  the  various  periodic  aspects  of  the  array,  which  enable  us  not  only 
to  reduce  the  fabrication  cost  and  complexity  of  the  array  but  also  to  simplify  the  array’s 
analysis  and  controls. 

B.  Motivation  behind  the  Multi-Lens  (ML)  architecture. 
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Under  ideal  assumptions  (isotropic  radiators,  7J2  spacing,  uniform  illumination,  etc.),  the 
far  field  antenna  pattern  is  the  Fourier  transform  of  the  aperture  distribution  across  the 
surface  of  the  array.  The  applied  phase  settings  of  the  conventional  subarray  can  be 
decomposed  into  two  terms:  the  ideal  phase  term  and  the  phase  error  term, 

N- 1  JV-1 

AF{0)  -  Yjejnns'ni0)e~ja’'  =  JV'-*sin(*) e-'A e-JE'  ,  (1) 

u= 0  n-0 

where 

=  /?„+E„, 

fin  =nn  sin(0o). 

En  is  the  phase  errors  at  the  nth  elements,  pn  is  the  ideal  phase  settings  for  scanning  to  0o, 
and  an  is  the  applied  phase. 

From  the  modulation  property  of  the  Fourier  transform  and  with  cxp(-jpn)  playing  the 
role  of  the  modulator,  another  way  to  compute  the  array  pattern  would  be  to  take  the  error 
pattern,  computed  from  the  phase  errors  exp(-jEn),  and  shift  it  to  Go. 

When  using  conventional  subarrays  with  narrowband  systems  (small  array  size  and  small 
bandwidth),  the  phase  errors  En  are  zero  or  nearly  zero,  and  so  the  array  pattern  is  simply 
a  broadside  beam  shifted  to  Go.  Flowever,  when  using  a  conventional  subarray  in  a 
system  with  considerable  bandwidth,  the  phase  errors  are  not  all  zero  and  in  general 
produce  a  plot  similar  to  the  phase  errors  plot  shown  in  Figure  1. 
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Phase  Errors  At  the  Edge  Frequency  for  Conventional  Subarray  Architecture 
Num.  Subarray=32,  Subarray  Size=32,  Center  Freq.  =  10GHz,  Edge  Freq.=11GHz,  Scan  Ang!e=43.0° 
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Figure  1.  Phase  errors  and  the  array  patterns  corresponding  to  the  applied  phase.  The 
phase  errors  and  the  array  patterns  were  computed  at  the  edge  frequency  for  an  array 
based  on  the  conventional  subarray  architecture.  The  phase  errors  are  shown  for  the  first 
160  elements  of  the  array. 

Unlike  the  zero  bandwidth  case,  the  error  pattern  of  the  edge  frequency  in  the  wideband 
case  also  has,  in  addition  to  the  main  beam  at  broadside,  quantization  lobes  due  to  the 
periodic  phase  errors,  En.  The  heights  of  these  quantization  lobes  are  generally  related  to 
the  heights  (maximum  value)  of  the  phase  errors  and  the  period  of  these  quantization 
lobes  is  related  inversely  to  the  period  of  the  phase  errors.  Since  the  phase  error  is  a 
linear  function  of  sin(90),  at  broadside  scan  (90  ■=  0)  the  phase  errors  are  zero  and  as  0O 
increases  the  phase  error  also  increases. 

The  ML  array  architecture  to  be  discussed  reduces  the  quantization  lobes  by  reducing  the 
phase  scan  angle,  0o.  To  smear  out  the  grating  lobe,  the  phase  scan  angle  is  set  to 
different  values  from  subarray  to  subarray  so  that  looking  across  the  array,  the  phase 
errors  are  non-periodic.  Although  there  are  many  sources  of  phase  and  amplitude  errors 
in  the  array  that  cause  sidelobes  to  rise,  only  errors  from  phase  shifters  and  array  tapering 
are  considered  in  this  paper. 
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2.  A  SINGLE  LENS. 


A.  Details  of  a  Subarray. 

The  ML  array  architecture  consists  of  M  modified  Rotman  lenses  with  the  detail  of  each 
lens,  or  “subarray”,  shown  in  Figure  2  (the  array  is  assumed  to  be  used  for  receiving). 
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Connecting  elements  of  the  array  to  the  ports  on  surface  2  are  cables  of  variable  lengths. 
The  element  spacing  on  surface  2  as  well  as  the  nth  cable  length,  Tn,  are  determined  by 
three  design  equations  derived  in  [4].  The  constraints  that  lead  to  these  design  equations 
were  written  in  terms  of  the  three  independent  parameters  in  the  lens:  xn,  yn  (the 
coordinates  of  the  nth  element  on  surface  2) ,  and  Tn  (the  time  delay  of  the  nth  cable  that 
connects  from  the  probe  at  (xn,  yn)  to  the  corresponding  element  in  the  linear  array 
aperture).  Details  of  the  three  constraints  were  discussed  in  [4]  and  can  be  summarized 
as  follows:  a)  path  lengths  of  the  rays  tracing  from  the  incoming  planar  wave-front 
arriving  at  some  angle  0;n  to  the  focal  point  Pa  on  surface  1  are  equal,  i.e.,  a  requirement 
of  having  a  perfect  focus  at  point  Pa;  b)  perfect  focus  at  Po;  and  c)  perfect  focus  at  point 
P.a.  Although  feed  points  along  surface  1  between  P.a  and  Pa  are  imperfect  foci,  path 
length  errors  associated  with  these  foci  are  small  and  insignificant  compared  to  other 
sources  of  error  in  the  array.  Path  length  error  is  the  difference  between  the  maximum 
and  the  minimum  lengths  of  the  rays  tracing  from  the  incoming  planar  wavefront  to  a 
point  on  surface  1 . 

Lens  Contours 

Length  =  16.0X,  Focal  Length=11.52x,,  Designed  Foci  =  ±42.0°. 
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Figure  3.  An  illustration  of  the  surfaces  of  a  Rotman  lens  with  length  16A.  and  foci  at  a  = 
0°  and  a  =  ±42°. 
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Figure  4.  Path  length  errors  for  the  foci  on  surface  1  of  the  lens  in  Figure  3. 


For  example,  the  two  surfaces  of  a  Rotman  lens,  designed  with  length  16X.  and  foci  at  0 
and  a  =  ±42°  are  shown  in  Figure  3.  The  path  length  errors,  shown  in  Figure  4,  at  the 
designed  foci  are  zero  as  expected  whereas  the  path  length  errors  at  other  points  on 
surface  1  are  small  and  can  be  considered  as  zero. 


In  the  ML  architecture  to  reduce  the  cost  and  complexity  of  the  subarray,  elements  on 
surface  1  can  be  spaced  sparsely  at  5  degree  intervals.  Hence  the  phase  shifters  are  used 
to  focus  any  incoming  beam  between  ±a  to  the  center  of  an  element  on  surface  1  as 
illustrated  in  Figure  5.  Although  one  will  attempt  to  set  5  to  be  as  large  as  possible  to 
reduce  the  number  of  elements  on  surface  1,  if  8  is  set  too  large,  phase  shifters  will  be 
required  to  scan  to  wide  angles,  which  will  cause  beam  squint  at  the  subarray  level,  and 
elevated  grating  lobes  at  the  array  level.  The  strategy  used  in  this  paper  is  to  initially 
chooser,  such  that  the  beam  squint  at  the  edge  frequency  is  less  than  half  of  the  3dB 
beamwidth  of  the  subarray.  After  8  is  determined,  the  array  pattern  is  computed  and  the 
maximum  grating  lobe  is  compared  against  the  desired  level  to  determine  whether  8 
needs  to  be  decreased. 
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Figure  5.  Phase  scanning  (focusing)  a  beam  to  the  closest  element  on  surface  1. 

B.  Computing  the  Far  Field  Subarray  Pattern  of  a  Single  Lens 

Suppose  that  the  elements  in  the  subarray  lens  are  isotropic  radiators  and  that  a  planar 
wavefront  impinges  on  the  array  at  0in.  Assuming  that  the  entire  extent  of  surface  1  are  in 
perfect  focus,  the  received  signal  of  the  element  located  at  point  Pe  on  surface  1  is, 


y{t,  0)  =  £ s(t  -t„  +  wn)ej2nSat^' , 

n= 0 


(2) 


where 


r  = 


w„  = 


«c/  sin(#;„) 
c 

nd  sin(#) 


ndsm{60) 


"  phase 


d  =  ^-  =  -  c 


2  2  fd 


s(t)  is  the  wavefront  that  impinges  on  the  array,  d  is  the  distance  between  elements  of  the 
array,  c  is  the  speed  of  light,  0o  is  the  phase  scan  angle,  xPhase  is  the  phase  scan,  and  fo  is 
the  center  frequency. 


Taking  the  Fourier  transform  of  y(t,  0)  with  respect  to  time,  t,  yields 


where 


JV-l 


Y(f,6>)  =  ^S(/)eW(-,-41,k)e‘Wl,'ta  =  S(f)H{f), 


n=0 


H(f,  0)  = 


sin(N  <p/2) 
sin(//2) 


(3) 


and (p-~{f  sin9-  f  sin Qin  -/0sin6>0). 

J  d 

S(f)  is  the  Fourier  transform  of  s(t)  and  has  spectral  content  from  fiow  to  fhigh,  N  is  the 
number  of  elements  on  surface  2,  and /is  frequency. 


The  received  power  at  point  Pe  can  be  computed  using  Eq.  3, 


SAF(<9)  =  J[  Y(f  ,6)  |2  df 


(4) 


If  s(t)  is  an  ideal  wideband  signal,  such  that 


S(f)  =  1,  flow  <  f<  fhigh 
S(f)  =  0,  otherwise 

Eq.  4  simplifies  to, 


SAF(0)=  \\H(f,6)\1df=  J 


sin(A/?/2) 

sin(^)/2) 


2 


df. 


(5) 
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which  is  the  subarray  power  pattern  that  has  a  peak  when  <p  =  0  and  f  =  fo.  For  an 
incoming  wavefront  incident  at  0;n,  with  phase  shifters  set  to  scan  to  0o,  the  peak  of  the 
subarray  pattern  occurs  whenever, 

f(sin  6  -  sin  6m  )  -  f0  sin  00  =  0  (6) 

or 

® peak  =  arcsin(sin  90  +  sin0J 

For  a  wavefront  arriving  at  9;n  and  subarray  phase  setting  set  to  scan  to  0O,  the  peak  of  the 
focused  beam  on  surface  1  is  at  Pepeak>  Eq.  6  computes  the  required  phase  setting  to  focus 
an  incoming  beam  to  a  specified  location,  Pepeak,  on  surface  1 . 

3.  MULTIPLE  LENSES. 
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Figure  6.  Block  diagram  of  the  Multi-Lens  architecture. 

The  multi-lens  (ML)  array  proposed  in  this  paper  consists  of  M  subarray  lenses  placed 
adjacent  to  each  other  as  shown  in  Figure  6.  In  the  receive  case,  an  incoming  planar 
wavefront  impinging  on  the  array  will  be  focused  to  an  element  on  surface  1 .  RF  switch 
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is  used  to  connect  the  output  of  the  element  at  the  focal  point  to  the  input  of  the  receiver. 
After  the  analog  to  digital  conversion  stage,  the  digital  signal  is  weighed  and  time 
delayed  using  any  of  the  techniques  discussed  in  references  [6]  and  [7]. 

A.  Scattering  Between  Adjacent  Lenses. 

It  is  assumed  that  scattering  between  adjacent  lenses  is  negligible  in  the  receive  case.  To 
see  why  this  assumption  is  valid,  consider  the  lens  in  Figure  3  and  suppose  that  there  is  a 
wavefront  arriving  at  broadside.  As  seen  in  Figure  7,  the  separation  angle,  y,  between  the 
two  broadside  focal  points  of  two  adjacent  lenses  is  48.1°.  The  energy  that  radiates  from 
subarray  1  to  subarray  2  is  the  sidelobe  at  y  =  48.1°.  It  will  be  assumed  that  this  energy  is 
negligible  as  compared  to  the  energy  of  the  mainlobe.  Although  only  a  broadside  case  is 
considered  here,  the  separation  angles  for  other  scan  values  are  as  wide  as  in  the 
broadside  case. 


16  A 


at  broadside 

Figure  7.  The  separation  angle  y  between  two  focal  points  of  two  adjacent  lenses. 

B.  Computing  the  Array  Pattern  of  the  Multi-Lens  Architecture. 

The  ML  array  is  steered  using  a  combination  of  phase  shifters  and  time  delays.  At  the 
subarray  level  phase  shifters  are  located  between  the  lenses  and  the  subarray  apertures. 
Time  delay  units  at  the  array  level  are  located  at  the  focal  contour  of  each  lens.  As 
shown  in  Figure  6,  the  outputs  of  the  M  subarrays  are  summed,  and  the  individual 
subarray’s  outputs  ym(t)  are  time  delayed  by  xm,  then  weighed  with  wm.  The  time  delay 
Trn  steers  the  subarray  pattern  to  direction  0;„,  while  the  weights  wm  are  used  to  lower  the 
array’s  sidelobes  to  a  desired  level.  The  quantization  lobe  is  not  affected  by  wm.  The 
output  signal  after  summing  the  M  subarrays  is, 
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(7) 


M- 1 


*(*>  ^ )  =  E  wm  (f  +  Tm  -  Lm ), 

m= 0 


where 

D  =  Nd, 

r  mD  sin(^) 

m~  C  ’ 

>«Z)sin(#.  ) 

T  = - . 

m  c 

Lm  is  the  difference  in  time  delay  between  phase  centers  of  subarray,  xm  is  the  digital  time 
delay,  and  D  is  the  distance  between  subarray. 

Unless  indicated  otherwise,  the  set  of  digital  weights,  wm,  have  been  selected  to  produce  a 
-32  dB  Chebyshev  window. 

Taking  the  Fourier  transform  of  z(t,0jn)  with  respect  to  t  we  have, 


M- 1 


m~  0 


Eq.  3,  expressed  in  terms  of  the  scan  angle  of  the  mth  subarray,  is  given  as 


H(/>  ) 


sin(N  (pJ2) 
sin(^m/2)  ’ 


(8) 


(9) 


where 

sin  -  /  sin  6m  -  f0  sin  90m ). 

J d 

0m  is  the  location  of  the  focal  element  on  surface  1  of  the  mth  subarray  and 
0q  is  the  phase  scan  angle  at  the  mth  subarray. 

Substituting  Eq.  9  into  Eq.  8  we  have, 


M- 1 


(10) 


Suppose  that  s(t)  is  an  ideal  wideband  signal  such  that 


S(f)=l,flow<f<fhigh 
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S(f)  =  0,  otherwise 


The  wideband  array  power  pattern,  AF(0in),  can  be  computed  by  integrating  Eq.  10  over 
the  desired  frequency  range, 


AF(0J=  th\z(f,em)\ 

"J low 


1  high 

=  \ 


M- 1 


^wmH(f,em)ej2^ 


-4,) 


df 


**1ow 


where  g(f,  9in )  = 


low 

M- 1 


m= 0 


(ll) 


There  is  no  closed  form  solution  for  Eq.  11.  However,  since  g(f)  varies  slowly  with 
respect  to  f  numerical  integration  using  Simpson’s  1/3  Rule  is  a  convenient  method  to 
evaluate  Eq.  1 1 .  It  can  be  shown  the  result  can  be  expressed  as, 

fh  2K 

■*g(fA)df»-J  £1,8(4  A),  (12) 

3  k=0 

where, 

h^-fo,  ' 
lk  =[1,4, 2,4, 2,.  ..,4,1] 

and  the  fk  are  2K+1  equally  spaced  frequency  points  between  fiow  and  frigh. 

The  wideband  array  patterns  in  Section  4  were  computed  using  Eq.  12  with  33  frequency 
points.  In  narrowband  system,  Eq.  12  will  produce  the  same  array  pattern  as  the  classical 
phased  array  pattern.  However,  unlike  the  classical  array  pattern,  which  computes  the 
power  for  a  single  frequency,  Eq.  12  computes  the  power  of  the  signal  s(t)  at  a  given 
angle  0jn.  So  all  frequencies  in  s(t)  contribute  to  the  quantization  lobe  of  the  wideband 
power  pattern. 


4.  EXAMPLES 

The  examples  below  demonstrate  the  wideband  scanning  feature  of  the  ML  array 
architecture.  Although  one  would  not  normally  use  a  conventional  subarray  for 
wideband  scanning,  the  examples  shown  in  Section  4A  illustrate  the  severity  of  the 
quantization  lobes  associated  with  phase  scanning  in  a  large  wideband  conventional 
subarray. 

A.  Conventional  Subarray 
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The  array  pattern  for  an  array  of  1024-elements  based  on  the  conventional  subarray 
architecture  is  shown  in  Figure  8  at  43°  scan.  In  this  case,  phase  shifters  are  located 
behind  each  element,  time  delay  units  are  located  behind  each  of  the  32  subarrays.  The 
array  in  section  4A,  4B  and  4C  have  an  operating  bandwidth  of  2  GHz  centered  at  10 
GHz  and  are  assumed  to  have  uniform  tapering  and  ideal  phase  shifters  with  infinite 
accuracy.  As  expected,  the  peak  quantization  lobe  is  approximately  5  dB  down  from  the 
main  beam.  The  power  pattern  of  the  conventional  subarray  was  computed  using  Eq.  1 1 
with  9”'  -  43°  for  all  subarrays. 

Power  Pattern  for  a  Conventional  Subarray  With  32  Subarrays  Each  With  32  Elements 


ScanAngle  =  43°,  Operating  Freq.  =  9  to  11  GHz 


Figure  8.  Wideband  array  pattern  for  an  array  of  32  subarrays,  each  with  32  elements, 
using  a  contiguous  subarray  architecture.  The  scan  angle  is  43°  over  a  2  GHz  bandwidth, 
at  a  center  frequency  of  10  GHz. 

B.  An  Array  Based  on  Multi-Lens  Array  Architecture 

The  ML  array  architecture  lowers  quantization  lobes  by  reducing  and  randomizing  phase 
errors  across  the  array.  In  addition  to  exhibiting  low  grating  lobes,  the  ML  architecture 
consists  of  M  distinct  and  detachable  subarray  sections,  which  are  modular  and  fairly 
compact  in  depth.  For  example,  a  1024-element  ML  array  with  32  subarrays  has  a  focal 
length  of  32*(X/2)*0,72  =  1 1  .52a.,  whereas  an  equivalent  Rotman  lens,  would  have  a 
focal  length  of  1024*(L/2)*0.72  =  368.647,,  which  is  physically  impractical. 
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In  the  cases  shown  in  Figure  9,  the  ML  array  has  32  subarray  lenses,  each  with  32 
elements  equally  spaced  (d  =  a/2).  The  operating  parameters  are  the  same  as  in  Section 
4A.  The  desired  sidelobe  level  is  -29  dB  for  all  scan  angles  between  ±45°.  To  achieve 
this  low  sidelobe  level,  elements  on  surface  1  of  each  subarray  are  placed  at  ±42,  ±28, 
±14  and  0  degrees  so  that  phase  shifters  scan  the  beam  to  a  maximum  value  of  8=14°. 
In  most  cases,  the  phase  scan  angle  will  be  less  than  8/2  =  7°.  The  grating  lobe  level  in 
the  ML  array  increases  or  decreases  with  increases  or  decreases  in  the  distance  8  between 
adjacent  elements  on  surface  1 . 

Unlike  the  conventional  subarray  architecture,  where  the  maximum  grating  lobe  occurs  at 
the  highest  scan  angle,  the  peak  grating  lobes  in  the  ML  architecture  generally  occur 
when  the  incoming  planar  wavefront  is  focused  to  a  point  Pe  that  is  in  between  any  two 
elements  on  surface  1.  For  the  current  example,  these  points  are  ±7,  ±21,  and  ±35 
degrees.  Suppose  that  the  incoming  wavefront  is  focused  by  the  subarray  lens  to  point 
P350  as  shown  in  Figure  5.  Using  phase  shifters,  we  have  the  option  to  scan  the  beam 
either  to  the  element  located  at  P420  (right  scan)  or  to  the  element  located  at  P2r  (left 
scan).  To  make  the  phase  errors  non-periodic  across  the  array  which  smears  out  the 
grating  lobes,  the  decision  to  scan  to  the  left  or  to  scan  to  the  right  at  each  subarary  is 
based  on  a  randomly  chosen  binary  string  of  length  M.  Details  of  a  simple  scheme  that 
chooses  the  “random  sequence”  shown  in  Figure  9a  are  discussed  in  Appendix  A.  In  this 
scheme,  a  ‘O’  in  the  mth  position  represents  a  left  scan  at  subarray  m  and  a  ‘  1  ’  represents  a 
right  scan.  With  random  scanning,  the  peak  grating  lobe  at  35°  scan  is  about  -30.2dB, 
which  is  significantly  lower  than  the  -24.6  dB  peak  grating  lobe  that  occurs  in  the  non- 
random  scanning  case  (not  shown)  with  random  sequence  =  “00. .  .0”. 

Figure  9c  shows  the  case  where  random  scanning  cannot  be  used.  When  the  incoming 
beam  is  focused  to  point  P45°,  there  is  only  one  element  next  to  the  focal  point  and  the 
only  possible  scan  angle  is  the  left  scan  to  the  element  at  42°.  Although  the  peak 
quantization  lobe  at  -32.7  dB  is  not  smeared  out  in  this  case,  it  is  still  very  low  since  the 
phase  scan  angle  is  only  3°. 
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Array  pattern  of  1024-elements  array  (32  lenses)  based  on  the  ML  architecture. 
ScanAngle=35°,  RandomSequence=001 1 1 0001 1 001 11011011111 000001 01 . 


Figure  9a.  Wideband  array  pattern  of  a  1024-element  array  based  on  the  Multi-Lens 
architecture.  The  ML  array  consists  of  32  subarray  lenses  which  are  scanned  to  different 
angles  over  a  2  GHz  bandwidth  centered  at  10  GHz.  The  scan  angles  (0  =  35°,  7°,  and 
45°)  were  chosen  to  illustrate  the  worst  cases  quantization  lobe  level. 
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ScanAngle=45°,  RandomSequence=00000000000000000000000000000000. 


Figure  9c.  Wideband  array  pattern  for  45°  degree  scan.  Random  sequence  equal  to 
“00. .  .0”  means  left  scan  at  all  subarrays. 


C.  Increasing  the  Size  of  an  ML  Array 

Because  the  ML  array  architecture  is  scalable,  an  existing  array  can  be  enlarged  by 
adding  more  lenses  to  the  array,  which  suggests  that  the  ML  array  architecture  may  be 
practical  for  large  space-borne  array  systems.  In  addition  to  increasing  the  array’s  size, 
adding  more  subarray  lenses  will  also  lower  the  peak  grating  lobes  due  to  the  reduction  in 
width  of  grating  lobes  and  the  random  phase  scanning  scheme,  which  smears  out  the 
grating  lobes  more  evenly.  To  demonstrate  this  aspect  of  the  ML  architecture,  the 
number  of  subarrays  in  Section  4B  is  doubled  from  32  to  64.  Even  though  the  size  of  the 
array  is  increased  from  512A  to  1024 A,,  the  depth  of  the  array  remains  unchanged  at 
11.5  X.  As  with  convention  subarray  architecture,  the  reduction  in  height  of  the  peak 
grating  lobe  occurs  with  increasing  numbers  of  subarrays.  However,  in  the  ML 
architecture,  the  combination  of  smeared  grating  lobes  that  result  from  random  phase 
scanning,  and  narrowed  grating  lobe  widths,  yield  significantly  better  array  patterns  as 
shown  in  Figure  10. 
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Array  pattern  of  2048-elements  array  (64  lenses)  based  on  the  ML  architecture. 
RandomSequence=1 1 1 1 00001 1101010011111111 0000000001 1 01 00001001 1 0001 111010101 01 00. 


Figure  10a.  Wideband  array  pattern  of  a  2048-element  array  based  on  the  Multi-Lens 
architecture.  The  ML  array  consists  of  64  subarray  lenses  which  are  scanned  to  different 
angles  over  a  2  GHz  bandwidth  centered  at  10  GHz. 

Array  pattern  of  2048-elements  array  (64  lenses)  based  on  the  ML  architecture. 
RandomSequence=0000000000000000000000000000000000000000000000000000000000000000. 


Figure  10b.  Wideband  array  pattern  for  45°  scan. 

D.  Phase  Quantization  and  Subarray  Tapering. 
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In  practice,  there  will  be  some  amplitude  tapering  across  the  subarray.  In  addition,  phase 
shifters  generate  only  a  finite  number  of  discrete  phase  states.  Using  4-bits  phase  shifters 
instead  of  ideal  phase  shifters  in  the  ML  array  of  Section  4B,  causes  the  maximum 
grating  lobe  to  rise  by  only  a  fraction  of  a  dB.  Although  phase  quantization  does  not 
have  a  significant  effect  on  the  maximum  grating  lobe  level,  subarray  tapering  will  cause 
grating  lobes  to  rise  modestly  with  respect  to  the  phase  quantization  case,  especially  in 
situations  where  random  scanning  cannot  be  used. 

It  is  widely  known  that  the  significant  effect  of  adding  cosine  tapering  to  a  subarray  is  a 
widening  of  the  subarray’s  beam  width  while  its  sidelobes  are  lowered.  The  elevated 
grating  lobes  in  a  tapered  subarray  system  are  caused  by  the  shifts  of  the  subarray  pattern 
nulls  away  from  the  ideal  locations  where  the  grating  lobes  appear.  Because  of  this 
misalignment,  the  subarray  nulls  are  only  able  to  partially  suppress  grating  lobes.  With 
greater  shifting  of  the  subarray  pattern  nulls,  more  misalignments  occur  and  even  higher 
grating  lobe  result. 

At  35°  scan,  the  peak  sidelobe  level  of  the  cosine  tapered  array  is  about  2.7  dB  higher 
than  the  peak  sidelobe  of  the  non-tapered  array  pattern,  as  shown  in  Figure  11a.  The 
general  sidelobes  of  the  tapered  array,  however,  are  slightly  lower  than  the  sidelobes  of 
the  non-tapered  array.  The  weights  that  were  applied  to  the  tapered  array  were  computed 
from 

cn  =  cos(xn), 

where 

Xn  =  -35,  -(35  +  70/31),  -(35  +  140/31),  ...,  35  degree. 

cn  is  the  weight  for  the  nth  element  of  the  subarray. 

The  same  random  sequence,  optimized  for  the  non-tapered  case,  was  used  for  both  the 
tapered  and  non-tapered  array.  When  optimized  random  sequences  were  used  with  both 
the  tapered  and  non-tapered  arrays,  the  peak  quantization  lobes  in  the  two  cases  are  about 
the  same.  However,  without  random  scanning,  the  quantization  lobes  of  the  tapered 
array,  shown  in  Figure  lib,  are  much  higher  than  those  of  the  non-tapered  array.  This 
example  demonstrates  another  feature  of  the  ML  architecture  with  random  scanning, 
which  is  not  only  able  to  smear  out  grating  lobes  due  to  periodic  phase  error  but  also  due 
to  periodic  amplitude  error.  The  amplitude  error  in  this  example  is  the  difference 
between  the  ideal  uniform  taper  and  the  cosine  taper. 
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Array  pattern  of  1024-elements  array  (32  lenses)  based  on  the  ML  architecture. 


ScanAngle=35°,  RandomSequence=001 110001 100111011011111 000001 01 . 


Figure  11a.  The  wideband  array  patterns  of  an  array  based  on  the  ML  architecture  for 
35°  scan.  The  solid  line  corresponds  to  the  ML  array  with  uniform  tapering  across  each 
subarray  and  the  dashed  line  corresponds  to  the  ML  array  with  tapered  subarrays. 


Array  pattern  of  1024-elements  array  (32  lenses)  based  on  the  ML  architecture. 
ScanAngle=45°,  RandomSequence=00000000000000000000000000000000. 


Figure  1  lb.  Wideband  array  pattern  for  45°  scan. 
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5.  CONCLUSION 


The  proposed  Multi-Lens  array  architecture  is  modular,  scalable  and  is  ideally  suited  for 
very  large  arrays  with  wideband  scanning  requirements.  Using  ideal  assumptions, 
(isotropic  radiator,  perfect  Rotman  lenses)  it  was  shown  that  the  quantization  lobes  of  the 
ML  array  are  much  lower  than  the  quantization  lobes  of  a  conventional  subarray 
architecture  since  the  ML  array  approximates  an  ideal  time  delay  network  having  time 
delays  at  the  subarray  level,  analog  time  delays  in  the  Rotman  lenses,  and  small  phase 
approximations  from  phase  shifters.  Not  only  are  the  phase  errors  of  the  ML  array  much 
smaller  than  the  phase  errors  of  the  conventional  subarray,  they  are  also  non-periodic, 
which  cause  the  grating  lobes  to  be  smeared  out.  To  completely  remove  the  phase  errors 
in  the  ML  architecture  and  to  perhaps  simplify  the  ML  design,  elements  on  surface  1 
should  be  spaced  closely  such  that  phase  scanning  is  not  required.  Although  phase 
shifters  can  be  removed  from  the  ML  architecture  in  this  case,  the  complexity  of  the  RF 
switching  network  must  be  increased  to  accommodate  for  the  increasing  number  of 
elements  on  surface  1 . 

Examples  that  take  into  account  phase  quantization  and  amplitude  tapering  were 
considered.  While  phase  quantization  does  not  have  a  significant  effect  on  the  array 
pattern,  the  rising  quantization  lobe  due  to  amplitude  tapering  can  be  smeared  out  using 
an  optimized  random  sequence.  Not  all  practical  aspects  of  the  multi-lens  array 
architecture  were  considered.  Among  the  important  and  practical  details  that  were 
omitted  are  the  locations  for  amplifiers  (LNA)  and  the  process  for  choosing  the  size  of 
array  and  the  size  of  the  lens.  Costs  will  dictate  the  locations  and  number  of  LNAs  and 
desired  gain,  array’s  size  and  volume  constraint  will  be  used  by  array  designers  to  choose 
size  and  the  number  of  the  lens  in  the  array. 

6.  APPENDIX 


A.  Choosing  a  Random  Sequence. 

For  the  ML  array  in  Section  4B  with  N  =  32  subarrays,  an  exhausted  search  for  the 
optimum  random  sequence  requires  the  evaluation  of  2N  scanning  sequences.  For  large 
N,  it  is  not  practical  to  find  the  peak  sidelobes  for  all  2N  different  phase  scan 
configurations  and  then  select  the  optimum  scan  sequence  that  has  the  lowest  sidelobe. 
Instead,  a  more  tractable  approach  is  to  consider  only  a  small  subset  of  the  2N  scan 
sequences.  A  distribution  of  the  peak  sidelobes  of  the  2N  scanning  sequences  is  first 
estimated  to  find  out  the  size,  K,  of  this  subset  and  how  the  lowest  sidelobe  from  the  K 
randomly  chosen  sequences  compared  with  the  sidelobe  of  the  globally  optimum  scan 
sequence.  The  histogram  shown  in  Figure  12  for  the  array  in  section  4B  is  computed 
from  4200  randomly  generated  scanning  sequences  with  the  probability  of  “left”  scan 
equal  to  the  probability  of  “right”  scan  at  each  subarray. 
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Histogram  of  Peak  Sidelobes  of  4200  Randomly  Generated  Scanning  Sequences 


(ScanAngle  =  35°) 


Peak  Sidelobes,  dB 

Figure  12.  Histogram  of  the  peak  sidelobes  of  the  ML  array  in  Section  4B  computed 
from  4200  random  scanning  sequences. 

From  the  histogram,  the  probability  of  getting  a  random  scan  sequence  with  sidelobes 
level  below  -31  dB  is  very  small.  However,  it  is  possible  to  obtain  a  sequence  with 
sidelobes  below  -30  dB  with  relatively  few  trials.  The  number  of  trials  that  will  be 
required  can  be  determined  by  first  estimating  the  probability,  Ps,  of  a  sequence  with 
sidelobes  below  -30  dB.  From  the  4200  randomly  generated  sequences,  a  total  of  264 
scanning  sequences  exist  which  have  sidelobes  below  -30  dB.  The  rough  estimate  of  Ps 
is  264/4200  =  0.0629  (99%  margin  error  =  ±2%)  and  the  estimated  probability  of  having 
sidelobes  greater  than  -30  dB  is, 


Pf=  1  -Ps  =  0.937. 


Assuming  that  the  probability  of  success,  Ps,  is  known,  the  number  of  trials,  K,  required 
to  guarantee  a  desired  probability,  Pd,  of  having  at  least  one  success  or  having  at  least  one 
scanning  sequence  with  sidelobes  below  -30  dB  must  be  determined.  For  independent 
trials  and  Pd  =  0.99,  K  can  be  computed  from 

0.99  =  1-  PfK. 


For  Pf  =  0.937,  there  is  a  99%  chance  that  from  the  K  =  71  randomly  generated  sequence 
that  at  least  one  random  scanning  sequence  will  have  peak  sidelobe  below  -30  dB. 

B.  Choosing  Random  Sequences  For  a  Range  of  Scan  Angles. 
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Peak  Sidelobes  for  4  Scanning  Sequences  For  Use  at  Different  Scan  Angle 


Scan  Angle,  degree 

Figure  13.  Peak  sidelobes  of  an  ML  array  scanned  to  different  angles  using  a  random 
sequence  that  was  designed  for  any  specific  angle. 

Although  a  random  scanning  sequence  is  chosen  for  a  specific  scan  angle,  it  can  be  used 
for  scan  angles  that  are  near  the  optimized  angle.  For  example,  in  Figure  13,  the  scan 
sequence  (“SeqScan35”)  which  was  chosen  for  a  35°  scan  can  be  used  for  scan  angles 
ranging  from  31°  to  35°  and  the  resulting  sidelobe  level  will  still  be  below  -30  dB.  Two 
pre-computed  random  sequences  are  needed  to  cover  28  to  42  degrees  scan  for  the  array 
in  Section  4B  since  different  scan  regions  require  different  random  sequences. 
SeqScan35  is  used  for  32  to  35  degrees  scanning  and  SeqScan39  is  used  for  36  to  40 
degree  scanning.  For  scan  angles  ranging  from  28  to  31  degrees,  a  left  scan  to  the 
element  at  28°  is  used  at  each  subarray  and  a  right  scan  to  the  element  at  42°  is  always 
used  for  scan  angle  from  40  to  42  degrees. 
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Abstract:  A  rectangular  coaxial  line  (RCL)  fed  cavity  backed  patch  antenna  element 
for  a  Ka-band  phased  array  at  36GHz  is  presented  in  this  paper.  The  antenna  is 
fabricated  by  a  sequential  microfabrication  surface  micromachining  process 
(PolyStrata™  process)  with  ten  structural  layers.  Multiple  beams  are  obtained  by  a 
Butler  matrix  beam  forming  network  built  from  50Q  RCLs  and  integrated  on  the 
same  wafer  with  antenna  elements.  The  unit  cell  of  the  array  is  a  rectangular  patch 
backed  with  a  700pm  tall,  3.64  x  3.64mm2  footprint,  air-filled  cavity.  The  patch  is 
2.77mm  long  and  2.15mm  wide  and  has  two  slits  for  impedance  matching  and  eight 
holes  for  releasing  the  sacrificial  photoresist.  It  is  supported  by  two  metal  posts  and 
firm  attachment  with  the  feeding  coax.  Individual  antenna  elements  have  measured 
impedance  bandwidth  of  about  4.1%  around  36GHz,  with  simulated  gain  and 
radiation  efficiency  of  about  5.7dBi  and  95%,  respectively.  Due  to  the  metallic  posts, 
the  second  band  appears  at  28GHz,  and  it  is  characterized  with  about  5.1% 
measured  bandwidth.  However  the  radiation  pattern  resembles  that  of  a  monopole. 
Modeling,  analysis  and  design  are  conducted  with  the  finite  element  code  Ansoft 
HFSS  and  good  agreement  with  measurements  is  demonstrated. 


1.  Introduction 

Intense  developments  of  radio-frequency  micro-electromechanical  systems  (RF  MEMS) 
components  over  the  past  decade  (for  broader  review  see  [1])  have  contributed  to  the 
development  of  enabling  fabrication  technologies  for  future,  high-performance  millimeter 
and  sub-millimeter  electromagnetic  systems.  Among  these,  special  place  belongs  to  the 
techniques  aimed  at  building  p-coaxial  lines  and  related  components  [2-6].  Though 
circular  coaxial  lines  are  desired  (lowest  loss),  the  micromachining  fabrication  is  limited 
to  the  manufacturing  of  rectangular  coaxial  lines  (RCLs).  Low  loss,  wide  single  TEM  and 
non-dispersive  mode  bandwidth,  high  turn  ratios,  possibilities  for  seamless  single/multi¬ 
level  integration  with  other  passive  and  active  components  are  just  a  few  appealing 
properties  associated  with  RCLs.  In  this  paper  we  demonstrate  a  Ka-band  antenna 
integrated  with  a  p-coaxial  feed  and  aimed  for  the  full  passive  integration  with  a  Butler 
matrix  beam-forming  network  and  4x4  phase  array  demonstration.  To  the  best  of  our 
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knowledge,  this  is  the  first  demonstration  of  an  antenna/RCL  configuration  built  using 
reported  micro-fabrication  techniques. 

A  number  of  surface  micromachined  patch  antennas  have  been  demonstrated  in  the  past. 
In  [7],  Q-band  micro-patch  antennas  were  implemented  on  high  resistivity  silicon 
substrate  using  the  surface  micromachining  technology  composed  of  conventional  thick 
photoresist  lithography  and  copper  metal  plating  process.  An  air-filled  elevated 
microstrip  antenna  resonating  at  25GHz  based  on  surface  micromachining  technology  is 
fabricated  and  characterized  in  [8].  The  fabrication  process  used  is  a  combination  of  the 
epoxy-core  conductor  technique,  laser  machining  and  electroplating  bonding.  The  patch 
is  fed  by  a  vertical  epoxy-core  metal-coated  micromachined  probe  and  supported  by 
several  posts.  In  [9],  a  60GHz  2x1  patch  array  antenna  is  designed  and  fabricated  using 
micromachining  technology  fully  compatible  with  commercial  CMOS  process.  The 
antenna  is  supported  with  a  feeding  post  and  two  additional  supporting  metal  posts 
located  at  the  virtual  ground  of  the  patch.  Antenna  elements  separated  by  0.8A,  are  fed  by 
a  corporate  CPW  based  network. 

In  this  paper,  we  demonstrate  an  all  copper,  air-cavity  backed  patch  antenna  designed  for 
36GHz  operation  within  a  4x4  phased  array.  The  patch  is  supported  by  two  metallic 
posts,  which  along  with  the  pulled-up  cavity  walls  contribute  to  the  emergence  of  another 
band  at  28GHz.  Interestingly,  the  lower  band  characteristics  resemble  the  performance  of 
a  monopole,  while  in  the  higher  band  antenna  performs  as  a  cavity  backed  patch.  The 
antenna  is  built  using  a  sequential  micro-fabrication  technique,  i.e.  the  PolyStrata™ 
process  [10]  developed  by  Rohm  and  Haas  (see  Fig.  1). 


Photoresist 
Polymer «— — 
Copper  v/////////////a 

Silicon 


Figure  1.  Simplified  sketch  of  the  steps  undertaken  in  the  sequential  building  process 
(left  to  right,  top  to  bottom).  The  end  result  is  a  non-uniform  air-polymer  recta-coax 
comprised  of  5  structural  layers  (extension  to  10  layers  is  obvious). 
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As  seen,  the  five  level  recta-coax  structures  are  built  up  layer  by  layer  by  depositing  a 
uniform  copper  stratum  (layer  1),  and  sequence  of  strata  comprised  of  photo-resist  and 
copper  (layers  2,  4,  and  5).  For  this  5-layer  process,  the  polymer  support  is  a  part  of  the 
3rd  layer.  Once  the  structure  is  built,  the  resist  is  drained  through  the  holes  in  the  top  and 
side  walls.  These  openings  are  referred  to  as  release  holes.  A  single  reticle  of  a  6”  wafer 
built  using  the  same  process,  however  with  10  strata,  is  shown  Fig.  2.  Three  prototypes  of 
the  designed  antenna  with  the  launch  are  in  the  top  right  comer. 


Figure  2.  A  single  reticle  on  a  fabricated  6”  wafer.  Antennas  are  in  the  top  right  comer. 

The  paper  is  organized  as  follows.  The  designed  antenna  along  with  the  parameters  that 
define  its  structure  are  described  in  Section  2.  In  Section  3,  a  set  of  Ansoft’s  HFSS  [17] 
based  computational  studies  aimed  to  demonstrating  effects  of  various  parameters  on  the 
dual-band  performance  is  provided.  Measurements  on  the  realized  antenna,  along  with 
the  computed  far-fields  are  given  in  Section  4,  while  a  brief  description  of  the  4x4  phase 
array  demonstration  is  given  in  Section  5. 

2.  Antenna  Description 

Structure  and  dimensional  parameters  of  the  proposed  cavity  backed  patch  antenna  are 
shown  in  Fig.  3.  Sacrificial  photoresist  is  removed  from  the  cavity  through  release  holes 
in  its  walls  and  in  the  patch.  There  are  8  release  holes  on  the  patch,  and  a  total  of  34  holes 
in  the  pulled-up  cavity  walls. 
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Benefits  of  using  a  cavity  backing  for  the  patch  antennas  are  explained  in  the  details  of 
[12],  along  with  a  comprehensive  list  of  references.  The  following  advantages  of  cavity 
backed  patch  antennas  are  of  interest  for  our  antenna  design.  In  a  phased  array  antenna, 
cavities  can  prevent  scan  blindness,  yield  less  coupling  and  improve  good  matching  over 
wider  scan  angles.  Furthermore,  a  patch  antenna  in  a  cavity  enclosure  can  improve  the 
radiation  near  and  beyond  the  horizon;  thus,  a  truly  omnidirectional  radiation  pattern  can 
be  achieved.  Another  important  feature  of  the  proposed  patch  antenna  is  the  incorporation 
of  the  two  slits  in  the  design.  These  slits  are  2350pm  long,  195pm  wide  and  offset 
390pm  from  the  antenna  symmetry  plane  (x-z  plane).  They  are  utilized  to  achieve  good 
50Q  impedance  matching  with  the  feeding  rectangular  coaxial  line.  Detailed  description 
of  the  effects  obtained  with  this  modification  of  the  patch  will  be  demonstrated  in  the 
next  section. 

It  is  important  to  note  that  the  patch  antennas  with  slits  are  commonly  referred  in 
literature  as  E-shaped  patches  [13-15].  They  are  typically  used  to  achieve  either  wide¬ 
band  (broadband)  or  dual-band  operation.  As  an  antenna  given  in  [9],  proposed  patch  is 
supported  with  a  feeding  post  (extension  of  the  inner  conductor  of  the  feeding  RCL)  and 
two  additional  supporting  metal  posts  located  on  the  plane  with  zero  E-field  (virtual 
ground  of  the  patch).  Thus,  these  supporting  posts  do  not  affect  the  electric  performance 
of  the  antenna  at  the  design  frequency  of  36GHz.  However,  due  to  their  presence,  the 
second  band  with  good  impedance  match  appears  at  about  28GHz.  This  will  also  be 
demonstrated  in  the  following  sections.  The  inner  and  outer  conductors  of  the  50Q 
feeding  RCL  have  dimensions  of  139x100  and  300x300pm2,  respectively.  All  vertical 
walls  are  70pm  thick.  The  remaining  dimensions  are  given  in  the  figure.  A  half  of  the 
antenna  geometry  is  redrawn  in  Fig.  3b  together  with  the  launch  used  for  landing  the 
CPW  probes  during  measurements  of  single  antenna  electric  parameters. 


3,  Parametric  Studies 

Several  structural  parameters  are  important  for  the  performance  of  antenna  shown  in  Fig. 
3.  In  this  section,  the  return  loss  variation  as  a  function  of  following  parameters  is 
studied:  slit  length  (Ls),  slit  width  (ws),  slit  position  (offset)  with  respect  to  the  antenna 
symmetry  plane  (ps),  width  of  the  gap  between  the  patch  and  the  cavity  top  walls  (g)  and 
patch  length  (L).  Antenna  without  release  holes  with  dimensions  given  in  Fig.  3  is 
denoted  as  reference  antenna.  Antenna  with  the  same  dimensions  but  having  release  holes 
(as  shown  in  Fig.  3)  is  Antennal.  Remaining  radiators,  as  listed  in  the  first  column  of 
Table  1,  have  no  release  holes  and  all  dimensions  the  same  as  reference  antenna,  except 
for  one  “unique”  dimension  which  value  is  listed  in  the  second  column.  The  launch 
(shown  in  Fig.  3b)  has  not  been  included  in  these  studies,  however,  its  effects  are 
considered  in  the  following  section. 


459 


Table  1  Simulated  dual-frequency  performance  of  the  antenna  shown  in  Figure  3 


fi(GHz),  BW(GHz,%) 

f2(GHz),  BW(GHz,%) 

Reference 

none 

28.20,  1.23,  4.36 

36.10,  0.90,  2.49 

Antennal 

release  holes 

28.05,  1.20,  4.28 

35.80,  0.93,  2.60 

Antenna2A 

Ls=2232.5  pm 

28.15,  1.25,  4.44 

36.75,  0.75,  2.04 

Antenna2B 

Ls=2467.5  pm 

28.20,  1.20,  4.26 

35.50,  0.70,  1.97 

Antenna3A 

ws=300  pm 

28.00,  1.15,  4.11 

36.55,  0.90,  2.46 

Antenna3B 

ws=100  pm 

28.40,  1.25,  4.40 

35.55,  0.75,  2.11 

Antenna4A 

ps=440  pm 

28.40,  1.35,  4.75 

36.05,  0.75,  2.08 

Antenna4B 

ps=340  pm 

27.95,  1.05,  3.76 

36.20,  0.92,  2.54 

Antenna5A 

g=300  pm 

29.00,  1.28,  4.41 

36.00,  0.96,  2.67 

Antenna5B 

g=l  50  pm 

26.50,  0.80,  3.02 

36.25,  0.85,  2.34 

Antenna6A 

L=2870  pm 

27.65,  1.17,  4.23 

35.05,  0.81,  2.30 

Antenna6B 

L=2670  pm 

28.70,  1.25,  4.36 

37.20,  0.99,  2.66 

+Antenna  parameters  are  given  in  Figure  1  except  for  the  “unique  dimension14  specified  in 
the  table.  The  launch  is  not  included  in  the  simulations. 


The  first  dimensional  parameter  to  be  studied  is  the  slit  length  Ls  (Ls=2232.5pm  for 
Antenna2A  and  Ls=2467.5  pm  for  Antenna2b;  note  that  these  two  values  for  Ls  are  equal 
to  0.95Lso  and  1.05Lso,  respectively,  where  Ls0=2350pm  for  the  reference  antenna). 
Simulated  return  loss  versus  frequency  as  well  as  complex  reflection  coefficient  shown 
on  the  Smith  chart,  are  given  in  Figure  4.  Also  shown  are  the  results  for  Antennal  (the 
only  one  with  release  holes). 
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(b) 


Figure  4.  Simulated  (a)  |Sn|  and  (b)  Sn  shown  on  the  Smith  chart  for  Antennal  (with 
release  holes),  Antenna2A  (Ls=2232.5  pm)  and  Antenna2B  (Ls=2467.5  (am)  studied  in 
Table  1.  The  solid  lines  are  for  the  reference  antenna  (Ls=2350.0  (am). 

The  results  for  the  two  resonant  frequencies  and  their  corresponding  return  loss  better 
than  lOdB  bandwidths,  along  with  the  results  for  all  other  studies  of  this  section,  are 
summarized  in  Table  1.  It  is  noticed  that  the  second  resonance  frequency  f2  for  the 
Antennal  is  35.8  GHz,  slightly  smaller  than  36.1GHz  for  the  reference  antenna.  The 
traces  of  Sn  on  the  Smith  chart  for  the  two  antennas  (Antennal  and  reference)  are  very 
close  to  each  other.  To  reduce  computational  time  the  holes  are  excluded  from  further 
studies  reported  in  this  section.  Their  effect  on  the  antenna  performance  (for  example  on 
f2)  can  be  easily  compensated  for  in  the  final  design  by  fine  tuning  some  of  the 
parameters  studied  here.  It  is  obvious  from  Fig.  4  that  Ls  can  be  effectively  used  to  tune  f2 
of  the  antenna,  while  the  first  resonant  frequency  fi  remains  almost  unaffected  by  this 
parameter. 

The  next  two  studied  parameters  are  slit  width  ws  (Antenna3A:  ws=300pm,  Antenna3B: 
ws=  100pm,  Reference:  ws=  195  pm),  and  slit  position  ps  (Antenna4A:  ps=440pm, 
Antenna4B:  ps=340pm,  Reference:  ps=390pm).  The  results  are  shown  in  Figs.  5-7.  The 
input  impedance  shown  in  Fig.  7  is  de-embedded  to  the  plane  100pm  underneath  the 
patch  (at  the  end  of  the  feeding  RCL).  It  is  observed  that  studied  parameters  ws  and  ps 
affect  both  frequencies  (f  and  f2),  and  thus  can  be  used  for  their  tuning.  Note  also  that  for 
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the  studied  ranges  of  two  parameters,  the  changes  in  £2  are  significantly  larger  for  ws 
while  variation  of  fi  is  about  the  same.  As  seen  in  Fig.  7,  larger  variations  of  the  antenna 
resistance  (R)  and  reactance  (X)  are  observed  for  larger  values  of  ps. 


frequency  [GHz] 

Figure  5.  Simulated  |Sn|  against  frequency  for  Antenna3A  (ws=300  pm)  and  Antenna3B 
(ws=T00  pm)  studied  in  Table  1.  The  solid  line  is  for  the  reference  antenna  (ws=195  pm). 


frequency  [GHz] 

Figure  6.  Simulated  |Sn|  against  frequency  for  Antenna4A  (ps=440  pm)  and  Antenna4B 
(ps=340  pm)  studied  in  Table  1.  The  solid  line  is  for  the  reference  antenna  (ps=390  pm). 
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frequency  [GHz] 

Figure  7.  Simulated  Re{Zm}  and  Im{Zjn}  against  frequency  for  Antenna4A  (ps=440  jam) 
and  Antenna4B  (ps=340  pm)  studied  in  Table  1.  The  solid  line  is  for  the  reference 
antenna  (ps=390  pm). 

Finally,  the  last  two  studied  parameters  are  the  gap  between  the  patch  and  the  cavity  top 
walls  g  (Antenna5A:  g=300pm,  Antenna5B:  g=150pm,  Reference:  g=235pm)  and  patch 
length  L  (Antenna6A:  L=2870pm,  Antenna6B:  L=2670pm,  Reference:  L=2770pm).  The 
feeding  point  is  maintained  at  the  radiating  edge  of  the  patch  for  all  three  studied  values 
of  L.  Effects  on  the  return  loss  are  depicted  in  Figs.  8  and  9.  It  is  observed  that  fi  is 
almost  unaffected  by  g,  while  fi  is  very  sensitive  to  this  parameter  value.  Results  of  Fig.  9 
demonstrate  a  well  known  fact  that  the  longer  patches  have  smaller  resonant  frequency 
(f 2  is  decreased  when  L  is  increased).  Note  the  same  trends  for  fr  and  f2  (they  both 
decrease  when  L  is  increased)  while  these  trends  were  opposite  for  the  other  parameters 
studied  above. 


463 


Figure  8.  Simulated  |Sn|  against  frequency  for  Antenna5A  (g=300  qm)  and  Antenna5B 
(g=150  |um)  studied  in  Table  1.  The  solid  line  is  for  the  reference  antenna  (g=235  pm). 


frequency  [GHz] 

Figure  9.  Simulated  |Sn|  against  frequency  for  Antenna6A  (L=2870  pm)  and  Antenna6B 
(L=2670  pm)  studied  in  Table  1.  The  solid  line  is  for  the  reference  antenna  (L=2770 
tun). 


4.  Performance  of  the  Fabricated  Antenna 


Antenna  described  in  sections  2  and  3  is  fabricated  using  the  PolyStrata™  [10]  process. 
Comparison  of  measured  and  simulated  return  loss  against  frequency  is  shown  in  Fig.  10. 
As  seen,  the  agreement  is  quite  good.  The  measured  and  simulated  results  for  resonance 
frequencies  fi  and  f2  and  corresponding  -10  dB  bandwidths  are  summarized  in  Table  2. 


frequency  [GHz] 

Figure  10.  Measured  and  simulated  |Sn|  against  frequency  for  the  fabricated  antenna 
with  the  launch  shown  in  Figure  3b. 

Table  2  Comparison  of  measured  and  simulated  dual-frequency  performance  of  the 
antenna  with  the  launch  shown  in  Figure  3b. 


fi(GHz),  BW(GHz,%) 

f2(GHz),  BW(GHz,%) 

Measured 

Simulated 

27.5,  1.40,  5.1 

28.1,  1.25,  4.4 

36.1,  1.50,  4.1 

35.9,  1.00,  2.8 

Simulated  E-plane  (x-z  plane)  and  H-plane  (y-z)  radiation  patterns  at  two  frequencies  f2 
and  fi  for  Antennal  studied  in  Table  1  are  shown  in  Figs.  1 1  and  12,  respectively.  The 
antenna  is  simulated  above  an  infinite  ground  plane,  thus  there  is  no  radiation  into  the 
lower  half  space  (for  0<-9O  0  and  0>9O°).  Maximum  gains  at  frequencies  f2  and  fi  are 
5.7dBi  (at  broadside)  and  5.1dBi  (at  the  horizon),  respectively.  Simulated  E-plane  cross¬ 
polarization  radiations  are  negligible  at  f2.  In  the  FI-plane,  the  cross-polarization  levels 
are  below  -15dB.  The  monopole  like  radiation  pattern  at  fi  is  due  to  the  currents  flowing 
onto  the  supporting  metal  posts. 
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Figure  11.  Simulated  E-plane  (x-z  plane)  and  H-plane  (y-z)  radiation  patterns  at 
resonance  f2  for  Antennal  studied  in  Table  1.  Gain=5.7  dBi. 


Figure  12.  Simulated  E-plane  (x-z  plane)  and  H-plane  (y-z)  radiation  patterns  at 
resonance  fi  for  Antennal  studied  in  Table  1.  Gain=5.1  dBi. 

5.  Phased  Array 

The  designed  antenna  is  aimed  to  be  a  radiator  for  the  4x4  phased  array  operating  at 
36GHz.  The  array  topology  along  with  the  RCL  feeding  network  is  shown  in  Fig.  13.  Not 
shown  in  the  figure  is  the  RCL  based  16x16  Butler  matrix  built  with  the  two  coaxial 
layers,  total  of  8  smaller  4x4  Butler  matrices  connected  through  the  interconnecting  and 
phase  correction  networks.  The  beam-forming  of  16  independent  beams,  shown  in  Fig. 
13b)  imposes  additional  requirements  on  the  antenna  design.  Specifically,  it  is  desired 
that  the  radiation  pattern  in  E-  and  H-planes  be  very  similar.  This  minimizes  the 
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6.  Summary 


A  surface  micromachined  cavity  backed  patch  antenna  operating  at  36GHz  is 
demonstrated  in  this  work.  The  antenna  is  designed  for  integration  with  a  recta-coax 
based  16x16  Butler  matrix  and  subsequent  phased  array  demonstration.  Due  to  the 
requirements  imposed  by  the  PolyStrata™  surface  micromachining  process,  the  patch  is 
fed  by  a  recta-coax  probe  and  it  is  supported  by  two  metallic  posts.  The  cavity  is  air 
filled,  and  several  openings  are  integrated  with  the  antenna  to  allow  the  release  of 
sacrificial  material.  The  whole  structure  is  build  from  ten  layers  having  overall  height 
above  the  silicon  of  about  760pm.  About  3%  bandwidth  (return  loss  better  than  lOdB)  is 
measured,  and  excellent  agreement  with  HFSS  simulations  verifies  that  the  radiation 
pattern  will  be  symmetric  in  both  planes,  with  efficiency  above  95%,  low  cross¬ 
polarization,  and  gain  around  6dBi.  Owing  to  the  metallic  supports  and  pulled-up  cavity 
walls,  a  second  band  around  28GHz  is  also  demonstrated.  A  monopole  like  pattern  with 
excellent  symmetry  and  cross-polarization  for  up  to  30°  above  the  ground,  gain  of  about 
5dBi  and  about  5%  return  loss  bandwidth  is  obtained.  Although  lower  frequency  band  is 
not  aimed  for  the  phased  array,  the  detailed  parametric  study  of  the  antenna  for  both 
bands  is  conducted  and  interesting  findings  are  reported. 
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ABSTRACT 

An  advanced  Aircraft  Antenna  Interface  Adapter  (AAIA)-Conformal  Coupler  [1] 
concept  was  designed  and  developed  to  facilitate  testing  of  aircraft  electronic 
warfare  (EW)  antenna  systems.  This  new  concept  eliminates  the  use  of  expensive, 
hard-to-handle  antenna  couplers  (such  as  the  ones  with  USM-464  systems)  that 
require  removal  of  aircraft  radomes.  The  AAIA-Conformal  Coupler  design 
integrates  near  field  EM  analysis  and  testing  methods  along  with  conformal  antenna 
materials  technology  to  provide  a  lightweight,  flexible  and  easy-to-use  antenna 
coupler  design  approach.  The  feasibility  of  the  AAIA-Conformal  Coupler  concept 
has  been  demonstrated  and  tested  for  the  electronic  warfare  (EW)  antennas  on  C- 
130  Combat  Talon  II,  ALQ-172  systems.  The  AAIA  concept  includes  radome 
“boots,”  near  field  probes  and  reticulated  radio  frequency  (RF)  absorbing  materials 
with  Unishield®  conductive  coatings.  The  overall  EM  design  of  the  AAIA- 
Conformal  Coupler  includes  accurate  positioning  of  the  system  in  the  near  field  of 
the  aircraft  antennas.  The  AAIA-Conformal  Coupler  exhibits  absorption  and 
shielding  characteristics  that  reduces  RF  emissions  on  the  flight  line  significantly 
below  the  permissible  exposure  levels  (PEL)  for  antenna  (EW)  test  operations.  The 
AAIA  design  enables  rapid  checkout  testing  procedures  with  physical 
characteristics  to  withstand  extreme  environmental  flight  line  conditions. 

(1)  Introduction 

The  design  concept  of  Aircraft  Antenna  Interface  Adapters  (AAIA)  enables  maintenance 
personnel  the  capability  to  quantify  and  test  aircraft  RF  antenna  systems  without 
removing  aircraft  components.  The  capability  to  provide  accurate,  quantitative,  insitu 
radio  frequency  measurements  will  directly  benefit  the  U.  S.  Air  Force  Special 
Operations  Forces  on  Combat  Talon  and  Gunship  aircraft,  and  the  Air  Combat  Command 
on  the  bomber  fleets.  The  AAIA  design  concept  exhibits  flexible  and  lightweight 
conformal  couplers  that  will  support  CTS/USM-464  testing  through  its  projected  life  of 
2042. 

Currently,  the  AN/USM-464  countermeasures  test  set  (CTS)  provides  end-to-end  testing 
of  aircraft  antennas  that  are  used  for  countermeasures  systems,  radar  homing  and  warning 
systems,  and  integrated  power-management  systems.  The  C-130  Combat  Talon  II  aircraft 
with  EW  antenna  locations  are  shown  in  Figure  1  which  includes  forward  and  rear  sector 
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coverage  antennas  and  omni  receive  from  both  forward  and  rear  locations  on  the  aircraft. 
As  shown  in  Figure  2,  CTS  procedures  require  attaching  antenna  couplers  to  the  aircraft 
antennas  and  this  procedure  requires  removal  of  aircraft  radomes  at  all  antenna  locations 
except  for  the  aft  sector  coverage  antennas. 


Figure  1  -  C- 130  Combat  Talon  II  Aircraft  showing  antenna  systems  used  for 
countermeasures. 

Current  antenna  couplers  for  CTS  testing  are  designed  to  attenuate,  inject,  and  receive 
signals  from  the  aircraft  antennas  during  the  various  EW  test  procedures.  The  rear  (aft) 
sector  coverage  antennas  are  flush  mounted  to  the  electronic  enclosures  as  shown  (in 
Figure  2).  In  this  installation,  the  antenna  couplers  are  attached  directly  to  the  antenna 
surfaces  as  shown.  Even  though  the  primary  goal  for  all  CTS  testing  is  to  provide 
efficient  tools  to  accomplish  all  flight  line  testing,  this  process  can  take  as  many  as  36 
hours  to  perform. 

The  Aircraft  Antenna  Interface  Adapters  (AAIA)-Conformal  Couplers  will  enable 
maintenance  personnel  the  capability  to  quantify  and  test  aircraft  RF  antenna  systems 
without  removing  aircraft  components.  Therefore,  the  design  and  development  of  the 
AALA  will  enhance  test  operations  using  the  AN/USM-464  countermeasures  test  set. 
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Couplers  attached  directly  to 
Aft  Sector  Coverage  Antennas 


Figure  2  -  Current  test  methods  for  USM-464  showing  removal  of  aircraft  radome  and 
components  for  EW  tests. 


The  currently  fielded  antenna  couplers  are  designed  for  specific  antenna  locations  on  the 
aircraft  and  those  designations  are  listed  in  Table  I.  Also  listed  are  the  three  antenna 
(fielded)  couplers  that  were  provided  to  AEM  in  support  the  design  and  development  of 
the  AAIA-Conformal  Coupler  concept _ 

Forward  Antenna 
Locations 


Table-I  Coupler  designations  for  Combat  Talon  II  Aircraft  antenna  locations. 

(2)  Notional  AAIA  Design  Approach 

In  order  to  conduct  AAIA  engineering  designs,  the  EM  characteristics  of  the  aircraft 
(EW)  antennas  and  the  antenna  coupler  for  the  specific  antenna  locations,  had  to  be 
determine.  Supporting  documents  were  obtained  from  Warner  Robins  AFB  as  well  as 
access  to  typical  antennas  and  couplers  for  the  USM-464.  Specifications  such  as 
frequency  range,  polarizations,  power  levels,  isolation,  and  repeatability  were  considered 
within  the  limits  of  classification. 


Top  OMNI  Receive 
Antenna 


Rear  OMNI  Receive 
Antenna 

Forward  Sector  Antenna 

Forward  Sector  Antenna 

(AL) 

(AL) 

Back  Sector  Antenna 

Back  Sector  Antenna 

<BL) 

(BL) 

Center  Sector  Antenna 

Center  Sector  Antenna 

(CL) 

(CL) 

4 ft  Antenna  Locations 


Air  Force 
FieldedCouplers 
Number 

#1 

(Tested  by  AEM) 
#10 

#2 

(Tested  by  AEM) 
#4 


#6 

(Tested  by  AEM) 
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Notional  design  approaches  for  the  AAIA  were  developed  and  reviewed  with  the  Air 
Force  and  one  of  these  approaches  is  shown  in  Figure  3.  The  basic  concept  consists  of  a 
radome  “glove”  that  conforms  to  the  shape  and  dimensions  of  the  aircraft  radome.  The 
dimensions  of  the  aircraft  radomes  were  obtained  from  Air  Force  drawings  and  CAD 
mechanical  drawings  were  used  to  fabricate  radome  mockups  for  AAIA  development.  A 
“blanket”  of  absorber  is  a  major  component  of  the  AAIA  design  and  is  encapsulated  by 
the  AAIA  envelope  materials.  The  absorber  materials  are  designed  to  provide  EMI 
shielding  and  satisfy  permissible  emission  standards  for  flight  line  personnel.  The  near 
field  probes  of  the  AAIA  are  integrated  into  the  radome  “glove”  and  properly  positioned 
near  the  respective  aircraft  antenna.  Silver  laminated  nylon,  water  proof  materials  could 
be  provided  for  “blanket”  materials  and  would  be  “breathable”  and  flexible.  The  AAIA 
must  be  capable  of  withstanding  flight  line  operations  and  extreme  environments. 


Recognizing  the  main  issues  regarding  RF  absorber  designs,  the  overall  thickness  of  a 
multi-layer  configuration  is  dependent  upon  the  frequency  range,  size  of  the  test  antenna 
maximum  radiated  power  levels,  and  test  locations  on  the  aircraft.  Optimizing  the  design 
of  the  absorber  “blanket”  materials  and  the  shielding  characteristics  of  conductive  the 
coatings,  the  RF  leakage  and  signal  radiation  levels  are  reduced  significantly. 

Notional  Design  Concept  for  Aircraft  Antenna  Interface  Adapter 
Conformal  Coupler 


Form-Fitting  Shell  Positioned  over  Antenna  Radome 


Antenna  Probes  - 
Quad-Ridged  Hem 
Antennas  atiaehe  d  to 


In  absorber  slitli 
Over  radome. 


j  Shielded- Absorber  Blanket 
-Silver  laminated  avion 
material 

•Water  repellantf UV  protection 
■  Inner  Absotber  Lining 
-  BreatliaWe/llodble 


Figure  3  -  AAIA  design  concept  using  shell  cover  over  aircraft  radome  and  anechoic 
material  blanket  to  absorb  and  shield  radiation. 


An  important  feature  of  the  AAIA  design  approach  includes  the  use  of  Unitech’s  patented 
Unishield®  conductive  material  coatings  technology.  The  AAIA  design  features  provide 
a  conformal  near-field  anechoic-type  covering  that  is  used  without  removing  aircraft 
components  associated  with  the  antenna  system  such  as  radomes,  cables,  etc.  The  AAIA 
will  be  a  man-portable,  state-of-the-art,  covering  that  will  “conform”  to  the  aircraft 
surface,  wing  glove,  nose  radome,  or  section  of  the  aircraft.  The  success  of  the  AAIA- 
Conformal  Coupler  design  provides  an  opportunity  for  a  complete  ‘overhaul’  of  the 
antenna  test  procedures  for  EW  aircraft,  but  the  AAIA  EM  performance  must  always  be 


equal  to  or  better  than  the  currently  fielded  CTS  antenna  couplers.  To  demonstrate  the 
AAIA  design  concept,  two  antenna  positions  for  the  C-130  Combat  Talon  II  aircraft  were 
selected  for  development  -  the  forward  sector  coverage  antenna  system  and  the  top 
omni  receive  antenna.  Both  of  these  antenna  locations  require  removal  of  the  radome,  so 
the  notional  AAIA  design  approaches  were  directly  applicable  and  beneficial  for  the 
associated  test  procedures. 

(3)  Near  Field  EM  Performance  of  Sector  Coverage  and  Top 
OMNI  Receive  Antennas  for  the  C-130  Combat  Talon  II  Aircraft 

Before  the  design  of  the  AAIA  could  be  initiated,  it  was  necessary  to  understand  the  EM 
performance  of  the  aircraft  antennas  as  well  as  the  fielded  antenna  couplers  used  during 
CTS  testing.  Since  the  AAIA  concept  must  operate  in  the  near  field  environment  of  the 
aircraft  antennas,  the  near  field  performance  of  each  of  the  selected  antenna  systems  had 
to  be  characterized.  EM  simulations  were  also  conducted  which  provided  valuable  inputs 
in  planning  the  experimental  near  field  tests  on  the  selected  aircraft  antennas. 

Near  Field  Performance  of  Forward  Sector  Coverage  Antennas 

EM  simulations  (using  FEKO)  were  conducted  on  the  forward  sector  antennas  that  are 
positioned  over  a  ground  plane,  and  the  orientations  of  the  antennas  (over  the  fuselage) 
were  simulated  using  a  ground  plane  configuration.  The  FEKO  software  provides  the 
capability  to  analyze  the  near  field  in  any  of  the  three  coordinate  systems  -  planar, 
cylindrical  and  spherical.  The  EM  analysis  results  established  the  parameters  for  planar 
near  field  tests  that  were  conducted  to  verify  EM  predictions  for  AAIA  designs.  The 
radiation  patterns  of  two  (aircraft)  hom  antennas  were  measured  and  to  simulate  fuselage 
effects  on  the  radiation  pattern  of  the  antennas.  The  experimental  antenna  is  shown  in 
Figure  4  along  with  photographs  of  the  setup  at  VTAG.  The  assembly  consisted  of  a 
trapezoidal  ground  plane  with  provisions  for  tilting  each  hom  antenna. 


Figure  4  -  Ground  plane  configuration  for  testing  the  aircraft  EW  antennas  to  determine 
near  field  effects. 


A  major  objective  of  the  near  field  experiments  on  the  hom  antennas  was  to  determine  if 
bifurcation  occurred  in  the  pattern  amplitude  at  the  desired  probe  position  across  the 
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entire  frequency  band  of  interest.  These  tests  included  near  field  scans,  far  field 
transformations  (for  gain  and  axial  ration).  Also,  network  analyzer  (s-parameter) 
measurements  were  conducted  for  each  horn  antennas  as  well  as  actual  aircraft  antenna 
couplers  provided  by  Wamer-Robins  AFB.  Before  measuring  the  near  field  patterns  of 
the  antennas  over  the  ground  plane,  the  frequency-impedance  characteristics  of  the  two 
horn  antennas  were  measured. 

Previous  EM  simulations  (for  the  linearly  polarized  horn  antenna)  indicated  that  bimodal 
amplitude  (bifurcation)  effects  will  occur  at  certain  frequencies  and  for  specific  near  field 
conditions  or  probe  positions.  Near  field  measurement  results  were  encouraging  because 
bi-modal  (bifurcation)  effects  did  not  occur  for  both  horn  antennas  and  for  the  (pre¬ 
selected)  8-cm  probe  position  and  as  a  function  of  frequency.  The  ground  plane  tests  also 
determined  that  the  proximity  of  the  adjacent  horn  antennas  did  not  affect  the  near  field 
amplitude  performance.  In  the  first  setup,  the  small  horn  antenna  was  positioned  at  the 
proper  anugular  position  with  the  ground  plane.  In  the  second  ground  plane  setup,  the 
large  horn  was  positioned  in  the  forward  location  very  close  to  the  ground  plane,  and  in 
the  third  ground  plane  setup,  both  forward-looking  horn  antennas  were  tested  together  to 
determine  interaction  effects  on  near  field  radiation. 

The  sense  of  the  polarization  for  each  horn  is  right-hand  circularly  polarized  as  a  meander 
lin  is  used  in  the  aperture  plane.  Eleven  frequencies  were  scanned  during  each 
measurement  for  each  waveguide  band  respectively  and  gain  characteristics  for  each  horn 
antenna  were  determined. 

As  indicated  previously,  preliminary  EM  simulations  determined  the  sensitivity  of  the 
near  field  to  power  transfer  as  a  sampling  probe  is  positioned  in  the  near  field  of  the 
aircraft  horn  antennas.  Finally,  two  probe  positions  were  selected  for  near  field  checks; 
4-cm  and  8-cm  away  from  the  front  face  of  the  horn  antennas.  For  experimental  tests  and 
upon  closer  inspection  of  pedestal  positioning  and  probe  controls,  it  was  obvious  that  the 
4-cm  probe  position  could  not  be  implemented.  So,  the  8-cm  probe  position  was  selected 
for  all  of  the  NF  tests.  These  results  for  power  density  versus  probe  distance  from  the 
horn  aperture  are  presented  and  discussed  later  in  this  report. 

Examples  of  the  near  field  test  results  on  the  antenna  ground  plane  assembly  are  shown  in 
Figures  5  and  6.  In  Figure  5,  the  ground  plane  effects  on  the  near  field  amplitude  are 
presented  at  several  representative  frequencies,  7GHz,  10  GHz,  and  15  GHz.  In  Figure  6, 
near  field  characteristics  for  the  three  different  antenna  setups  are  presented  at  a  single 
frequency,  7  GHz.  In  all  of  these  tests,  the  quality  of  the  amplitude  (and  phase) 
characteristics  were  maintained  for  all  of  the  simulated  positions  for  the  forward  sector 
coverage  antenna  system.  The  scattering  that  did  occur  and  horn  proximity  produced 
minimal  effects  on  the  main  amplitude  and  phase  characteristics  of  the  horn  antennas. 
The  fact  that  the  horns  are  circularly  polarized  could  be  the  primary  reason  for  minimal 
effects  on  the  near  field  patterns. 
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Comparison  of  Ground  Plane  Effects  for  Setup  #1  versus  Frequency 


(a)  Frequency  -  7  GHz  (b)  Frequency  - 10  GHz  (c)  Frequency  -15  GHz 


Figure  5  -  Color  plots  of  near  field  amplitude  and  phase  for  test  setup  #1  for  three 
representative  frequencies. 


Comparison  of  Ground  Plane  Effects  at  7  GHz 


(a)  Test  Setup  -1  (b)  Test  Setup  -2  (c)  Test  Setup  -3 


Figure  6  -  Color  plots  of  near  field  amplitude  and  phase  for  the  three  test  setups  at  a 
single  frequency  -  7  GHz. 

It  can  be  seen  that  the  amplitude  lobe  (at  8  cm)  is  well  defined  as  well  as  the  symmetry  of 
the  phase  characteristics.  Prior  to  testing  these  antennas,  no  information  on  the  EM 
characteristics  was  available  -  especially  in  regard  to  gain,  polarization,  and  bandwidth. 
So,  these  tests  were  very  important  to  establish  the  basis  for  AAIA  designs.  The  close 
proximity  of  the  tilted  ground  plane  did  affect  the  pattern  in  one  orthogonal  plane  more 
than  the  other  but  the  effects  are  not  severe. 

Near  Field  Performance  of  Forward  OMNI  Receive  (EW)  Antenna 

The  forward  OMNI  receive  aircraft  antenna  is  located  above  the  cockpit  (as  shown  in 
Figure  1)  and  this  antenna  provides  a  wide  angle  radiation  pattern  that  extends  essentially 
180-degrees  centered  on  the  nose  of  the  aircraft.  The  tail  OMNI  receive  antenna,  which 
is  located  below  the  vertical  fin,  provides  a  similar  pattern  shape  across  the  rear  of  the 
aircraft.  Both  antennas  are  classified  so  specific  technical  data  on  these  antennas  can  not 
be  provided.  The  general  configuration  of  the  forward  antenna  is  shown  in  Figure  7  along 
with  the  S-parameter  test  results  for  that  antenna. 
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Figure  7  -  General  configuration  of  the  top  OMNI  Receive  aircraft  antenna  along  with  S- 
parameter  test  results. 


Again  as  for  the  sector  coverage  horn  antennas,  the  basic  objective  for  this  near  field  tests 
was  to  determine  the  near  field  amplitude  characteristics  of  the  OMNI  Receive  Antenna 
over  the  entire  frequency  range  at  a  fixed  probe  position  (of  8-cm)  as  selected  previously 
during  tests  and  simulations.  After  initial  calibrations,  the  OMNI  antenna  was  positioned 
on  a  vertical  foam  column  and  planar  near  field  scans  were  conducted.  The  initial  setup 
positioned  the  waveguide  near  field  probe  approximately  8-centimeters  away  from  the 
front  surface  of  the  OMNI  antenna.  Test  results  verified  that  the  8-cm  probe  position  is 
acceptable.  Typical  near  field  amplitude  and  phase  plots  at  a  representative  frequency  are 
shown  in  Figure  8.  It  can  be  noted  that  as  observed  for  all  the  frequencies  of  interest, 
amplitude  bifurcation  effects  did  not  occur  for  the  8-cm.  probe  position.  Also,  the  phase 
distribution  results  indicated  the  polarization  characteristics  for  the  antenna. 


Figure  8  -  Typical  near  field  amplitude  and  phase  characteristics  for  the  top  OMNI 
Receive  aircraft  antenna. 


(4)  EM  Test  Results  on  Selected  Fielded  Antenna  Test  Couplers 


Fielded  Antenna  Couplers  (#2  and  #6)  for  the  Sector  Coverage  Horn  Antennas 

Warner  Robins  AFB  provided  two  fielded  antenna  couplers  that  are  normally  used  for  the 
forward  sector  coverage  aircraft  antennas  and  these  couplers  were  used  to  provide 
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baseline  EM  performance  characteristics  for  the  AAIA  design  concept.  EM  tests 
included  frequency  response,  insertion  loss,  and  isolation  characteristics.  Photographs  of 
the  test  setup  at  VTAG  are  shown  in  Figure  9. 

|  Network  Analyzer  Tests  on  AF  Antenna  Couplers  at  Virginia  Tech 


Figure  9  -  Photographs  of  measurement  setup  at  Virginia  Tech  for  the  antenna  couplers 
for  the  countermeasures  aircraft  testing. 

The  isolation  between  ports  J1  and  J2  were  measured  while  the  appropriate  horn  antenna 
was  attached  for  different  combinations  of  50-ohm  terminations,  etc.  The  test  results 
indicated  that  signal  variations  could  occur  at  specific  frequencies  due  to  detuning  effects 
with  the  couplers  directly  attached  to  the  horn  antennas.  Essentially,  the  basis  for  direct 
mounting  the  couplers  to  the  horn  antennas  is  to  provide  repeatable,  calibrated,  signal 
paths  directly  from  the  horn  antennas  to  the  couplers.  But,  signal  variations  during  CTS 
tests  are  indeed  possible  depending  upon  the  setup.  Further  tests  indicated  that  the  AF 
couplers  are  linearly  polarized  and  not  matched  to  the  polarizations  of  the  aircraft 
antennas.  The  insertion  loss  characteristics  of  the  current  AF  couplers  are  presented  in 
Figure  10  and  the  detuning  effects  can  be  noted  in  Figure  11.  These  results  indicate  that 
the  couplers  exhibit  high  loss  characteristics  across  the  frequency  range  and  these  effects 
were  analyzed.  S21  results  indicated  essentially  the  same  bandwidth  characteristics  that 
were  measured  previously  for  the  individual  horns. 

The  S-parameters  of  small  and  large  couplers  are  similar  in  characteristics.  The  average 
SI  1  (transmit  port)  and  S22  (receive  port)  values  are  about  -5dB  (for  the  frequency  range 
of  interest).  The  worst  case  isolation  between  transmit  and  receive  ports  is  about  -lOdB. 
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Insertion  Loss  Characteristics  of  the  Large  and  Small  Air  Force 
Antenna  Couplers  -  between  horn  antenna  and  J1  (Tx)  and  J2  (Rx)  Ports 


Large  AF  Coupler  -  Insertion  Loss 
between  Horn  Antenna  and  J1  and  J2 


Figure  10  -  Insertion  loss  characteristics  of  the  large  and  small  Air  Force  antenna 
couplers  between  horn  antenna  and  J1  (Tx)  and  J2  (Rx)  ports. _ 

De-tuning  Effects  of  Large  and  Small  Air  Force  Couplers  on  the  Aircraft 
Horn  Antennas 


of  the  aircraft  horn  antennas. 

Fielded  Antenna  Coupler  (#1)  for  the  Forward  OMNI  Receive  Antenna 

Since  the  top  OMNI  Receive  antenna  is  classified,  it  was  necessary  to  conduct  the  EM 
near  field  tests  at  the  Air  Force  Antenna  Station  -  Ipswich,  MA.  The  frequency  response 
was  measured  with  the  forward  OMNI  antenna  attached  to  the  AF  coupler  and  typical 
results  are  presented  in  Figure  12.  These  measurements  were  conducted  primarily  to 
determine  the  S12  (and  S21)  characteristics  of  the  coupler  and  some  detuning  effects 
were  also  observed  for  this  coupler  attached  to  the  test  antenna. 
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Figure  12  -  S-parameter  measurement  results  for  top  omni  receive  antenna  attached  to  the 
antenna  coupler. 

(4)  Aircraft  Antenna  Interface  Adapter  (AAIA)-Conformal  Coupler 
Design 

Near  Field  Probe  Design 

The  overall  AAIA  design  concept  is  analogous  to  a  near  field  measurement  system  as  its 
antenna  probes  will  be  in  close  proximity  of  the  test  antenna  but  stationary.  As  in  near 
field  measurements,  the  AAIA  probes  must  exhibit  minimal  antenna  interaction  effects, 
must  cover  a  wide  frequency  band  (several  WG  bands),  must  exhibit  high  polarization 
purity,  and  have  long-term  stability  and  excellent  repeatability.  The  antenna  probes  for 
the  AAIA  must  satisfy  the  same  performance  specifications  as  already  established  for  the 
fielded  AF  Antenna  Couplers.  So,  in  order  to  define  the  basic  performance  characteristics 
for  the  AAIA  Antenna  Probes,  several  near  field  probe  designs  were  reviewed  to 
determine  design  possibilities  for  the  AAIA  probe  designs.  Probes  are  used  to  sample  the 
radiated  EM  fields  of  an  antenna  under  test  while  minimally  perturbing  the  incident  field. 
Commercial  probes  are  designed  for  minimum  VSWR,  long-term  stability  and 
repeatability. 

Since  right  hand  circular  polarization  is  required  for  the  AAIA,  broadband,  dual-ported 
probe  designs  were  considered  for  the  AAIA.  Dual-ported  probes  provide  orthogonal 
linear  ports,  high  polarization  purity,  excellent  port-to-port  isolation,  and  can  provide  a 
thin- walled  aperture  to  minimize  probe-antenna  interaction  effects.  The  design  reviewed 
emphasized  a  minimum  thin-wall  design  to  minimize  probe  to  antenna  interaction  effects 
(low  scattering  aperture).  Therefore,  based  on  these  requirements  and  probe  design 
considerations,  a  quad-ridge  waveguide  design  was  selected  as  the  near  field  probe  for 
the  AAIA-conformal  coupler. 

EM  simulations  were  then  conducted  to  determine  the  effect  of  the  probe  aperture  size 
with  probe  positions  from  the  horn  antennas  -  especially  in  regard  to  power  transfer  and 
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coupling  effects.  Using  the  near  field  measurement  results,  EM  simulation  and  modeling 
was  conducted  to  determine  the  aperture  size,  orientation,  position,  and  the  overall 
configuration  that  will  be  required  to  ‘couple’  to  the  aircraft  antennas  as  part  of  the  AAIA 
design  concept.  The  H-polarized  near  field  at  8  centimeters  from  the  large  horn  aperture 
was  analyzed  and  the  size  of  an  aperture  was  determined  that  couples  at  the  3  dB 
contours  of  the  near  field  amplitude  levels.  These  results  are  presented  in  Figure  13  for 
the  larger  hom.  Similar  analysis  was  also  conducted  on  the  E-polarized  near  field  at  8 
centimeters  and  a  corresponding  study  on  the  aperture  size  to  capture  the  power  radiated. 

Essentially,  a  4  to  6  inch  square  collecting  area  appeared  to  be  about  optimum  for  these 
conditions  but  smaller  probe  designs  were  desired  to  reduce  the  overall  physical  size  of 
the  AAIA.  Additional  analyses  were  conducted  using  a  much  smaller  (1.3-inch)  aperture 
size  for  the  selected  quad-ridge  probe  aperture.  The  power  coupling  was  calculated  as  a 
function  of  frequency.  It  was  determined  the  coupling  power  drops  off  linearly  about  20 
dB  across  the  frequency  range  6  to  18  GHz. 


H-Pol.  Measured  Data  at  8-cm  from  Hom  Aperture 


Figure  13  -  Power  radiated  (dB)  through  square  area  positioned  8-centimeters  from  the 
large  hom  antenna. 

Quad-Ridge  EM  Characteristics 

Baseline  Sll  return  loss  measurements  were  conducted  on  the  orthogonal  ports 
(Horizontal  and  Vertical)  across  the  bandwidth  and  with  the  quadrature  hybrid  connected 
for  RHC  polarization.  The  return  loss  measurement  results  for  the  RHC  polarized 
configuration  are  presented  in  Figure  1  and  it  can  be  seen  that  the  VSWR  is  less  than  1 .9. 

Planar  Near  Field  Measurements:  The  quad-ridge  waveguide  (configured  for  RHC)  was 
mounted  on  the  model  tower  and  planar  near  field  measurements  were  conducted  to 
verify  circular  polarization,  gain,  and  axial  ratio.  These  measurements  required  three 
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waveguide  probes  to  cover  the  6-18  GHz  band  -  {WR-137  (5.85-8.20  GHz)(Gain  22.1 
dB);  WR-90  (8.20-12.4  GHz)(Gain  22.1  dB);  and  WR-62  (12.4  -  18.0  GHz)(Gain  24.7 
dB)}.  Eleven  frequencies  were  scanned  during  each  measurement  for  each  waveguide 
band  respectively.  Figure  14  shows  typical  near  field  amplitude  and  phase  characteristics 
at  12.4  GHz  and  it  can  be  seen  that  the  fields  are  uniform  and  symmetrical. 


Quad-Ridge  Waveguide  Near  Field 
Measurement  Results  - 12.4  GHz 

Figure  14  -  Near  field  characteristics  of  the  circularly  polarized  quad-ridge  waveguide  at 
12.4  GHz. 

Since  the  tests  at  Warner  Robins  would  require  circular  polarization  (RHC),  the  quad- 
ridge  waveguide  probe  was  equipped  with  a  quadrature  hybrid  and  phase-stable  coaxial 
cables  to  provide  that  capability  with  the  AAIA-Conformal  Coupler.  As  described 
previously,  the  quad-ridge  waveguide  design  was  selected  because  it  provides  orthogonal 
ports  and  can  provide  linear  or  circular  polarization  depending  upon  the  requirement. 
Since  our  near  field  probe  had  not  been  tested  previously  for  circular  polarization,  tests 
were  conducted  at  VTAG  to  measure  both  the  near  field  and  far  field  transformations  for 
the  quad-ridge  waveguide  assembled  for  RHC  polarization.  A  2-18  GHz  quadrature 
hybrid  and  coaxial  cables  were  purchased  and  assembled  for  this  test  configuration.  The 
results  of  these  tests  at  VTAG  are  presented  in  Figure  15  and  the  gain  and  circular 
polarization  characteristics  are  essentially  uniform  across  the  band.  The  gain  of  the  quad- 
ridge  waveguide  is  compared  to  the  gain  of  a  spiral  antenna  (shown  in  blue). 
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QR  Probe  Antenna  -  Measurement  Summary 
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Figure  15  -  Gain,  HPBW,  and  Axial  Ration  across  the  entire  frequency  band  for  the 
quad-ridge  waveguide  configured  for  RHC  polarization. 


The  coupling  power  levels  determined  for  the  quad-ridged  waveguide  probe  were  used  to 
calibrate  the  AAIA  during  actual  EW  laboratory  tests  at  Warner  Robins  AFB  and  these 
test  results  are  discussed  later  in  this  report. 


Since  the  quad-ridge  waveguide  probe  was  selected  for  the  AAIA,  the  RF  characteristics 
must  be  compared  to  the  fielded  AF  antenna  couplers.  These  comparisons  were  useful  in 
understanding  the  performance  characteristics  that  are  required  and  whether  the  AAIA 
probes  would  be  acceptable  for  CTS  tests.  Performance  comparisons  are  listed  in  Table  II 
as  the  near  field  test  results  provided  the  data  necessary  for  these  comparisons. 

The  results  indicate  that  even  though  the  quad-ridged  waveguide  probe  is  much  smaller 
than  the  earlier  aperture  considerations,  there  will  be  sufficient  “coupling”  to  the  aircraft 
antemias  for  accurate  and  reliable  operational  testing. 
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Parameter 

AF  Coupler  #1 
(large  horn) 

AF  Coupler  #2 
(small  horn) 

Quad-Ridged 

Waveguide 

6-18  GHz 

6-18  GHz 

6-18  GHz 

Power  Gain  (dB) 

No  gain 

No  gain 

4-6  dBi 

Axial  Ratio 

— 

— 

1.5  dB 

Polarization 

Linear 

Linear 

Dual  Linear 

Insertion  Loss  (Jl- 
Tx  Port) 

-40  to  -60  dB  loss 

-70  to  -40  dB  loss 

Insertion  Loss  (J2- 
Rx  Port) 

-30  to  -  8  dB  loss 

-65  to  -40  dB  loss 

>  10  dB 

De-tuning  and 
scattering  effects 

-  30  to  -15  dB  due  to 
detuning  in  one 
frequency  range 

-30  to  -10  dB  due  to 
detuning  in  one 
frequency  range 

Isolation  (port-port) 

-  15  dB 

-  15  dB 

20  dB 

Table  II  -  Performance  Comparisons  with  AF  Antenna  Couplers  and  Quad-Ridged 
Waveguides 


Absorber  Coating  Designs 

The  baseline  AAIA  design  provides  an  elastomer  shell  integrated  with  absorber  materials. 
Additional  embodiments  would  integrate  the  absorber  materials  directly  into  the 
elastomer  rubberized  design.  Research  has  also  been  conducted  using  this  type  of  design 
for  EMI  shielding  gaskets  for  shipboard  applications.  Various  flexible  absorber  materials 
were  investigated  for  use  in  AAIA  designs.  The  design  approach  selected  used  a  flexible 
absorber  /  shielding  “blanket”  (shown  in  Figure  16).  The  material  is  a  flexible  open-cell 
lightweight  foam  that  provides  excellent  broadband  microwave  absorption.  This  material 
can  be  bonded  or  mechanically  attached  as  required.  Therefore,  the  first  AAIA 
engineering  development  model  design  consisted  of  absorber  materials  with  a  protective 
outercoverings  to  form  an  integrated  “blanket”  configuration.  The  rubber  “boot”  absorber 
blanket  was  fitted  to  the  contour  of  the  unit.  The  complete  sandwich  configuration  is 
shown  in  Figure  14  with  the  Unishield  coating,  absorber,  and  outer  vinyl  liner. 

Absorber  material  specimens  were  developed  for  EM  properties  measurements  to 
determine  absorption  characteristics.  Also,  X-band  waveguide  specimens  were  prepared 
for  further  evaluation  of  the  rubber  shell  material.  The  dielectric  properties  of  the  rubber 
material  are  important  to  determine  the  de-tuning  effects  when  the  material  is  placed 
directly  over  or  near  the  horn  antenna  apertures.  The  dielectric  constant  of  the  rubber 
materials  could  cause  some  reflections  and  possible  antenna  detuning  effects;  so,  these 
effects  were  considered  as  well.  The  next  task  was  to  investigate  laminating  techniques  to 
incorporate  the  conductive  coating  systems,  absorber  materials  and  protective  outer 
coverings  to  form  the  “blanket”  configuration. 
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Figure  16  -  Complete  sandwich  configuration  for  the  AAIA  absorber  blanket  showing 
the  rubber  layer,  absorber,  and  outer  layer  of  Unishield  coated  vinyl. 

It  is  important  that  the  overall  RF  shielding  effectiveness  is  optimized  so  that  the  RF 
leakage  between  the  AAIA  and  the  aircraft  structure  is  minimized.  It  was  recognized  that 
the  amount  of  RF  leakage  between  the  AAIA  and  the  aircraft  is  also  dependent  upon  the 
fit  between  the  AAIA  and  the  aircraft  radome.  So,  methods  were  designed  into  the 
(forward  sector  AAIA)  that  would  provide  a  vacuum  fit  between  the  AAIA  and  the 
aircraft  radome.  The  measurement  results  (using  material  samples)(shown  in  Figure  16) 
indicated  that  transmission  loss  greater  than  54  dB  could  be  exhibited  by  the  absorber 
coating  design  approach.  The  absorber  blanket  design  for  the  AAIA  was  later  proved 
acceptable  based  on  actual  tests  at  Warner  Robins  AFB.  The  EM  tests  conducted  later  on 
the  actual  AAIA  engineering  development  model  demonstrated  a  shielding  effectiveness 
greater  than  50  dB  which  was  considered  significant. 

(5)  Engineering  Development  Models  of  AAIA-Conformal  Couplers 

AAIA-Conformal  Coupler  (EDM)  for  the  Forward  Sector  Coverage  Antenna 
System 

CAD  engineering  renderings  of  the  AAIA  design  concept  are  presented  in  Figure  16 
along  with  a  photograph  of  the  engineering  development  model.  The  exploded  views  of 
the  AAIA  design  indicate  the  number  of  components  that  are  involved  in  the 
development  effort.  As  described  previously,  the  cover  shell  is  shaped  and  oversized  to 
fit  over  the  antenna  radome  and  adheres  to  the  radome  by  vacuum  pressurized  fit.  A 
radome  mockup  was  fabricated  and  installed  on  a  metal  ground  plane  that  “simulates”  the 
aircraft  installation.  This  experimental  test  demonstrated  the  capability  for  the  AAIA  to 
maintain  position  over  the  antenna  radome  with  sufficient  surface  tension  for  flightline 
operations.  In  this  manner,  the  geometry  of  the  absorber  materials  was  constant  and, 
thereby,  provided  consistent  EM  performance  results.  The  edging  of  the  absorber  blanket 
provided  additional  gasket  shielding  to  reduce  RF  leakage  around  the  edges  of  the  AAIA 
boot.  The  auxiliary  vacuum  system  is  also  shown  in  Figure  17  and  test  results  indicated 
that  the  use  of  the  vacuum  pump  was  not  necessary  as  the  surface  tension  between  the 
elastomer  surface  and  the  radome  surface  was  sufficient  to  hold  the  “boot”  in  place. 
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Figure  17  -  Photograph  and  exploded  asseiri 


bly  view  of  the  AAIA  engineering 


development  model  for  the  left  forward  radome  antenna  system. 


EM  shielding  effectiveness  tests  were  conducted  on  the  AAIA-Conformal  Coupler 
(EDM)  for  the  forward  sector  coverage  antennas  and  typical  results  are  presented  in 
Figure  18  (for  horizontal  polarization).  Similar  results  were  measured  for  vertical 
polarization.  The  shielding  effectiveness  test  results  shown  are  for  antenna  position  #1 
with  and  without  the  absorber  boot  over  the  antenna.  Similar  results  were  obtained  for 
the  other  antenna  locations.  Approximately  25  dB  of  shielding  was  measured  at  that 
location  at  6- 1 8  GHz. 


Figure  18  -  Shielding  effectiveness  test  results  for  the  AAIA-Conformal  Coupler  (EDM) 
for  the  forward  sector  coverage  antenna  system. 

After  the  EM  characteristics  of  the  quad-ridge  waveguide  were  determined,  the  AAIA- 
Conformal  Coupler  for  the  left  radome  (transmit  and  receive)  antennas  was  assembled  at 
VTAG  with  the  aircraft  horn  antennas  provided.  The  purpose  for  this  test  was  evaluate 
the  overall  frequency  response  for  the  AAIA  EDM  with  actual  aircraft  horn  antennas. 

The  test  configuration  is  shown  in  Figure  19.  One  of  the  Air  Force  horn  antennas  was 
installed  on  a  ground  plane  and  the  simulated  aircraft  radome  was  installed  over  the  test 
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antenna.  Then  the  AAIA  was  installed  over  the  radome  and  EM  performance 
measurements  were  condcuted  without  and  with  (AAIA)  absorber  boot  positioned  over 
radome.  Sll  return  loss  measurements  were  conducted  on  the  (proximity)  quad-ridge 
waveguide  probe  installed  in  the  AAIA  and  positioned  over  the  horn  antenna.  Also,  Sll 
measurements  were  conducted  on  the  horn  antenna  to  determine  any  appreciable 
detuning  effects  on  the  aircraft  horn  antennas  due  to  the  proximity  of  the  probe/AAIA 
combination. 
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Figure  19  -  S 12  transmission  loss  characteristics  between  the  AAIA  and  the  aircraft  horn 
antenna  across  the  frequency  band  of  interest. 

Following  these  measurements,  the  overall  frequency  response  of  the  AAIA-hom 
combination  (S12  and  S21)  was  measured  across  the  frequency  band  of  interest.  In  the 
event  severe  standing  waves  were  measured  between  the  AAIA  probe  and  the  aircraft 
horn  antennas,  small  absorber  plugs  were  made  that  were  tested  by  placing  them  in  front 
of  the  quad-ridge  waveguide  aperture.  The  primary  results  of  all  of  these  test 
configurations  are  listed  in  Figure  20. 

Essentially,  these  tests  indicated  that  there  were  no  severe  standing  waves  between  the 
AAIA  near  field  probe  and  the  respective  aircraft  horn  antenna.  As  a  result,  there  was  no 
appreciable  effect  of  the  absorber  plugs  in  the  frequency  response  of  the  AAIA  except  to 
attenuate  the  overall  signal  levels.  Also,  no  major  detuning  effects  were  observed  of  the 
AAIA  being  placed  over  the  aircraft  horn  antennas.  The  most  significant  measurement 
was  S12  and  S21  for  the  hom-to-probe  and  probe-to-hom  test  configurations.  Before  this 
test  was  conducted,  it  was  extremely  difficult  to  predict  what  the  overall  frequency 
response  (transmission  loss)  was  going  to  be  for  the  AAIA-conformal  coupler  positioned 
over  the  simulated  aircraft  radome  and  horn  antennas. 
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EM  Test  Measurement  Results  for  AAIA-Conformal  Coupler  Performance  - 
Return  Loss,  Proximity  Effects,  Standing  Wave  Effects 


AAIA  Probe  Configuration 

VSWR  (Return  Loss) 

1. 

Quad  Ridge  Waveguide  NF  Probe 

<  1.92  (across  full  band) 

2. 

Hom-to-Probe  Proximity  Effects 

<  1.67  (avg.) 

3. 

Hom-to-Probe  with  absorber  sample  #1  in  probe 

<  1.22 

4. 

Probe-to-Hom  with  absorber  sample  #1  in  probe 

<  1.22 

5. 

Hom-to-Probe  with  absorber  sample  #2  in  probe 

<1.92 

6. 

Horn  without  Radome 

<1.92 

7. 

Horn  with  Radome 

<  1.92 

8. 

Horn  with  Radome,  AAIA,  and  NF  Probe 

<1.92 

9. 

S12  Hom-to-Probe  in  Position  #1 

approx.  -  20  dB 

10. 

S21  Probe-to-Hom  in  Position  #1 

approx. -20  dB 

Figure  20  -  VSWR  results  of  all  of  the  various  AAIA-Hom  antenna  combinations  and 
with  and  without  absorber  plugs. 

These  measurement  results  were  believed  to  be  indicative  as  to  what  to  expect  of  the 
AAIA  performance  for  the  next  development  —  the  top  OMNI  receive  antenna. 

Since  this  AAIA  EDM  was  the  first  model  developed  and  tested,  there  were  many  lessons 
learned  about  ways  to  improve  fabrication  and  especially  ways  to  improve  the  RF 
shielding  effectiveness.  The  ideas  for  improving  the  design  were  incorporated  into  the 
design  and  fabrication  of  the  AAIA-Conformal  Coupler  for  the  forward  top  OMNI 
Receive  antenna.  It  is  recognized  that  the  overall  shielding  effectiveness  must  be 
optimized  to  adhere  to  the  shielding  effectiveness  levels  specified  in  the  Air  Force 
Occupational  Safety  and  Health  Standard. 

AAIA-Conformal  Coupler  (EDM)  for  the  Forward  Top  OMNI  Receive  Antenna 

The  second  engineering  model  that  was  developed  was  for  the  AAIA-Conformal  Coupler 
for  the  forward  top  OMNI  Receive  Antenna  on  the  C-130  Combat  Talon  II  aircraft.  The 
development  of  this  AAIA  was  considered  by  the  Air  Force  as  a  much  better  test  case  to 
really  demonstrate  the  effectiveness  of  the  AAIA  design  concept.  So,  steps  were  taken  to 
improve  upon  the  previous  AAIA  development  and,  especially,  improve  the  RF  shielding 
effectiveness  of  the  absorber  boot  design. 

Since  the  performance  for  this  antenna  is  classified;  near  field  tests  were  conducted  at  the 
Air  Force  Antenna  Station  at  Ipswich,  MA.  As  before,  these  test  results  verified  the  probe 
position  (8-cm)  for  the  boot  design.  The  engineering  design  was  completed  for  mounting 
the  AAIA  to  the  top  omni  receive  antenna  and  this  design  included  a  ground  plane 
configuration  that  simulated  the  32-degree  angle  of  the  aircraft  fuselage.  Photographs 
taken  during  fabrication  of  the  AAIA  EDM  are  presented  in  Figure  21.  The  fabrication 
had  been  delayed  until  the  probe  position  could  be  verified  during  the  tests  at  Ipswich. 
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Based  on  the  RF  test  results  of  AAIA  #1  EDM,  the  overall  thickness  of  the  multi-layer 
absorber  design  for  AAIA  #2  was  increased  especially  in  the  area  where  RF  leakage 
could  occur. 


)  Fabrication  Status  of  the  MIA  for  the  Forward  OMNI  Receive  Antenna  I 


Figure  21  -  Photographs  of  the  fabrication  stages  in  the  development  of  AAIA  (#2)  for 
the  forward  top  OMNI  receive  antenna. 

EM  shielding  effectiveness  tests  were  conducted  on  AAIA  #2  at  the  Air  Force  Antenna 
Station  in  Ipswich,  MA.  The  AAIA-Conformal  Coupler  is  designed  to  fit  over  the 
antenna  radome  and  position  the  quad-ridge  probe  directly  in  front  of  the  aircraft  antenna. 
The  design  and  location  of  the  near  field  probe  provides  the  capability  to  transmit  and 
receive  RF  signals  to  the  respective  aircraft  antenna.  In  the  case  for  the  top  OMNI 
Receive  Antenna,  the  near  field  probe  will  be  used  to  transmit  signals  to  the  aircraft 
receiving  antenna.  The  basic  objectives  for  this  test  were  to  determine  the  frequency 
response  of  the  antenna  and  the  frequency  response  when  the  antenna  is  attached  to  the 
AF  coupler.  These  measurements  were  conducted  primarily  to  determine  the  detuning 
effects  (before  and  after)  due  to  the  attachment  of  the  AF  antenna  coupler.  A  photograph 
of  the  test  setup  and  shielding  effectiveness  test  results  are  presented  in  Figure  22.  It  can 
be  seen  that  major  improvements  in  the  shielding  effectiveness  were  exhibited  by  AAIA 
#2  as  compared  with  the  previous  design  (for  AAIA  #1) 

Network  Analyzer  (SI  1,  SI 2,  and  S21)  measurements  with  the  Antenna  Coupler  attached 
to  the  OMNI  Receive  Antenna  indicated  that  as  expected,  the  antenna  is  detuned  and 
approximately  20  dB  of  insertion  loss  is  observed  across  the  entire  frequency  band. 
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Figure  22  -  Test  setup  at  Ipswich,  MA  for  the  AAIA-Conformal  Coupler  for  the  top 
OMNI  Receive  Antenna. 


Tests  at  Warner  Robins  AFB 

The  (Classified  CONFIDENTIAL)  C-130  Combat  Talon  II  aircraft  antenna  was  installed 
on  ground  plane  in  the  laboratory  at  Warner  Robins  as  shown  in  the  photographs  in 
Figure  23.  After  the  alignment  was  verified,  the  simulated  radome  was  removed  and  a 
test  was  conducted  using  the  conventional  coupler  attached  to  antenna.  A  baseline  set  of 
measurements  were  conducted  transmitting  to  the  OMNI  Receive  Antenna  using  the  AF 
fielded  coupler  -  measuring  frequency  response,  signal  amplitude  measurements  across 
desired  waveguide  bands.  Minimum  and  maximum  signal  levels  recorded  across  the 
desired  waveguide  bands  for  this  baseline  test  setup.  These  levels  were  then  compared 
with  the  AAIA-Conformal  Coupler. 

The  AF  fielded  coupler  was  then  removed  from  the  OMNI  Receive  Antenna  and  the 
simulated  radome  was  installed  over  the  antenna.  The  AAIA-Conformal  Coupler  was 
positioned  over  the  radome  and  the  quad-ridge  waveguide  near  field  probe  was  inserted 
into  the  “boot.”  Coaxial  cables  and  quadrature  hybrid  were  connected  to  the  probe  to 
provide  RHC  polarization  radiation  characteristics.  A  test  was  conducted  to  verify  that 
RHC  polarization  was  correct  as  the  cables  on  the  hybrid  were  reversed  to  provide  LHC 
polarization  and  the  test  result  confirmed  that  the  probe  was  indeed  connected  properly 
for  RHC  polarization.  The  signal  levels  were  at  least  20  dB  lower  when  LHC 
polarization  was  connected. 

In  order  to  determine  the  reliability  and  repeatability  of  the  AAIA  Conformal  Coupler, 
the  near  field  probe  was  removed  from  the  AAIA,  rotated  in  90-degree  increments  when 
re-inserted  into  the  AAIA.  Also,  the  entire  AAIA  absorber  boot  was  removed  and  then  re¬ 
positioned  over  the  simulated  radome.  The  signal  levels  were  measured  and  compared  to 
determine  systematic  repeatability  errors.  The  results  in  Figure  23  show  that  the  AAIA  is 
very  repeatable  as  the  signal  variation  was  less  than  2  dB  with  changes  in  probe  position. 
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The  WR  test  team  suggested  a  leakage  test  should  be  conducted  which  consisted  of  an 
antenna  probe  “sniffer”  that  was  connected  to  sensitive  network  analyzer.  The  AAIA- 
Conformal  Coupler  assembly  was  in-place  on  the  bench  and  the  “sniffer”  was  moved 
around  the  absorber  boot  of  the  AAIA.  RF  connections  were  made  to  transmit  from  the 
Top  OMNI  antenna  (instead  of  receiving)  and  the  relative  signal  levels  were  “sniffed” 
around  the  extremities  of  the  AAIA  boot.  The  signal  level  without  the  AAIA  absorber 
boot  was  approximately  -  20  dB  level  and  when  the  boot  was  re-installed  and  “sniffed,” 
the  signal  level  was  essentially  not  measurable  at  the  -  70  dB  threshold  level.  Therefore, 
the  shielding  effectiveness  of  the  AAIA-Conformal  Coupler  was  outstanding. 

A  final  summary  of  the  RF  performance  of  the  AAIA-Conformal  Coupler  can  best  be 
described  by  comparing  its  S12  characteristics  with  the  S 12  tests  on  the  AF  fielded 
couplers.  A  sequence  of  test  results  are  presented  in  Figure  16  with  the  AF  fielded 
coupler;  the  comparisons  with  the  AAIA,  and  the  result  of  changing  the  relative  position 
of  the  AAIA’s  near  field  probe  to  the  Top  OMNI  Receive  Antenna.  Comparing  the 
AAIA  with  the  AF  fielded  coupler,  it  can  be  seen  that  the  AAIA  exhibits  approximately  a 
10  dB  null  at  about  the  25%  into  the  frequency  band  of  interest.  Obviously,  this  was 
unexpected  (especially  based  on  all  of  the  near  field  tests  at  Ipswich  and  VTAG);  so  a  test 
was  conducted  to  vary  the  position  of  the  near  field  probe.  These  results  are  shown  in  the 
bottom  trace  (in  Figure  24)  and  were  obtained  with  the  NF  probe  out  of  the  AAIA 
absorber  boot.  This  indicted  that  the  AAIA  probe  had  to  be  repositioned  to  improve  the 
coupling  efficiency  to  the  top  omni  receive  antenna  and  essentially  the  same  level  as  the 
AF  fielded  coupler  was  measured. 
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Figure  23  -  AAIA-Conformal  Coupler  repeatability  test  results  -  removal  of  NE  probe  as 
well  as  entire  AAIA  absorber  boot. 
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Warner  Robins  Test  Results  for  Air  Force  Field  Coupler  Compared  with  AAIA- 
Conformal  Coupler  for  Top  OMNI  Receive  Antenna 


0  AAIA-Conformal  Coupler  Positioned  Over  Top  OMNI  Receive  Antenna 


frequency  number  (  ) 

Figure  24  -  Warner  Robins  test  results  with  AF  fielded  coupler  with  AAIA-Conformal 
Coupler  for  Top  OMNI  Receive  Antenna. 


In  addition  to  the  need  to  change  the  position  of  the  AAIA  near  field  probe,  is  the 
possibility  that  the  aperture  and  gain  characteristics  of  the  quad-ridge  waveguide  could 
have  produced  the  signal  “nulls”  as  measured  at  WR.  So,  in  that  regard,  the  VTAG  test 
results  were  reviewed  to  see  if  that  could  be  the  case  and  the  gain  characteristics  versus 
frequency  were  plotted  and  compared  to  the  S12  WR  test  results.  It  was  surprising  to 
find  two  ‘dips’  in  the  gain  characteristic  generally  ‘lined  up’  with  the  nulls  measured  at 
WR. 


The  near  field  probe  design  is  being  re-analyzed  to  evaluate  these  effects  as  well  as  the 
aperture  coupling  parameters  that  will  be  used  to  design  a  modified  near  field  probe.  All 
of  these  experimental  results  are  invaluable  as  a  prototype  AAIA  is  now  being 
considered.  The  prototype  AAIA  design  will  improve  the  design  of  the  coupling  aperture 
and  provide  an  increase  the  gain  of  the  system  by  6-8  dB. 

Since  the  AAIA-Conformal  Coupler  EDM  was  developed  using  a  simulated  aircraft 
radome,  we  were  concerned  how  the  AAIA  “boot”  would  fit  on  an  actual  aircraft  radome. 
Actually,  the  simulated  radome  was  fabricated  to  fit  onto  a  flat  ground  plane  and  the 
curvature  of  the  aircraft  fuselage  was  not  simulated.  This  was  done  to  reduce  the 
fabrication  cost  for  the  simulated  radome  and  associated  components.  Therefore,  it  was 
important  that  the  overall  fit  with  an  actual  aircraft  radome  be  evaluated;  so,  this  check 
was  part  of  the  tests  at  WR.  Using  flightline  man  lift  capability,  in  the  hangar  at  WR,  a 
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C-130  was  undergoing  maintenance  and  that  was  the  aircraft  that  we  used  to  conduct  the 
fit-check.  Surprisingly,  the  AAIA  “boot”  did  fit  securely  to  the  aircraft  radome  even 
though  the  bottom  edge  did  not  follow  the  curvature  of  the  fuselage.  Obviously,  a 
prototype  AAIA  design  will  accurately  follow  the  curvature  of  the  fuselage. 

While  in  the  hangar,  the  aircraft  maintenance  technician  was  asked  if  we  could  get  a 
closer  look  at  the  aircraft  radome  and  he  obtained  one  and  we  discussed  the  procedures 
for  removal  and  re-installing  the  radomes  during  EW  antenna  tests.  He  indicated  that  the 
AAIA  concept  is  a  good  way  to  proceed  and  will  indeed  save  time  on  the  flight  line. 
Upon  inspection  of  the  radome,  it  was  noticed  that  a  metal  plate  was  attached  to  the  top  to 
serve  as  a  ‘stiffener’  to  the  radome  and  RTV-type  sealants  were  used  on  top  of  the 
mounting  screws  for  the  radome.  These  features  produced  a  rough  exterior  surface  to  the 
radome  that  must  be  accommodated  when  the  AAIA’s  are  used  in  normal  testing 
procedures. 

The  actual  exterior  surface  of  the  aircraft  radome  must  be  considered  when  a  prototype 
AAIA  design  is  conducted.  For  example,  the  interior  surfacesof  the  AAIA  must  be 
adaptable  to  conform  to  the  rough  surface  of  the  radome  -  at  all  times  even  if  the  exterior 
surfaces  are  changed  due  to  additional  radome  sealants.  This  surface  feature  will  be 
addressed  in  a  new  surface  design. 

(9)  Summary  and  Future  Developments 

An  advanced  Aircraft  Antenna  Interface  Adapter  (AAIA)-Conformal  Coupler  design 
concept  has  been  developed  and  demonstrated  using  engineering  models  (EDM)  for  two 
aircraft  antenna  systems  on  the  C-130  Combat  Talon  II,  ALQ-172.  The  EDM  test  results 
show  that  the  AAIA  concept  is  indeed  both  viable  and  practical  for  actual  USM-464/CTS 
test  operations.  The  AAIA  #1  was  developed  for  the  forward  sector  coverage  antenna 
system  and  the  AAIA  #2  was  developed  for  the  forward  top  OMNI  receive  antenna 
system.  Since  AAIA  #1  was  developed  first,  the  lessons  learned  in  the  design  and 
fabrication  were  improved  upon  in  the  design  and  fabrication  of  AAIA  #2  and  significant 
improvements  were  achieved  -  especially  in  the  RF  shielding  effectiveness  of  the 
absorber  boot  design  for  AAIA  #2.  The  AAIA-Conformal  Coupler  exhibits  absorption 
and  shielding  characteristics  that  reduces  RF  emissions  on  the  flight  line  significantly 
below  the  permissible  exposure  levels  (PEL)  for  antenna  (EW)  test  operations.  Also,  the 
RF  test  results  for  both  designs  also  verified  the  concept  as  severe  interaction  effects 
between  the  AAIA  near  field  probe  and  the  aircraft  antennas  were  not  exhibited. 

Therefore,  the  feasibility  of  the  AAIA-Conformal  Coupler  concept  has  been 
demonstrated  and  tested  for  the  electronic  warfare  (EW)  antennas  on  C-130  Combat 
Talon  II,  ALQ-172  systems  and  ready  for  a  prototype  design  and  development  effort.  The 
AAIA  design  enables  rapid  checkout  testing  procedures  with  physical  characteristics  to 
withstand  extreme  environmental  flight  line  conditions 
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